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Foreword

Modern electronic technology is largely based on MOS integrated circuits containing both
analog and digital parts. In designing such circuits with high performance, a correct MOS
transistor model is a must. The designer needs a model he or she can rely on, which correctly
describes the numerous physical phenomena in MOS transistors, allowing the performance of
a circuit composed of such devices to be predicted with accuracy during circuit simulation. In
addition, for preliminary “hand” analysis and design, it is desirable to have a simple model
that makes evident the inter-relations between the various parameters, and allows the designer
to correctly identify the trade-offs involved. The EKV approach to MOS transistor modeling
combines both of these attributes.

The EKV model is the result of a large body of work by Drs C. C. Enz, F. Krummenacher,
and E. A. Vittoz, and several of their students and colleagues. The work has its origins in the
pioneering work at CEH (now CSEM), on micropower devices and circuits for watches in the
late sixties. This has given the EKV model development a unique aspect: it originated with
highly competent circuit designers, notably analog ones, and was developed by them, or at
least with constant feedback from them, every step of the way. Thus, it not only describes
the physics of the MOS transistor, but takes into account carefully what circuit designers
need. The result is a model that is accurate and predictive, correctly treats the MOSFET as a
four-terminal, nominally symmetric device, has smooth behavior without discontinuities in all
regions of operation, and correctly predicts small-signal parameters. In addition, the basic part
of the model consists of a simple set of equations that are intuitively appealing, which makes
it possible for the circuit designer to have a feel for the model and its parameters, rather than
treating the model simply as a black box in which no designer dares to tread. This helps make
circuit design a systematic process, and less a cut-and-try approach.

Drs. Enz and Vittoz, well-known for their contributions to MOS devices and circuits, have
done a great job putting together a streamlined presentation of the EKV model. The book
covers every aspect of the model, from DC large-signal I-V equations, to charge modeling,
nonquasi-static effects, small-signal modeling, noise, small-channel effects, and matching. I
have followed the work of the authors and their colleagues for many years with appreciation,
and I am delighted to see their results presented in this unified manner. This book will help
spread the understanding and use of the EK'V model, as the latter certainly deserves.

Pror. Y. Ts1vipis
Columbia University, New-York






Preface

The aggressive downscaling of CMOS technologies that has been going on for more than
25 years has led to an increase in the number of transistors per chip and hence extend the
functionality while at the same time dramatically pushing the speed performance. Although
these tremendous speed improvements have been mainly driven by the requirements of VLSI
digital chips, they have also been exploited for analog and RF circuits. Today, ultra deep-
submicron (UDSM) technologies have caught up and even surpassed the transit frequencies
achieved by bipolar transistors. This has clearly opened the door to full CMOS highly integrated
solutions for wireless applications. Of course, in addition to high transit frequency, good noise
performance and low-power consumption are required as well. Since the noise figure also
decreases as the transit frequency is increased, it has also clearly taken advantage of the
downscaling of the transistor length. At the same time, the supply voltage has had to be
decreased progressively in order to limit high electric fields within the device and hence avoid
the related high-field effects. The threshold voltage could unfortunately not be scaled in the
same proportion without strongly increasing the drain leakage current, which is now seriously
affecting the static power consumption of digital chips. This has resulted in a decrease of the
overdrive voltage which in turn has moved the operating points of analog transistors more
and more from strong inversion to moderate inversion and even into weak inversion. From
this perspective, it is important to have a model that accurately predicts the behavior of the
MOS transistor in all regions of operation, from weak to strong inversion, through moderate
inversion, in a consistent way. This was the primary motivation for developing what today is
known as the EKV model.

The purpose of this book is to assemble and explain in a coherent manner all the know-how
and all the publications related to the particular MOS transistor modeling approach embodied
by the EKV model. This model borrows from the work of a long line of researchers, starting
in the early times of semiconductor physics. It has its roots in the search of early designers of
very low-power and low-voltage integrated circuits for a description of the transistor behavior
fulfilling their specific needs. This book focuses on this particular line of research, with no
intention to present all alternative ways of modeling the transistor. Being written by analog
circuit designers, it is clearly design-oriented with the purpose of describing the transistor as
the basic component of integrated circuits, rather than the result of a sequence of physical
processing steps. It gives to emphasis highlighting the properties of the device that can be used
by designers to build new robust circuits, or to understand existing circuits and assess their
robustness. The book is organized in three hierarchically structured parts. It firstly describes
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the basic behavior of the generic MOS transistor, then focuses on additional effects essentially
due to scaling down the device dimensions, and finally discusses the transistors to be used in
RF circuits.

Based on the charge in the channel, the EKV model describes in a continuous manner the
static, dynamic and noise characteristics of the transistor down to very low current levels. The
basic model requires a very limited set of parameters, all of them directly related to basic
independent physical parameters. Intended for analog designers, it conserves the intrinsic
source-drain symmetry of the transistor by using the substrate as the voltage reference and
by introducing the concept of forward and reverse components of the drain current. This
symmetrical approach makes it easier to understand the various modes of static operation
of the device, and to describe them by a single uncomplicated equation. The charge-based
approach lends itself naturally to a coherent description of the dynamic and noise behavior of
the transistor.

The authors want to acknowledge the numerous persons who contributed directly and
indirectly to this book. We are grateful to Dr Francois Krummenacher for his invaluable
contribution to the EKV model and for his many inputs and suggestions that greatly helped
us to write this book. We have benefited from the many discussions we had with Jean-Michel
Sallese and Ananda Roy who helped us to clarify many fine points along the process of writing
this book. We also would like to acknowledge the contribution of all the other members of the
EKYV development team, who each brought their own contribution to the EKV model: Matthias
Bucher, Christophe Lallement, Alain-Serge Porret, Wladek Grabinski. Our gratitude also goes
to Henri Oguey and Stephan Cserveny who pioneered the work for a continuous model and
paved the way for the current EKV model.

Finally, we would like to give special thanks to our families — Dominique, Adrien, Mathilde
and Simon Enz, and Monique, Nathalie and Didier Vittoz — for their support and understanding
during this seemingly endless task.

CHRISTIAN C. ENz, ErIC A. VITTOZ
St-Aubin-Sauges, Switzerland
Cernier, Switzerland
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Table 0.1 Symbols and their definitions

Symbol Description Reference
Physical parameters
q Electron charge 2.1
k Boltzmann’s constant 2.1)
T Absolute temperature in degree Kelvin (2.1)
T, Noise temperature in degree Kelvin (9.141)
T. Lattice temperature in degree Kelvin (9.143)
Tc Carrier temperature in degree Kelvin (9.142)
€ Permittivity of free space
€ Permittivity of silicon 3.1
€ox Permittivity of SiO, 3.2
n; Intrinsic carrier concentration 3.1
uw Mobility of current carriers 4.1)
o Low-field surface mobility (8.1)
7. Mobility including the effect of the vertical field 8.1)
Hett Effective mobility including the effects 9.2)
of the vertical and longitudinal fields
Process parameters
nyp Electron concentration (in P-type Si) (3.1)
Dp Hole concentration (in P-type Si) @3.1)
Ny Doping concentration of the substrate 3.1
N, Doping concentration of the polysilicon gate 8.4
Nife Doping concentration of the source and drain diffusions 4.6.1
Iy Substrate modulation factor (3.30)
I, Depletion factor in the polysilicon gate (8.54)
Vdrifc Dirift velocity 9.1
Vgat Saturated drift velocity 9.1

continued on next page
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Symbol Description Reference
Geometry

W Channel width Figure 2.1

L Channel length Figure 2.1

Lsp Distance between the source and drain metallurgical junctions Figure 4.12

Lgr Effective channel length Figure 9.26

Loy Gate overlap length Figure 10.10

Ly Length of a single finger Figure 11.1

Wi Width of a single finger Figure 11.1

ALg Channel length reduction at the source Figure 4.12

ALp Channel length reduction at the drain Figure 4.12

tox Oxide thickness Figure 2.1

X Distance from source along the channel Figure 2.1

y Distance across the channel Figure 2.1

z Distance in direction perpendicular to the surface into the bulk Figure 2.1
Voltages and potentials

Ur Thermodynamic voltage 2.1)

v Electrostatic potential 2.2

18 Surface potential [¥, £ ¥(z = 0)] 2.2

Vs Surface potential at the source

Yp Surface potential at the drain

¥ Pinch-oft surface potential (3.37)

' Approximation of ¥ in strong inversion at equilibrium (V = 0) (3.56)

Dins Difference between the work functions of the gate and the substrate 2.2

o Fermi potential of silicon substrate 3.1

(2 Quasi-Fermi potential of electrons 3.1

Dy Potential barrier of source and drain junctions at equilibrium (4.55)

VEs Flat-band voltage (3.22)

Vig Threshold function (3.33)

V1o Equilibrium threshold voltage (3.58)

Vv Channel voltage Figure 2.1

Vs DC gate-to-bulk voltage Figure 2.1

Vs DC source-to-bulk voltage Figure 2.1

Vb DC drain-to-source voltage Figure 2.1

AVg Incremental gate-to-bulk voltage 5.1.1

AVs Incremental source-to-bulk voltage 5.1.1

AVp Incremental drain-to-bulk voltage 5.1.1

Vp Pinch-off voltage (3.46)

Vin Channel voltage shift (3.44), (8.100)

Vbs sat Drain-to-source saturation voltage 4.12)

VM Channel-length modulation voltage (Early voltage) (5.22)

Vo Extrapolated band gap voltage Figure 7.1

continued on next page
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Symbol Description Reference
Electric fields
E. Critical longitudinal electric field 9.1)
Eo Electric field in the oxide Figure 2.2
E. Electric field along the longitudinal direction 3.1
E, Electric field along the lateral direction 3.1
E. Electric field along the vertical direction 3.1
E_ Electric field along the vertical direction at the surface [E L F.(z=0)] 3.1
Currents
Ip Static drain current flowing into the drain terminal Figure 2.1
Is Static source current flowing into the source terminal 53
I Static bulk current flowing into the bulk terminal
Is Static gate current flowing into the gate terminal (8.107)
Lipec Specific current 4.14)
Ir Static forward current 4.9)
I Static reverse current 4.9)
Ipo Off drain current (4.38)
Alp Incremental drain current 5.1.1
Al Incremental source current
Alg Incremental gate current
Alg Incremental bulk current
Charges
QO; Inversion mobile charge density Figure 2.2
Ois Inversion mobile charge density at the source Figure 2.2
Op Inversion mobile charge density at the drain Figure 2.2
Oy Depletion charge density Figure 2.2
0, Gate charge density Figure 2.2
Ore Fixed charge density Figure 2.2
Ospec Specific charge density (3.42)
Qs Semiconductor total charge density 2.2
01 Total channel charge (6.16), (6.19)

Resistances, conductances, and transconductances

Rs Source series resistance Figure 10.1
Rp Drain series resistance Figure 10.1
Rg Gate series resistance Figure 10.1
Ry Bulk series resistance Figure 10.1
Rqe Source and drain extension resistance Figure 10.2(b)

continued on next page



XX

LIST OF SYMBOLS

continued from previous page

Symbol Description Reference

Reon Source and drain contact resistance Figure 10.2(b)

R Source and drain salicide resistance Figure 10.2(b)

Ryia Source and drain via resistance Figure 10.2(b)

Rpsp Source-to-drain substrate resistance Figure 11.9(c)

Rgs Source-to-bulk substrate resistance Figure 11.9(c)

Ryp Drain-to-bulk substrate resistance Figure 11.9(c)

G Channel conductance 9.116)

G s Residual output conductance in saturation (5.22)

Gpec Specific conductance (5.6)

Gm Gate transconductance (5.2¢)

G s Source transconductance (5.2a)

Gma Drain transconductance (5.2b)

Gumb Bulk transconductance 13.3.2
Capacitances and transcapacitances

Cox Oxide capacitance per unit area 32

Cox Total oxide capacitance 5.2

Cy Silicon capacitance per unit area (3.23)

C, Gate capacitance per unit area (3.25)

Cq Depletion capacitance per unit area 33

Cox Total oxide capacitance (5.38)

Casi Intrinsic gate-to-source capacitance Figure 5.14

Capi Intrinsic gate-to-drain capacitance Figure 5.14

Cagi Intrinsic gate-to-bulk capacitance Figure 5.14

Cgsi Intrinsic bulk-to-source capacitance Figure 5.14

Cgpi Intrinsic bulk-to-drain capacitance Figure 5.14

Caai Total intrinsic gate capacitance (11.4)

Cn Intrinsic gate transcapacitance (5.58)

Chs Intrinsic source transcapacitance (5.56)

Cid Intrinsic drain transcapacitance (5.57)

Caso Gate-to-source overlap capacitance Figure 10.1

Capo Gate-to-drain overlap capacitance Figure 10.1

CaBo Gate-to-bulk overlap capacitance Figure 10.1

C:co Total gate overlap capacitance Figure 10.1

Chgs; Source-to-bulk junction capacitance 10.4

Cagpj Drain-to-bulk junction capacitance 10.4

Cas Total gate-to-source capacitance (12.1)

Cop Total gate-to-drain capacitance (12.1)

Cgn Total gate-to-bulk capacitance (12.1)

Cgs Total bulk-to-source capacitance (12.1)

Cgp Total bulk-to-drain capacitance (12.1)

Cq Total gate capacitance (12.6)

C, Local gate capacitance per unit area 33

continued on next page
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Symbol Description Reference

Admittances and transadmittances

Ygsi Intrinsic gate-to-source admittance Figure 5.9
Yopi Intrinsic gate-to-drain admittance Figure 5.9
YGgi Intrinsic gate-to-bulk admittance Figure 5.9
Ygsi Intrinsic bulk-to-source admittance Figure 5.9
Ygbi Intrinsic bulk-to-drain admittance Figure 5.9
Y Intrinsic gate transadmittance (5.36)
Yins Intrinsic source transadmittance (5.36)
Yia Intrinsic drain transadmittance (5.36)
Yo Substrate admittance Figure 12.4

Frequency and time constants

[} Transit frequency (11.4)
Tgs Intrinsic channel time constant (5.32)
Wgs Intrinsic channel transit frequency (5.32)

(also limit between quasi-static and
non-quasi static operation)

Wmax Extrapolated maximum frequency of oscillation (11.18)
Wgpec Specific (or critical) frequency (5.33)
Topec Specific time constant (5.33)
Noise
S 7 Thermal noise power spectral density at the drain (6.4), (6.14)
A 2 Thermal noise power spectral density at the source (13.42)
A 2, Thermal noise power spectral density at the gate (13.42)
(induced gate noise power spectral density)
S 2, Thermal noise power spectral density at the bulk (13.42)
Sang arrs Thermal noise gate-drain cross-power spectral density (13.42)
Gup Drain thermal noise conductance (6.15)
GG Gate thermal noise conductance (13.49)
(induced gate noise thermal conductance)
8D Thermal noise parameter at the drain (6.26)
8nG Thermal noise parameter at the gate (13.49)
YaD Thermal noise excess factor at the drain (6.30)
Y1G Thermal noise excess factor at the gate (13.49)
PGD Gate-drain thermal noise correlation factor (13.71)
Sy Input-referred thermal noise voltage power spectral density (13.13)
Si Input-referred thermal noise current power spectral density (13.13)
R, Input-referred thermal noise voltage resistance (13.13)
G Input-referred thermal noise current conductance (13.13)
G Uncorrelated part of G; (13.14)

continued on next page
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Symbol Description Reference

Gic Correlated part of G; (13.14)

Y. Noise correlation admittance (13.8)

G, Noise correlation conductance (13.16)

B. Noise correlation susceptance (13.16)

F Noise factor (13.17), (13.21), (13.26)

NF Noise figure (13.17)

Frin Minimum noise factor (13.25)

NF.in Minimum noise figure (13.25)

Yo Optimum source admittance for F' = Fy;, (13.24)

Gopt Optimum source conductance (13.24)

Bopt Optimum source susceptance (13.24)
Other

0 Charge concentration 3.1)

Lp Extrinsic Debye length (3.15)

L Characteristic length for DIBL (9.100)

tq Thickness of the depletion layer (3.26)

n Slope factor (3.34)

Ny Slope factor evaluated at pinch-off (3.68)

no Slope factor evaluated at V =0 (3.73)

ng Charge slope factor (8.60)

ny Voltage slope factor (8.60)

B Transconductance factor or transfer parameter 4.7)

Dg Source-to-bulk diode Figure 10.1

Dp Drain-to-bulk diode Figure 10.1

Ay max Maximum voltage gain in common gate (5.24), (9.115)

AP Mismatch of parameter P (7.52)

Ap Area proportionality constant of parameter P (7.52)

0 Parameter of field-dependent mobility (8.5)

Ze Characteristic depth Figure 8.7

Vgrift Drift velocity of carriers Figure 9.1

Vsat Saturation value of vy Figure 9.1

Ae Velocity saturation parameter (9.19)

Table 0.2 Normalization factor definition

Symbol Description Reference

L Transistor length for normalizing distance along the x-axis 2.1

Ur 2 %T Thermodynamic voltage for normalizing voltages and potentials 2.1

Lopec £ 2mB U} Specific current for normalizing currents (4.14)

O spec 2 _2nCo Uy Specific charge density for normalizing charge densities 3.6.1

Cox £ WLCoy Total oxide capacitance for normalizing capacitances 52

Gpec = IZ% Specific admittance for normalizing admittances (5.6)

Ospec 2 "212” Specific angular frequency for normalizing angular frequency 5.2




LIST OF SYMBOLS xxiii
Table 0.3 Normalized symbols

Symbol Description Reference
£§2x/L Normalized position along the x-axis 4.21)
e Normalized characteristic depth (8.24)
v Doping ratio (8.32)
22 L/Ly Channel length normalized to characteristic length (9.100)
v 2 Vy /Ut Normalized voltage (3.43)
v £ (I3/Ur)? Normalized modulation factor (3.43)
¢ 2 Pp/Ur Normalized Fermi potential of silicon substrate 3.1
Yy £y, /Ur Normalized pinch-off surface potential (3.37)
Yo 2 W/ Ur Normalized approximation of ¥ in strong inversion (3.66)
iv & Ix/Ispe Normalized drain current (4.15)
IC Inversion coefficient or factor (4.26)
2 2 G,/ G gpec Normalized conductance or transconductance

qx £ O/ Ospec Normalized charge density (3.41)
gs £ Ois/ O spec Normalized inversion charge density at the source (5.7a)
g4 2 Oin/ Ospec Normalized inversion charge density at the drain (5.7b)
qx £ Ox/Ospec Normalized total charge

Q2 @/ Wgpec Normalized frequency 13.2.2
R4s = Ogs/ Ospec Normalized QS frequency (5.32)
Cj 2¢c i/ Cox Normalized capacitance per unit area (5.50)

ey £ Cy/Cox Normalized total capacitance (5.50)







1 Introduction

This chapter explains the basic motivations for developing MOS transistor models that can be
used for the design of complementary MOS (CMOS) integrated circuits. It then gives a short
history of the EKV MOS transistor model starting from the early development, motivated by
the design of micropower circuits for watch applications, to the most recent developments.
Finally, the structure of the book is highlighted in order to help the reader organizing his
reading.

1.1 THE IMPORTANCE OF DEVICE MODELING
FOR IC DESIGN

Modern large-scale integrated circuits are essentially composed of MOS transistors and their
interconnections. Therefore, the design of such circuits requires some kind of a model for the
transistors.

For noncritical digital circuits, this model may in principle be very simple. Indeed, modeling
each transistor as an on—off switch would be sufficient to design purely logic circuits. However,
as soon as there are critical races among transitions, the model must be extended to describe the
dynamic behavior of the device, in order to obtain the rise and fall time of these transitions. This
dynamic behavior is also needed when the frequency of operation approaches its maximum
limit. With the reduction of supply voltage, more details must be introduced, such as the
residual current of blocked transistors, the importance of which is increased.

Analog circuits contain usually a smaller number of transistors, but they are even more
dependent on the exact behavior of each transistor. The design of high-performance analog
circuits therefore requires a very detailed model of the transistor. This model must include a
precise description of the voltage—current relationships, including the effect of the source that
is often not grounded, and of the dynamic behavior of the device. Its behavior with respect to
noise and to temperature variations must also be accounted for.

A transistor model intended for circuit design should serve two essential purposes:

It should first provide a good understanding of the various properties of the device to facilitate
the synthesis of optimum circuit architectures. Indeed, in order to build robust circuits, the
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physical properties of the transistor must be exploited in a way that is minimally dependent on
temperature and process variations. For this purpose, the model should be explicit. It should
“speak to the mind,” using no complicated or chained equations. Clarity should supersede
precision and can be enhanced by means of graphical representations. This important aspect
of a model is often underestimated and overlooked. It will be emphasized in this book, in
particular in Part I, which essentially describes what can be called the core of the model.

Second, the model should be adapted to numerical simulations on a computer, embedded
in a circuit simulator. For this purpose, precision supersedes clarity, and second-order effects
must be accounted for. This can be obtained by predistorting variables, by chaining equations
and/or by providing additional layers around a core model. The model does not need to be fully
explicit, but it should be compact: it should use sufficiently simple expressions with minimum
need for numerical iterations, in order to limit the computation time.

A transistor model should include a minimum number of process-dependent device param-
eters. This is to facilitate the very heavy task of extracting and following-up the value of these
parameters, with their statistical distribution and temperature dependency.

Now, the correlation between these parameters (with process and temperature variations)
must be known, in order to avoid designing circuits for irrelevant worst cases. For this reason,
the device parameters should be explicitly based on independent and measurable process pa-
rameters. This is essential to be able to ascertain their amount of correlations while avoiding
the almost impossible task of measuring all these correlations. It also makes the model predic-
tive, allowing to foresee the characteristics of the transistor and hence the performance of the
resulting circuits even before measuring the device.

The EKV model described in this book is believed to meet all the above expectations. It
serves the two main purposes in a coherent manner. Its core requires just a few parameters
to describe all the basic properties of the long-channel intrinsic device in an explicit manner.
Layers are added to this core to account for short-channel and secondary effects.

1.2 A SHORT HISTORY OF THE EKV MOS
TRANSISTOR MODEL

The model presented in this book results from a series of direct and indirect contributions along
several decades. Its origins can be traced back to the early developments of electronic watches
at CEH (French acronym for Watchmakers Electronic Center) in Switzerland [2].

The total power consumption had to be extremely low, less than 1uW, to ensure a few
years of life to the single button-size cell battery. After the very first versions based on bipolar
transistors [3], the CMOS technology was soon identified as the best approach to implement the
digital electronic circuitry needed in a watch using a crystal resonator as the time reference.
Supply voltage had to be very low, compatible with the 1.3 V delivered by the cell, so the
development of low-threshold CMOS was a major challenge in the late 1960’s [4].

The digital circuitry was essentially an asynchronous chain of divide-by-two stages. The
main design problem was to minimize the number of node transitions in order to minimize the
dynamic power. Another one was the elimination of logic hazards to improve the robustness
against large local variations of the small gate voltage overhead, and this led to the first single
clock circuits [5-7]. For these digital circuits, MOS transistors could be considered just as
switches and hence no special model was required.
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The problem was very different for the few analog subcircuits. Most important was the
circuitry needed to sustain the oscillation of the quartz crystal resonator (the quartz oscillator).
Each transistor had to be biased at a drain current much below 1pnA. Early measurements
carried out in 1967 showed that the transistor behaved in a very strange manner at these very
low current levels. Indeed, the well-known square-law transfer characteristics were replaced
by an exponential over more than 5 order of magnitude of the drain current, very similar to
bipolar transistors. This is how weak inversion popped out to the attention of micropower
circuit designers in the late 1960s.

At that time, no transistor model was available for weak inversion, but they started coming
out in subsequent years, mainly to account for what appears in digital circuits as a leakage
current of blocked transistors. In 1972, M. B. Barron published a model for the grounded source
device showing the exponential dependencies on drain voltage and on surface potential, with a
rather complex expression relating the surface potential to the gate voltage [8]. The same year,
R. M. Swanson and J. D. Meindl [9] showed that this relation could be accounted for by means
of an almost constant factor, which became the slope factor n of our model. The following
year, R. R. Troutman and S. N. Chakravarti [10] treated the case of nonzero source voltage.
Then T. Mashuhara et al. [11] showed that the current depends on a difference of exponential
functions of source and drain voltages. In the mean time, micropower analog circuit blocks
were developed at CEH. They were first published in 1976 [12, 13], together with a model
applicable for weak inversion circuit design, which was based on the previously mentioned
work. This model already included two important features of the EKV model: reference to the
(local) substrate (and not to the source) for all voltages and full source—drain symmetry. The
related small-signal model including noise was also presented [14].

A symmetrical model of the MOS transistor in strong inversion was first published by
P. Jespers in 1977 [15, 16]. Based on an idea of O. Memelink, this graphical model uses
the approximately linear relationship between the local mobile charge density and the local
“non-equilibrium” voltage in the channel. This charge-based approach has been adopted and
generalized to all levels of current in the EKV model.

Another ingredient of EKV is the representation of the drain current as the difference
between a forward and a reverse component. This idea was first introduced in 1979 by
J.-D. Chatelain [17], by similarity with the Ebers—Moll model of bipolar transistors [18].
However, his definition of these two components was different from that adopted later, and
was not applicable to weak inversion.

Even in micropower analog circuits, not all transistors should be biased in weak inversion.
There was therefore a need for a good continuous model from weak to strong inversion. Such a
model was developed at CEH by H. Oguey and S. Cserveny, and was first published in French
in 1982 [19]. The only publication in English was at a Summer Course given in 1983 [20].

This model embodied most of the basic features that were retained later. It introduced a
function of the gate voltage called control voltage, later renamed pinch-off voltage Vp. A single
function of this control voltage and of either the source voltage or the drain voltage defined two
components of the drain current (which became the forward and reverse components). This
function was continuous from weak to strong inversion, using a mathematical interpolation to
best fit moderate inversion.

In the mid-1980s, the model of Oguey and Cserveny was simplified by the second author
for his undergraduate teaching at EPFL (Swiss federal Institute of Technology, Lausanne,
Switzerland), and most further developments were carried out there. They started with the
Ph.D. Thesis of the first author [21], in collaboration with F. Krummenacher. The model was
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formulated more explicitly. Noise and dynamic behavior were introduced by exploiting the
fundamental source—drain symmetry. The status of the model was presented at various Summer
Courses [22-24] and a full paper was finally published in 1995 [25]. This publication gave its
name to the model, but many important extensions were added later.

Probably the most important extension was the replacement of the current and transcon-
ductance interpolation functions between weak and strong inversion presented in [25] by a
more physical based one, derived from an explicit linearization of the inversion charge versus
the surface potential. The incremental linear relationship between inversion charge and sur-
face potential was first considered by M. Bagheri and C. Turchetti [26], but the linearization of
the inversion charge versus surface potential was originally proposed in 1987 by M. Maher and
C. Mead [27,28]. Several years later, different groups looked at this problem. B. Ifiguez and
E. G. Moreno [29, 30] derived an approximate explicit relation between inversion charges
and surface potential which included a fitting parameter. While their first linearization was done
at the source [29], they later obtained a substrate referenced model based on the original EKV
MOSFET model approach [25], which also included some short-channel effects. A similar
approach was also proposed by Cunha et al. [31-34] who obtained an interpolated expres-
sion of the charges versus the potentials that used the basic EKV model definitions' [25] and
was closely inspired from our approach. We also adopted the inversion charge linearization
approach, since it offers physical expressions for both the transconductance-to-current ratio
and the current that are valid from weak to strong inversion [35-38]. This gave rise to the
charge-based EKV model which is discussed in this book. The inversion charge linearization
principle was rediscovered once more in 2001 by H. K. Gummel and K. Singhal [39, 40].
Finally, a formal detailed analysis of the inversion charge linearization process and a rigorous
derivation of the EKV model was finally published by J.-M. Sallese ef al. in [41].

Note that this approach actually provides voltages versus currents expressions that cannot
be explicitly inverted. It can nevertheless be easily inverted by using a straightforward Newton-
Raphson technique or by an appropriate approximation. Both these techniques have been used
in the final model implementation.

The basic long-channel charge-based EKV model was further developed by the EKV team
to include the following additional effects:

Nonuniform doping: Nonuniform doping in the vertical direction was proposed by C. Lallement
et al. in [42,43].

Non-quasi-static model: A small-signal charge-based non-quasi-static model was presented
by J.-M. Sallese and A.-S. Porret in [38,44].

Polysilicon depletion and quantum effects: Polysilicon depletion and quantum effects were
also added [45-47].

RF modeling: The EKV model was extended by the first author to also cover high-frequency
operation for the design of RF CMOS integrated circuits [48-52].

Thermal noise: An accurate thermal noise model accounting for short-channel effects was
developed by A. S. Roy and C. C. Enz [53-55].

! Unfortunately, Cunha et al. did not use the same definition of the specific current we have been using. Their specific
current is actually four times smaller.
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Extrinsic components: An accurate model of the parasitic capacitances was developed by
F. Prégaldiny et al. [56].

EKV compact model: A model of the MOS transistor would be almost useless if it could not
be used by circuit designers with a circuit simulator. To this purpose, the model has to be
carefully implemented in the simulator so that it can run efficiently avoiding any convergence
problems. The early EKV model (version 2.7) was implemented by M. Bucher as a compact
model in many circuit simulators [37]. All the more recent developments were implemented
in the version 3.0 of the EKV MOS transistor compact model [57,58].

Parameter extraction: A compact model cannot be used without an efficient parameter ex-
traction methodology. The EKV model uses an original parameter extraction methodology
presented in [59-62]. (Reference [61] can be found on line at the EKV Web site [63].)

More recently, the research of the EKV team is more oriented toward the modeling of
multigate MOS devices and more particularly on double-gate devices [64,65].

Further parts of the model were derived by members of the team of researchers and Ph.D.
students that developed its implementation as a CAD tool at EPFL [63].

1.3 THE BOOK STRUCTURE

This book is organized in three parts, which are briefly described below:

Part I describes the basic long-channel charge-based MOS transistor model. It is the core of
the model around which all the other parts are built in a hierarchic manner following the
basic structure of the EKV MOS transistor model. This part is self-contained and the reader
can stop after it while still having a strong background in all the fundamental aspects of
the EKV MOS transistor model. It includes all the most important aspects such as basic
large-signal static model, small-signal dynamic model, noise model, and a discussion of
temperature effects and matching properties. The other parts complete the basic model by
adding more detailed descriptions of advanced aspects.

Part Il presents more advanced aspects which are of utmost importance for understanding the
operation of deep-submicron devices. It starts with the modeling of several nonideal effects
that already affects long-channel devices before concentrating on short-channel effects. The
model is then extended to also include the extrinsic part of the device.

Part 111 discusses additional aspects which become important when increasing the operating
frequency. It presents a complete MOS transistor model, built on top of the two first parts,
which is required for designing RF CMOS integrated circuits.






Part |

The Basic Long-Channel
Intrinsic Charge-Based Model

The first part models the intrinsic part of the most basic MOS transistor. The channel is
assumed to be sufficiently long to avoid all short-channel effects. The doping concentration in
the substrate and the carrier mobility are constant. The gate is a perfect equipotential conductor,
and the gate oxide is thick enough to prevent quantum effects and tunneling current. Some
basic definitions are introduced in Chapter 2 in order to preserve the symmetry of the device.
Chapter 3 models the density of mobile charge as a function of the gate voltage and of the
local channel voltage. This function is used in Chapter 4 to obtain the drain current in function
of the source and drain voltages, and introduces the unusual concept of forward and reverse
current components. Chapter 5 then establishes the corresponding small-signal DC and AC
models. Chapter 6 is dedicated to modeling the noise, whereas Chapter 7 investigates the effect
of temperature and the problem of mismatch between devices.
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2 Definitions

This short introductory chapter starts by describing the generic structure of the N-channel MOS
transistor that will be analyzed in Part I. It defines the essential geometrical dimensions and
voltages, including the “channel voltage” V that will play an important role in the model. Sec-
tion 2.2 introduces the definition of additional important variables, in particular the density of
mobile inverted charge Q; that underlies the whole charge-based modeling approach. Symbols
for the four-terminal N- and P-channel transistors are proposed in Section 2.3, together with
sign conventions that will render all results derived for the N-channel transistor applicable to
the P-channel device.

2.1 THE N-CHANNEL TRANSISTOR STRUCTURE

The schematic cross section of a generic N-channel MOS transistor is shown in Figure 2.1.
The source S and drain D are highly doped N-type islands (N+) diffused in a P-type local
silicon substrate (or bulk) B.

In between, the active part of the transistor of length L and width W is controlled by the
gate electrode G, separated by a dielectric layer called gate oxide, since it is normally made
of silicon dioxide. The P+ diffusion is needed to ensure good ohmic contact with the lightly
doped P-type local substrate. The position along the channel is defined by x, whereas the
distance from the silicon surface is given by z. The y-axis is perpendicular to the plane of
the cross section. We shall assume for the time being that the net doping concentration Ny, of
the local substrate and the oxide thickness 7, are both constant along the channel. Hence, this
four-terminal device has a symmetrical structure with respect to source and drain. In order to
keep this symmetry in the model, the source voltage Vs, the drain voltage Vp, and the gate
voltage Vi are all defined with respect to the local substrate. By definition, V5 and Vp are
positive when they block the corresponding junction.

As shown in Figure 2.1, the active region of the transistor located between source and drain
is limited to the gate-to-surface capacitor plus a thin layer of silicon in which the potential and
the charge distribution are modified by the effect of the gate. It is called the intrinsic part of the
transistor. All the rest is the extrinsic part. It includes the source and drain diodes, series access
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Intrinsic part

P-type local

@ width W substrate

z

Figure 2.1 Schematic cross section of a MOS transistor

resistors or inductors to the four terminals, and all external parasitic capacitors, in particular
those of the D and S junctions and the direct overlap capacitors from gate electrode to source
and drain islands. This extrinsic part of the device will be discussed in Chapter 10.

Application of a voltage across the source-to-substrate and/or the drain-to-substrate junc-
tions forces electrons and holes out of equilibrium, splitting their respective quasi-Fermi po-
tential by Vs at the source end of the channel and Vp, at the drain end. This splitting propagates
along the channel, and can be characterized by a channel voltage V that varies monotonically
from Vs at x = 0 (source end) to Vp at x = L (drain end).

Now, for an N-channel device in normal operation (potential increased at the surface by the
voltage applied to the gate), the quasi-Fermi potential of holes can be assumed to be constant
throughout the structure [1,66,67]. Thus V is (within a constant) the quasi-Fermi potential of
electrons in the channel.

Another important voltage is the thermodynamic voltage

Ur=kT/q, 2.1)

where k is the Bolzmann constant and ¢ is the elementary charge. Proportional to the absolute
temperature 7, it is a measure of the thermal energy of electrons. Since it appears ubiquitously
in MOS modeling equations, it is a more natural unit of voltage for devices and circuits than
the standard unit of 1 V. Its value is 25.8 mV at 300 K or 27 °C.

2.2 DEFINITION OF CHARGES, CURRENT, POTENTIAL,
AND ELECTRIC FIELDS

For zero electric field at the silicon surface, the source to drain structure of Figure 2.1 corre-
sponds to two back-to-back diodes connected in series; thus, no current other than the junction
leakage current can flow as long as Vs and Vp, are positive. The situation remains qualitatively
the same when more holes are attracted at the surface by applying a negative gate voltage V.

On the contrary, if a positive voltage is applied to the gate, the holes are repelled from the
surface, leaving the negatively charged P-doping atoms. As shown schematically in Figure 2.2,
this corresponds to a negative charge of density Qy, per unit area. This charge is fixed and
therefore cannot carry any current.

By further increasing Vg, negative electrons are attracted to the surface thereby forming an
N-type channel. It is this negative mobile inversion charge, of density Q; per unit area, which
will carry the drain-to-source current by a combination of drift and diffusion mechanisms of
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Figure 2.2 Schematic representation of various local charge densities

electrons. For the N-channel device, this current Ip will be defined positive if it enters the drain
terminal.

The charge-based model presented in this book will first calculate the dependency of the
density Q; of induced mobile charge on the voltages applied to the transistor. Then, it will rely
on Qj, and on its particular values Q;s and Qjp at the source and drain ends of the channel, to
calculate the drain current and to model all aspects of the device behavior.

The total net charge induced underneath the surface of silicon per unit area of channel is
given by

Q4= 0y + 0. 2.2)

As depicted in Figure 2.2, an additional component of charge Qy. is present at the silicon-
oxide interface. This is a fixed charge that includes the effect of charges trapped inside the
oxide and weighted by their relative distance to the interface. This charge will be assumed to
be independent of the gate voltage, although it might change very slowly in time at very high
values of gate voltage. Additional voltage-dependent charges due to fast surface state will not
be considered, since they are negligible in modern processes.

The O-reference of electrostatic potential ¥ is that of the bulk of silicon, at a distance from
the surface where it is not affected by the gate voltage. At the silicon surface (z = 0), ¥ takes
the particular value ¥ called the surface potential. The electric field E in the oxide depends
on Vg — ¥, but is modified by @, the difference between the extraction potentials of gate
and channel materials. It corresponds to the barrier of potential that would be created at their
interface if the oxide thickness #,, would be zero. The electric field in the oxide is therefore
given by

_ VG_(pms_lps

Eox 2.3)

tOX

2.3 TRANSISTOR SYMBOL AND P-CHANNEL TRANSISTOR

In order to reflect the symmetrical structure of the MOS transistor, the symbols to be used in
circuit schematics should also be symmetrical, as shown in Figure 2.3. Figure 2.3(a) shows
the symbol of an N-channel transistor, with the definitions of voltages and current already
introduced in Figure 2.1. The arrow on the bulk (B) terminal symbolizes the bulk-to-channel
“junction,” whereas the source S and drain D terminals are symmetrical.
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Figure 2.3 Symbols and definitions for N-channel and P-channel MOS transistors

The generic structure of a P-channel transistor is similar to that of the N-channel, but the
doping types are opposite, with P+ source and drain diffusions inside an N-type local substrate
(which is usually an N-well in modern processes). Hence a negative voltage must be applied
to the gate to obtain a positive inverted charge of holes Qj, after creating a positive depletion
charge Qy.

In spite of this sign difference, all equations that will be derived for modeling the N-channel
transistor will be applicable to the P-channel device, provided the definitions of positive voltages
and currents are inverted, as shown in Figure 2.3(b). The arrow in the bulk connection is
inverted, which might be sufficient to distinguish it from the N-channel. However, since very
often the bulk connection is the same for all transistors of the same type and is therefore not
represented, a small circle is added at the gate of the P-channel device.

It should be pointed out that, except for the gate electrode, the generic structure illustrated
in Figure 2.1 is also that of an NPN lateral bipolar transistor. Indeed, this parasitic transistor
will be activated as soon as one of the two junctions is sufficiently forward biased (— Vs and/or
—Vp larger than a few hundred millivolts). This device may be exploited as a true bipolar
transistor, provided it is in a separate well (which becomes the base of the transistor) and the
MOS current is canceled by a negative gate voltage [68]. This special mode of operation will
not be further discussed in this book.



3 The Basic Charge Model

This chapter is dedicated to the calculation and the modeling of the density of induced mobile
charge Q; as a function of the various voltages applied to the transistor. Section 3.1 is arepetition
of the classical one-dimensional analysis of the total charge density Qg induced at the surface
of a long transistor channel by a nonzero surface potential. It already shows the fundamental
difference between weak and strong inversion. This difference is further highlighted by the
dependency of the surface potential on the gate voltage, which is derived in Section 3.2. Section
3.3 takes advantage of the results obtained so far to calculate the variation of the local gate
capacitance per unit area as a function of the gate voltage and the local channel voltage. Section
3.4 introduces and justifies the charge sheet approximation, which will be used throughout the
rest of the book. Using this approximation, Q; is then obtained in Section 3.5 by the difference
between the gate voltage and a threshold function Vpp of the surface potential ¥, and it
cancels at a value called pinch-off surface potential Wp. The slope n of Vrg(¥;) will become
one of the few basic parameters of the model. In Section 3.6, an important simplification of
the model is introduced by exploiting the fact that this slope n may be considered constant,
which corresponds to a linearization of the charge versus potential relationship. Based on this
linearization, an explicit expression is obtained that relates Q; to the channel voltage V, within
a constant called pinch-off (channel) voltage Vp. This expression is normalized and depends
only on process parameters through a specific charge Qgpec. By using an approximation of this
expression in strong inversion, a threshold voltage (at equilibrium) Vry is defined, by which
Vp can then be directly related to the gate voltage.

3.1 POISSON’S EQUATION AND GRADUAL
CHANNEL APPROXIMATION

In the P-type substrate of an N-channel MOS transistor, the total charge concentration p is the
net effect of the concentrations Ny, of doping atoms, of holes p;, and n, of electrons:

o =q(py —np — Np). 3.1
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Far from the surface, the semiconductor is neutral, and p = 0. Closer to the surface, the
spatial variations of potential & due to the electric field produced by the gate result in a nonzero
charge concentration according to the three-dimensional Poisson’s equation

' N ' N v p 3.2)
ox2  09y? 022 & '

where ¢ is the dielectric constant of silicon.

The channel is long and wide compared to the oxide thickness #,x, allowing the gradual
channel approximation, stating that the electric field variation in the z-direction (perpendicular
to the surface) is much larger than that in the x- and y-directions. Therefore, the second
derivative of potential ¥ in the directions parallel to the surface can be neglected in (3.2), and
this three-dimensional equation can be reduced to the one-dimensional equation in z:

d*w q
P 6_si(np — pp+ Ny). (3.3)

For an N-channel transistor, the quasi-Fermi potential of holes can be assumed to be constant
for ¥ > 0 [1,66,67]. The hole concentration can therefore be expressed as

o' 4
Dp = njexp , (3.4)
Ur

where n; is the intrinsic carrier concentration and @ is the Fermi potential of the silicon
substrate. At T = 300 K, n; = 1.45 x 109 cm™3.

Application of a source voltage Vs and/or a drain voltage Vp brings the electrons in the
channel out of equilibrium, which is characterized by a quasi-Fermi potential ®r, different
from @g. As explained in the introduction, this difference is called channel voltage V, and
@, = @ + V. The concentration of electrons can thus be expressed as

¥ — &g, v —@pp—V
np =n; epriF = nj exp Ui}: 3.5)
T T

The doping concentration Ny is assumed to be constant in the channel region. Far from the
surface, the effect of Vs, Vp, and E,x vanishes; thus V = ¥ = 0, and the silicon is neutral
with p = 0. Combining equations (3.1), (3.4), and (3.5) then yields

Dk —Dp\ Dk
Ny, = n; | exp U_T — exp U—T = njexp FT (3.6)

since @ > Ur, resulting in

ni = Ny exp 3.7

T
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The expression relating the Fermi potential @r to the doping concentration Ny is then given
by

N,
& = Ut ln—b (38)
n;

Introducing (3.4), (3.5), and (3.7) in (3.3) yields

&y gN W —2Pp—V -y "
— = exXp ——————— —exp ——
2" e | P I~
fixed charge
electrons holes
a 9Nv
= GW,20p+ V). 3.9
€si

The first term in the parentheses is the contribution of electrons, the second that of holes, and
the third that of the fixed depletion charge.
Now, the vertical field is given by

E =-"", (3.10)

hence,

v dE, dE.dv _  dE.

- _ - R 5 —- 3.11
dz2 dz d¥ dz “dy @10
and Poisson’s equation (3.9) becomes
qNy
E, dE, = G, 20+ V) dV. (3.12)
€si

Both sides of this equation can now be integrated from far below the surface, where E;, = 0
and ¥ = 0, to closer to the surface where they become nonzero:

E, 2 v
: E N
/ E.dE. == =1 "/ G(W, 2Ps + V) dw. (.13)
0 2 &i Jo
This finally yields the vertical field E, as a function of ¥ and V:
Ut
E. = sgn(¥) . F¥, 20+ V), (3.14)
D
where L, is a combination of constants called the extrinsic Debye length

&iUt
ZqNb

Lp2 (3.15)
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Figure 3.1 Function F relating E, to ¥, and E s and Qg to ¥

and

FW, 2®p+ V) 2

v —QPr+ V) 7 7
exp— — 1) exp—— exp—— — 1 — . 3.16
( Xp Uz ) Xp Ur + ( exp Ur + Ur ( )
contribution of electrons of holes of fixed charge

This function is represented in Figure 3.1 for @ = 14U, which, according to (3.8), corre-
sponds at ambient temperature to a doping concentration N, of 1.7 x 10' cm™3. At the surface
of silicon, the potential ¥ takes the value ¥, and the vertical field has the value E, given
by F(¥;, 2®r + V). Knowing the surface field, the local silicon charge density Qg can be
obtained by applying Gauss’ law to a short section of channel, as explained by Figure 3.2.

A parallelepiped volume of channel starts at the surface of silicon where £, = E ¢ and
ends deep in the substrate where E, = 0; according to the gradual channel approximation, the
variation of horizontal field along a short section of channel is negligible; thus, E, o, = E.
Finally, the lateral field £, = 0 so that the only side contributing to the electrical flux leaving
the volume is the surface. According to Gauss’ law, this flux is equal to the net charge inside

Unit area of channel
EX+AX = Ex

Ax<< L

Figure 3.2 Application of Gauss’ law to calculate Qg from the surface field E
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the volume, which is equal to Qg for a unit area of channel. Thus, for ¥; > 0,

€ 'UT
O = —€iE = — s11‘

F(¥,, 20p+ V). (3.17)
D

For a given value of 2&g 4 V, the function F plotted in Figure 3.1 thus represents E,(¥),
E (&), and Qg (¥s). It results from the contribution of the three types of charge, which can
still be identified inside the square root of (3.16): the first term is the contribution of electrons,
the second that of holes (which become negligible for ¥ > Ur), and the third term that of the
fixed depletion charge.

For negative values of s, the second term dominates and holes accumulate exponentially. If
Y = Othen F = 0; the silicon is neutral up to the surface. This is called the flat-band situation.

For 0 < ¥, <« 2@g + V, the last term due to the fixed depletion charge dominates. The
small quantity of electrons corresponding to the second term is negligible in the calculation of
field and total charge, but will be the only charge available to transport current. This situation
is called weak inversion.

When ¥ exceeds 2&r + V, the first term becomes nonnegligible and would keep its expo-
nential growth if ¥ could be increased much above. This situation is called strong inversion.

It must be pointed out that F is a nonlinear function of the three kinds of charge, and so
neither Q; nor Qy can be identified separately in this function, except if one of them strongly
dominates. This is the case in weak inversion where, from (3.17) and (3.16),

~ &iUr [ Y . .
Qi = 0p=— — (weak inversion). (3.18)
Lp \ Ur

3.2 SURFACE POTENTIAL AS A FUNCTION
OF GATE VOLTAGE

The surface potential ¥ increases with the gate voltage V. This dependency can be obtained
by again applying Gauss’ law as illustrated in Figure 3.2, but with the upper part of the volume
ending inside the oxide layer, and thus including the fixed charge density Qy.. The electric
field at the upper face is the oxide field Eqx given by (2.3), and thus

Osi + Ofc = —€ox Eox = —Cox (Vg — Py — ), (3.19)
where
Cox = on/lox (3.20)

is the gate oxide capacitance per unit area. Introducing expression (3.17) of Qg and solving
for Vg yields

Ve — Vi —ﬁ—i- Esi
UT UT CoxLD

F(Ys, 20p + V), (3.21)
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Figure 3.3 Surface potential ¥ as a function of gate voltage Vg
where Vpp is the flat-band voltage given by
— O
VFB £ djms + - . (322)
COX

It is the value of the gate voltage Vi needed to obtain the flat-band situation, for which ¥, = 0
and Qsi =0.

Relation (3.21) is represented in Figure 3.3 for realistic particular values of @p and
fsi/(coxLD)'

As long as ¥, < 2&r + V (corresponding to weak inversion), Qg = Qp increases only
with the square root of ;. Thus ¥ increases with V. But as soon as ¥; reaches 2@ + V, Qg
starts increasing much more rapidly with ¥, due to the important contribution of mobile charge.
This is not compatible with the limited field, and thus the surface potential only increases very
slowly to become almost constant in strong inversion.

3.3 GATE CAPACITANCE

Since the function F represents the variation of the charge in silicon Q; with surface potential
Y, its derivative gives the corresponding silicon capacitance Cg;:

C. 2 d(—0s) &iUr dF & exp%dffv — exp ’U"T’S +1 623
o dy,  Lp d¥  2Lp F(¥, 2@+ V) '

This equation and equation (3.21) of V5(¥;) can be used as parametric equations of Cy;(Vg),
with ¥ as parameter. The local gate capacitance per unit area Cy is then obtained by the series
connection of Cg and Coy:

C,e Gy
Cox B Csi + Cox-

(3.24)

The resulting C¢(Vg) curve is plotted in Figure 3.4.
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Figure 3.4 Local gate capacitance C, as a function of gate voltage Vg

For negative gate voltages, holes are attracted to the surface. C; becomes much larger than
Cox and thus C, tends to Cox. The same is true for large positive gate voltages that attract a
large number of electrons corresponding to channel inversion.

In between, holes are repelled from the surface, leaving the depletion charge Qy,, while the
electron charge remains negligible. The silicon capacitance is thus reduced to the depletion
capacitance C4 given by

€si €siq Ny

T 2oV U\ 2w

It corresponds to a thickness #4 of the dielectric depletion layer given by

N Ws _ 211/5651
tqg =2Lpy| — = 4| —— (3.26)
Ur qNy

thatincreases with the square root of the surface potential. Hence the gate capacitance C, slowly
decreases, until electrons are no longer negligible and rapidly dominate in strong inversion,
causing an abrupt increase of C,. If the channel voltage V is increased, it increases the value of
Y, required for strong inversion (see Figure 3.3), letting the gate capacitance keep descending
further.

It must be remembered that C, is the local gate capacitance per unit area. Thus, since there
is only a single gate electrode, the curve of Figure 3.4 can only be measured when the whole
channel is at the same voltage V = Vs = Vp. Indeed, if Vp # Vs, then V changes along the
channel, and the total gate capacitance is a combination of different local values.

These very nonlinear characteristics of gate capacitance must be taken into consideration
when a MOS transistor is used to implement a capacitor. To obtain a value as constant as
possible, the device must be biased in accumulation or in strong inversion. A voltage-dependent
capacitor (varicap) is obtained by exploiting the slow decay of Cg in weak inversion, or its
rapid increase at the verge of strong inversion [69].

Cy = Cy (3.25)
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Figure 3.5 Integrand of equation (3.27)

3.4 CHARGE SHEET APPROXIMATION

The mobile inversion charge Q; defined in Section 2.2 is obtained by integrating the electron
concentration n, below the surface of silicon:

00 ' n
0i=—q / npdz = —q / L ay. (3.27)
0 o E:

The integrand n,/ E; can be expressed from (3.5), (3.7), and (3.14) [70]:

Y -2¢p—V
ﬁ _ NyLp €Xp UTF (3 28)
E; Ur F(¥, 20+ V) '

This expression, represented in the semilog plot of Figure 3.5 for several values of 2®p 4 V,
unfortunately cannot be integrated explicitly. As can be seen, it is essentially an exponential
function exp[¥/(mUr)], with a slope factor m changing from 1 in weak inversion to 2 in strong
inversion. Thus, as illustrated by the linear plot on Figure 3.6, 95% of charge Q; is at a potential
within 3Urt to 6Ut below Y.

On this basis, the charge sheet approximation [71] illustrated in the same figure will be
used in the rest of the book. It assumes that the whole charge Q; is at the surface potential

S
P muy

=

-y

-4 3 2 -1 0 mMUr

Charge sheetQ; at yg

Od(l//s)

Figure 3.6 Charge sheet approximation
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Y. Thus, since there is no voltage drop across this thin charge sheet, the depletion charge Qy
is controlled by ¥. Hence, it can be approximated by expression (3.18) for weak inversion
(where Qj is really negligible):

iU "4
—0y= 0 [ = R/, (3.29)
Lp Ur

where I}, is the substrate modulation factor, given by

JUr = +/2q Np€si ZqNbGsl

LD Cox ox

4

Iy (3.30)

3.5 DENSITY OF MOBILE INVERTED CHARGE

3.5.1 Mobile Charge as a Function of Gate Voltage
and Surface Potential

The total charge density Qg can be calculated from the field in the oxide by using relations
(3.19) and (3.22),

Qsi = _Cox(VG — Ve — l]/s)’ (331)
and, with the charge sheet approximation, the depletion charge Qy, is given by (3.29). Although

the inversion charge Q; cannot be explicitly obtained directly from (3.27), it can be expressed
as their difference

0i =05 — 0p=—Cx(Vg — Ve — ¥ — I}\/¥) = —Cox(Vg — VrB), (3.32)
where
Vi 2 Vi + ¥ + /¥ (3.33)

is the threshold function. This function of ¥ that depends on the process through parameters
Ves and T3 is represented in Figure 3.7 for two extreme values of [,

This function is nonlinear due to the contribution of Qy and its slope n > 1 is obtained by
differentiation of (3.33):

2 — 14+ _—0 3.34
aw, 2%, (3.34)

n

It is represented in Figure 3.8.

As can be seen, n is a very slow function of ¥, especially since in normal situations, ¥ is
not lower than about 20Ur. Its maximum value thus ranges between 1.2 and 1.7, and it tends
to 1 for very large values of V.
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Figure 3.7 Threshold function and inverted charge

Now according to (3.32), the density of inverted charge Q; is proportional to the difference
between the gate voltage and the threshold function, as illustrated in Figure 3.7. Hence, for Vg
constant,

in/Cox

=n. 3.35
. n (3.35)

For a given value of the gate voltage, the inverted charge becomes zero for a particular value
Up of the surface potential called pinch-off (surface) potential. It is directly related to the gate

| mmmuje

0 0 60

Figure 3.8 Slope n of Vrg(¥)
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voltage, as can be obtained by (3.32) for Q; = 0:

Vo = Ves + ¥p + Ih/ ¥p. (3.36)

This function Vg (¥p) is identical to Vg (¥;) given by (3.33), as can be confirmed by inspection
of Figure 3.7.
Solving (3.36) for ¥p yields

(3.37)

Vo—Ves 1 1
;2 4 2/

WPAWQi:O):VG—VFB—Fﬁ( —— - — =

3.5.2 Mobile Charge as a Function of Channel Voltage
and Surface Potential

The total charge in silicon, Oy, can also be expressed by (3.17), in which L can be eliminated
using (3.30). Furthermore, the function F' (¥, 2®g + V) given by (3.16) can be simplified if the
channel potential is sufficiently positive (¥ > Ur), the contribution of holes being negligible.

With the charge sheet approximation, the depletion charge Qy, is again given by (3.29). The
inverted charge can then be expressed as

W, W, — 2P — V W,
0i=0s— 0p=—TCox\/Ur | | — +exp—F = — |2 ). (338)
Ur Ur Ur

3.6 CHARGE-POTENTIAL LINEARIZATION
3.6.1 Linearization of Q;(%;)

Since n is only slightly dependent on ¥, it will be considered constant, which amounts to a
linearization of the mobile inverted charge Q; in function of the surface potential Y, [27].

Thus, although it is a (slow) function of ¥, n will become a fixed device parameter called
the slope factor. It should be evaluated for the best coverage of the device operation range, as
will be discussed in Section 3.6.4.

The inverted charge Q; cannot be calculated from expression (3.32) or (3.38), since the
surface potential ¥ cannot be expressed analytically as a function of the gate voltage V.
Indeed, Figure 3.3 was obtained from equation (3.21) which cannot be inverted. However, the
linearization of Q;(¥;) by means of the constant slope factor n can be exploited to obtain an
explicit solution, as will be explained below.

This linearization is illustrated in Figure 3.9, which is just a qualitative replication of
Figure 3.7. With the slope factor n constant, the surface potential is related to its pinch-off
value ¥p by

Qi =nCox (W, — W) or ¥, =W+ ngi . (3.39)
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Figure 3.9 Linearization of mobile inverted charge Q; with surface potential ¥

This expression can be introduced in (3.38) to eliminate ¥; [41]. Arranging the result to extract
Up — 2@ — V yields

Yp—20r -V = —0;
Ur " nCo Ut

+In

-0 —0i 42 0Oi n kdd
I,Cox/Ur \ I, Cox/Ur nCoxUr Ur
(3.40)

This equation expresses a general relation between the density of inversion charge Q; and
voltages V and Vg (since Wp is a direct function of Vg given by (3.37)).
The inversion charge can be normalized by introducing a specific charge Qpec

qgi = Qi/Qspec (341)
with
Ospec £ —2nUrCox. (3.42)

The negative sign in Qgpec takes care of the negative charge of electrons, whereas reasons for
introducing the factor 2 will be explained later. Furthermore, voltages normalized to Ut will
be represented by lowercase letters:

vV v @ I
SR, (_b> = Ur. (3.43)
vy 9 Y
Equation (3.40) then becomes
2n 2n
2¢i +1ng; +1n Y Cliﬁ +2/Yp —2gi || = ¥p — 2¢1 — v. (3.44)

Ush

Due to the simplifications of the function F (¥, 2®g + V) in (3.38), this expression is valid
only for yr, > 2g; (Y, = 2g; corresponds to s = 0). Figure 3.10 shows the variation with g;
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Figure 3.10 Voltage shift vy, in (3.44).

of the term labeled vy, (voltage shift) in (3.44) for various values of ¥, and ¥, and with the
slope factor n defined by (3.34) evaluated at ¥ = ¥,.

As can be seen, even for extreme values of ¥, and y, the variation of vy, with g; never
exceeds unity. The terms in g; can therefore be neglected, and (3.44) simplifies to

2gi +Ingi +In <4—” \/Wp) = Yp — 261 — v. (3.45)
\_yb;,_/

Ush

The remaining dependency of vy, on v, is very weak; hence, vy, can be considered constant
(evaluated for example at ¥, = 2¢).

Equation (3.45) constitutes a general normalized relation between the pinch-off potential
Up, the local channel voltage V, and the resulting local inversion charge density Qj;. Since

Up is a direct function of the gate voltage Vi given by (3.37), Qi(Vg, V) can be obtained by
numerical computation.

But Y5 is a particular value of the surface potential that does not appear explicitly in the
measurable characteristics of the transistor. It is therefore very useful for circuit applications
to relate the inversion charge (and later the drain current) to a particular value of the channel
voltage V called pinch-off voltage Vp [72] and defined by

vy = Z—‘; 2 v(2gi + Ing; = 0) = v(g; = 0.4263) (3.46)
or, by using (3.44),
vp = Vp — 2oy + vap). (3.47)
Introducing this definition in (3.44) results in
2gi +Ing; = vp —v. (3.48)

This expression provides v(g;), but it cannot be inverted analytically to provide a general

expression of g;(v). However, the two axes can be exchanged to represent g;(v), as shown in
Figure 3.11.
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Figure 3.11 Normalized inverted charge vs. channel voltage

In weak inversion, g; < 1; thus the linear term becomes negligible. The mobile inverted
charge can be approximated by

qi = exp(vp —v) (weak inversion). (3.49)

In strong inversion, g; > 1; thus the logarithmic term becomes negligible. The mobile inverted
charge can be approximated by

Up —

G == (strong inversion).

(3.50)
This approximation will be further discussed in Section 3.6.3.

In moderate inversion, both terms contribute to the variation of mobile charge and neither
approximation is valid.
As expressed by (3.47) and shown by Figure 3.10, ¥p — Vp is almost exactly constant.
Hence by inspection of Figure 3.7,
dVe dVg
ave  dwp

(3.51)

3.6.2 Linearized Bulk Depletion Charge Q,
Differentiating (3.29) and introducing (3.34) give

de/Cox

=1- .52
v n (3.52)
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as can be confirmed by inspection of Figure 3.7. Furthermore, its value Qyp at ¥5 = Wp obtained
from (3.29) is

Ovp = — 1}, Cox\/ ¥p. (3.53)
Using the charge-potential linearization introduced in Section 3.6.1,
Ob = Ovp + (1 = m)(Ws — Wp)Cox = =T Cox v/ ¥p + (1 — n)(Ws — ¥p)Cox (3.54)

where the linearized expression (3.39) of Q; can be introduced to obtain in normalized values

O _ vy n-l (3.55)

Qspec 2n n

>

qv

3.6.3 Strong Inversion Approximation

As was pointed out at the end of Section 3.2, in strong inversion the surface potential ¥
increases very slowly with the gate voltage Vg, due to the very rapid increase of the total
charge in silicon Q. Thus, ¥ can be assumed to be independent of Vs, and approximated, in
view of Figure 3.3, by

U, =9, +V, (3.56)

where ¥ is a constant slightly larger than 2®g.
Expression (3.32) of the inverted charge can then be rewritten as

Oi=—Cxl[Vo— (Vs +¥ +V + /¥ + V). (3.57)

Vg

The threshold function Vrg(V) is identical to Vyg(¥s) of Figure 3.7, but shifted by —¥, as
shown in Figure 3.12(a).

Ve nel
VG a f . COX
ol Ve~ Vo =
OXy Vg const.
¢’ -> %
ca &
V1o b
",.,-00 V=¥,—¥, 0 .V
VP VP

Figure 3.12 Strong inversion approximation of inverted charge
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For V = 0, Vp has the particular value Vy called equilibrium threshold voltage, or in short
threshold voltage:

Vo £ Vip(V = 0) = Vi + % + Ih\/W. (3.58)

This bias-independent device parameter corresponds to the threshold voltage Vr for Vs =0
used in other models. Its precise value depends on the value chosen for ¥.
Introducing (3.58) in (3.57) yields

Vig = Voo + V + T (\/%+V—\/JO). (3.59)

According to its strong inversion approximation (3.50) derived from the general expression
(3.48), the inverted charge would be zero when the channel voltage V reaches its pinch-off
value Vp defined by (3.46). Hence, Vp can be obtained as the value of V corresponding to
Vs = Vg, as illustrated in Figure 3.12(a). Indeed, inspection of this figure shows that Vg
depends on Vp exactly as Vrg depends on V. Thus according to (3.59),

Vo = Vio+ Vo + T (\/%Jrvp—\/?o), (3.60)

which can be inverted to provide

I : I
Ww=Ve—Vio— 1Tt [{/ Vo — Vo + 7+ Uy | — 7+ ). (3.61)
The slope of Vg(Vp) is still n defined by (3.34) since
dv; dv: dV, I;
n—=—1_T"18_T6 _ 4 b (3.62)
dy; dv dvp 2/ +V

It should be evaluated at a value of V that best covers the range of operation.
Since n is almost constant with V, inspection of Figure 3.12(a) shows that instead of using
equation (3.61) the pinch-off voltage can be approximated by

Vo — V-
Vpx G 10 (3.63)
n
It also shows that, instead of using (3.57), the inverted charge can be approximated by
_CQi =n(Ve — V), (3.64)

which corresponds to approximation (3.50).

For a given value of the gate voltage Vg, the inverted charge can be plotted directly by
first moving the V-axis to this value in the plot of Figure 3.12(a), and then vertically flipping
around this axis to produce Figure 3.12(b). Changing Vg shifts the curve vertically, resulting
in a change of Vp.
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Figure 3.13 Relative error of inverted charge in strong inversion approximation

By introducing expression (3.58) of Vg into (3.61) and comparing the result with expression
(3.37) of ¥p, we obtain

Ve =¥ — W (3.65)
Hence, according to (3.47)
Yo=VYp—vp =2¢¢+vsn or Yo=Y, -V, =20+ Vy. (3.66)

Inspection of Figure 3.10 shows that vy, is almost constant, whereas Figure 3.3 shows that
the surface potential keeps increasing slowly in strong inversion. This difference is due to the
logarithmic term in (3.48), which has been neglected in approximation (3.50). It results in a dif-
ference Ag; of the inverted charge ¢g; that is represented in relative values in Figure 3.13. As can
be seen, the excess of charge obtained in the strong inversion approximation never exceeds 18%.

Notice that although the threshold voltage V¢ was introduced in the framework of this
strong inversion approximation, it can always be used to relate Vp to Vg by equation (3.61) or
by its approximation (3.63).

3.6.4 Evaluation of the Slope Factor

As already stated in Section 3.6.1, the slope factor n defined by (3.34) should be evaluated to
best fit the range of operation of the transistor.

Inspection of Figure 3.9 shows that n would be best evaluated as the slope of the secant of
the threshold function Vg between a particular value of surface potential ¥ and its pinch-off
value ¥p. Indeed, the calculation of Q; by the linear relation (3.39) is then exact for the selected
value of ¥;. This slope can be obtained from expression (3.33) of Vrg:

Vis(Wp) — Vg (¥ I
A B (¥p) TB( ‘)=1—|— b

Yp — ¥ V& + V&

In weak inversion, Q; is very small; therefore, ¥s = Wp, as can be seen in Figure 3.7. The
secant merges with the tangent and slope 7 is obtained by introducing ¥ = ¥p = ¥y + Vp in
(3.34)

(3.67)

I

I
— =1t —. (3.68)
2/ 2% + Ve

n=ny=1+
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Hence, the slope factor in weak inversion depends only on the gate voltage through Vp. More-
over, it has a particular physical meaning. Indeed, since the inverted charge Q; is negligible
with respect to the depletion charge Oy, inspection of Figure 3.7 shows that the slope factor
can be expressed as

dVs
n—
dv;

(weak inversion only). (3.69)

The surface potential follows almost linearly the gate voltage variations, but with an at-
tenuation by factor n. This attenuation is produced by a capacitive divider made of the oxide

capacitance Cox and the surface depletion capacitance Cq4 = —dQ}/d¥;. Hence,
C C
n=ny = % (weak inversion only). (3.70)
0oX

This series connection of Cox and Cq4 reduces the gate capacitance to

C C 1
e 4 - (3.71)
Cox Cox + Cy4 Ny

Hence, 1/n,, can be identified on Figure 3.4 as the depth of the dip of the Cy(Vg) curve, as
shown in Figure 3.14.

If the whole channel is in weak inversion (see Section 4.4.5), then the surface potential
Y is constant along the channel, since it depends only on Vg, as shown by Figure 3.3. It is
smaller than the lowest value of 2&r + V, which is normally 2&f + Vs. Thus the minimum
value of the slope factor (max of 1/n), which occurs at the minimum of the C4(Vg) curve, can
be expressed as

Iy

_— . 3.72
2/2®Pg + Vs ( )

n=nNymn =1+

The surface potential cannot be much lower than this upper limit, since the inversion charge de-
creases exponentially and would rapidly become so small that the transistor would be blocked.
Hence, ny, is usually not much larger than its minimum value ny, ni, given above.

Figure 3.14 Value of the slope factor n in weak inversion
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Figure 3.15 Possible evaluations of slope n in strong inversion (nonlinearity of Vrg(V) strongly
exaggerated)

In strong inversion, evaluating the slope at pinch-off (n = n,,) results in a too small value,
as illustrated in Figure 3.15, where the nonlinearity has been strongly exaggerated.
Another possibility is to evaluate itat V = 0 (¥ = ¥), resulting in [17]

I
2%,

n=ny=1+ (3.73)

This evaluation is independent of any bias voltage and can thus be used as a first approximation,
but it is overestimated as shown in Figure 3.15.

The same figure shows that a better solution would be to use the slope of the secant from
V =0to V = Vp, obtained by introducing ¥p = ¥ + Vp and ¥; = ¥ in (3.67),

Iy

VY% + Vo + VT

(3.74)

n=nge =1+

or to evaluate the slope (3.34) at ¥ = ¥, + Vp/2,

I

NTER 0 G-73)

n=ng=1+

which gives a slightly lower value.

According to (3.66), the value of ¥y — 2&¢ is just a few Ur. Hence, ¥ can be replaced by
2@y in the above evaluations of n, without much affecting the result.

It must be pointed out again that the dependency of n on bias voltages is very weak, the main
dependency being on V. Thus the error produced by a nonoptimum evaluation is probably
within the spreading range of the various process parameters.

However, this slight difference might be a cause of mismatch between devices at different
bias conditions, especially at different values of the gate voltage.
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3.6.5 Compact Model Parameters

Equation (3.48) describes the general charge—voltage relationship for a long-channel transistor.
This equation is dimensionless and uses normalized variables. Only three model parameters
and one physical parameter are needed to obtain from it the relation between applied voltages
Vi and V, and the resulting inverted charge density Q;.
The physical parameter, used to normalize all voltages in the dimensionless equation is Ur.
The following are the three device parameters:

1. The slope factor n defined in Figure 3.7 and by equation (3.34). This parameter was further
discussed in Section 3.6.4.

2. The threshold voltage V¢ defined in Figure 3.12 and by equations (3.58) and (3.66). It is
very slightly dependent on Vg through ¥, (see Figure 3.10), but can be considered bias
independent in practice.

These first two parameters relate the gate voltage V to the pinch-off voltage Vp according
to (3.63).

3. The oxide capacitance per unit area C. It is combined with n and Uy to obtain the specific

charge Qgpec defined by (3.42) and is used to normalize the charge density.

Introducing these parameters in (3.48) provides the nonnormalized general charge—voltage
relation:

_Qi +nUTln _Q‘

— =L —V5— Vg —nV. 3.76
Cox WmCo Uy 07 Y0 (3-76)

We can see that Ur plays an important role in weak inversion where the logarithmic term
dominates. This role disappears in strong inversion when the logarithmic term becomes neg-
ligible.



4 Static Drain Current

In this chapter, the model of the static current—voltage characteristics of the transistor is derived.
In Section 4.1, the drain current Ip is shown to be directly related to the charge—voltage relation
established in the previous chapter. Section 4.2 introduces the important concept of forward
and reverse components of Ip, and Section 4.3 defines the various modes of operation of the
transistor. Section 4.4 details the derivation of the drain current for all current levels from the
linearized charge model, with its approximations in strong and weak inversion. Section 4.5 is
dedicated to a fundamental property of the transistor that facilitates its modeling and opens
interesting circuit approaches through the concept of pseudo-resistor. Finally, Section 4.6
introduces a first approximation of the channel length modulation phenomenon, which limits
the output resistance in saturation.

4.1 DRAIN CURRENT EXPRESSION

When the source and drain voltages are different, electrons of density n, forming the mobile
inverted charge Q; move by a combination of drift and diffusion, resulting in a drain current
Ip defined in Figure 2.1. For the long channel considered here, all elementary flows of current
are along the x-axis with a local current density in this direction given by [67]

J = _ dv U dn, 41
h = 1q np—dx+ T 4.1)
——— N —
drift diffusion

where w is the equivalent mobility of electrons in the channel. The first term is the drift
component of the current, proportional to the longitudinal electric field —d¥/dx. The second
term is the diffusion component, proportional to the gradient of charge concentration dn,,/dx.

With the charge sheet approximation, integration in the vertical direction (z-axis) is obtained
by replacing gn, by —Q;. Moreover, if the channel is sufficiently wide, integration along the

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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y-axis is simply a multiplication by width W. Thus [1],

o= uw | -0 2 4y 39 4.2)
D=HM N T x| .
drift diffusion

Since the whole charge Q; of electrons is assumed to be concentrated at the surface, the
concentration of electrons (3.5) can be replaced by

U, — P —V
0; o exp——t——. (4.3)
Ur
Therefore
dQ; i [dyy  dV
£ — g o), (4.4)
dx Ur \ dx dx
which when introduced in (4.2) yields
dv
Ip = N«W(—Qi)d—- 4.5)
x

This expression includes the drift and the diffusion components and shows that the overall
current is proportional to the gradient of channel voltage V (which is a quasi-Fermi potential,
as discussed in Section 2.1). Now, since the current is constant along the channel, (4.5) can be
integrated from source to drain:

L V[)
In / dx = / LW (—0;)dV. (4.6)
0 Vs

In this basic model, mobility u and channel width W are assumed to be constant. The depen-
dency of p on the vertical field E,¢ and the horizontal field E, will be introduced in Part II.
The effect of a possible variable channel width will be discussed in Section 4.5.2. Since only
Q; changes along the channel, equation (4.6) becomes

Y —Q;
=7 dv, 4.7
Vs Cox
where
N w
B= MCOXI 4.8)

is the transfer parameter of the transistor depending on the width over length ratio of the
channel.

Equation (4.7) is a very interesting result, since it shows that the drain current can be
obtained directly from the Q;(V) as is illustrated in Figure 4.1. This result is independent of
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Qi
Cox

Strong inversion:

r'd

V constant

b
B Weak inversion

0 7 / v

Figure 4.1 Drain current according to (4.7)

the shape of Q;(V). It is valid for all values of the source and drain voltages, including those
larger than the pinch-off voltage Vp, for which the inverted charge is very small.

As established in Chapter 3, a variation of the gate voltage Vg shifts vertically the whole
strong inversion part of the curve by the same amount, whereas the weak inversion part is
shifted horizontally to follow the variation of Vp.

4.2 FORWARD AND REVERSE CURRENT COMPONENTS

Since the mobile charge Q; tends to zero for V tending to infinity, the integral (4.7) can be
rewritten as

oo —Q‘ oo —Q‘
1 1
In =B dv -8 dv = Iy — Iy. (4.9)
J Vs [0 JVp [O¢
forward current I reverse current Ig

The drain current can thus be expressed as the difference between a forward current Iz and a
reverse current Iy, as illustrated in Figure 4.2. Ir depends on Vg and Vs, but not on Vp, whereas
Ir depends on Vg and Vp, but not on Vs. Furthermore, according to (4.9), Ir(Vs) = Ir(Vp):
Ir and IR are indeed two values of the same function of V.

Thus, the drain current is the superposition of independent and symmetrical effects of the
source and drain voltages. This is a property of MOS transistors that is independent of the
shape of Qi(V) [73]. Its limits of validity will be discussed in Section 4.5.

_Oi
Cox Forward Reverse
current current
IFD 5 )
4 & 1% B 4
[} [} [}
Vs Vp W Vs Vp Vo Vp

Figure 4.2 Decomposition of the drain current into forward and reverse components
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4.3 MODES OF OPERATION

With the bias situation illustrated in Figure 4.1, both Vg and Vp, are in the section of the Q;(V)
characteristics corresponding to strong inversion. The channel is strongly inverted from source
to drain and the transistor is said to be in linear mode. This terminology refers to the fact
that the drain current is a linear function of the gate voltage, as will be shown in Section
4.4.4. Alternative appellations are nonsaturation mode [1] (meaning that the drain current
keeps increasing with the drain voltage) and triode mode (referring to the nonsaturating output
characteristics of the old triode vacuum tube). In French, this mode is called conduction [17],
and this terminology has been previously used in some of the authors’ publications.

If the drain voltage Vp, is increased above the pinch-off voltage Vp, then the current does
not increase significantly anymore: the transistor is still in strong inversion, but in forward
saturation. Forward saturation can be characterized by the fact that the reverse current becomes
negligible compared to the forward current:

in (forward) saturation: I < Ir thus Ip = If. 4.10)

It can be noticed that the negligible reverse component is in fact in weak inversion, as is the
drain end of the channel.

Now, if both Vp and Vg are larger than Vp, then the whole channel is weakly inverted, and
the transistor is said to be in weak inversion mode.

These various modes of operation are summarized in Figure 4.3 that represents the Vg, Vp
plane for a given positive value of Vp (thus for a given value of Vg > Viy).

The part of the plane above the V, = Vg line corresponds to the forward modes described
above, for which Ip > 0. The other half of the plane corresponds to the reverse modes, with
Vs > Vp; therefore, In < 0. It includes reverse saturation with

in reverse saturation: [Ig < Ix thus Ip = —Ig “4.11)

In forward strong inversion, the transistor enters saturation for Vp > Vp; thus, the source
to drain voltage necessary for saturation is

Vpssat = Vp — Vs (in strong inversion). 4.12)

b

saturation=

E
: ., %
%ﬂ:orwarﬁ %%

Il

e I~ s

Figure 4.3 Modes of operation of a MOS transistor
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This saturation voltage is also represented in the figure. It decreases when Vg approaches Vp.
However, it never reaches zero since (4.12) is no longer valid close to or in weak inversion.

In weak inversion, the mobile charge, and thus the two components of current, decrease
exponentially with Vs /Ut and Vp/ Ur. This mode can be obtained even for zero value of source
voltage if the pinch-off voltage Vp is made negative. According to (3.63), this is obtained when
Ve < Vo, hence the alternative appellation of subthreshold mode of operation.

When the larger of Ir or Irx becomes sufficiently small, the transistor is considered to be
blocked.

It must be reminded that, although Vp is used as the limit between strong and weak inversion
in Figure 4.3, the transition is progressive through a range of moderate inversion, where all
terms of relation (3.48) are significant.

According to the definitions of positive voltages in Figure 2.1, the source and drain junctions
are reverse biased in the first quadrant represented in Figure 4.3. Both Vs and V}, can be slightly
negative without qualitatively changing the modes of operation described above. However, if
these negative values exceed a few hundreds of millivolts, the forward-biased junctions inject
minority carriers (electrons for the N-channel transistor) in the local substrate. A parasitic
bipolar transistor is superimposed on the MOS transistor. This bipolar mode of operation can
be usefully exploited if MOS operation is blocked by applying a negative gate voltage [68,74].

4.4 MODEL OF DRAIN CURRENT BASED ON
CHARGE LINEARIZATION

4.4.1 Expression Valid for All Levels of Inversion

By normalizing the charge and voltages according to (3.41) and (3.43), the general drain current
(4.7) expression becomes

vg
ID = Ispec/ qi dU, (413)
v,

s

where Iy, is the specific current of the transistor defined by

A w w
]spec = HUTZ(_Qspec) = znﬂcofojz“ = znlgU”jz“ (4.14)

All currents can be normalized to this specific current according to

L I I

= = =Ispec- (4.15)
ld I Iy

The normalized values of drain current Ip, forward current /g, and reverse current /g defined
by (4.9) can then be expressed as

Vg 00 00
iq :/ g; dv, i =/ ¢gidv, and i =/ gi dv. (4.16)
. v, Vd

s s
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Mobile charge o —»
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Channel voltage v —

Figure 4.4 Normalized charge after linearization with surface potential, and resulting drain current

An analytic expression relating the channel voltage and the inverted charge was derived in
Chapter 3 (equation (3.48); Figure 3.11) based on the linearization of Q;(¥;) by means of the
slope factor n. It is represented again in Figure 4.4 with the drain current shown according to
(4.16). The particular values of the source and drain voltages correspond to the linear mode.
From (3.48), the element of channel voltage dv can be expressed as

dv = —(2 + 1/q)) dg;, (4.17)

which when introduced in (4.16) yields

qs,d
ity = Qgi + 1) dgi = ¢4 + gs.a (4.18)
0

where g 4 is the value of normalized charge density g; at the source or at the drain end of the
channel.
The normalized forward or reverse component of drain current is thus given by

ity = qlq + gsa- (4.19)

It should be reminded that this result was obtained by integrating the Q;(V') function for
its particular expression obtained by linearizing Q;(¥) according to (3.35). It is a very simple
expression, thanks to the factor 2 included in the definitions of Qgpec (3.42) and Igpec (4.14).

An alternative approach is possible by introducing the same linearization to eliminate the
surface potential ¥, from the original drain current expression (4.2), resulting in

—0; do;
Ip =uWw U s 4.20
D=MU (nCox + T) p (4.20)

or, by normalizing the charge and the current according to (3.41) and (4.15), and the position
x along the channel by £ = x/L,

dg;
i = —Qqg; + 1) —. 4.21
iq (2gi + 1) d (4.21)
Integration along the channel (§ = 0 to 1) then yields
qd
ia = / ~Qqi+ 1) dgi = (g7 +q5) = (g5 + q) = it — ir. (4.22)

9qs

where ir and i, are given by (4.19).
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Figure 4.5 Normalized forward or reverse current: (a) from charge model (4.25); (b) strong inversion
approximation (4.29); (c) weak inversion approximation (4.33); (d) from the interpolation formula

(4.39) between weak and strong inversion approximations
Now, equation (4.19) can be associated with (3.48) applied at the source or at the drain end

of the channel
Up — Us,d = 2¢s,a +1Ingsq (4.23)
to obtain the relation between drain current components it and bias voltages v, — vs 4 in a
parametric form. The parameter (gs q4) can be expressed by inverting (4.19):
1 +4ig,— 1
gsa = — (4.24)

It can then be inserted in (4.23), which yields
(4.25)

Vp —Vsqa = /1 +4i, +1In(y/1+4is, — 1) — (1 +1n2).
This general expression cannot be inverted to provide ir, as a function of v 4, but it can be

plotted as shown in Figure 4.5 (curve a).

4.4.2 Compact Model Parameters
Equation (4.25) describes the general current—voltage relationship for a long-channel transistor.
It is continuously valid from weak to strong inversion.
Only three model parameters and one physical parameter are needed to obtain from this
dimensionless equation the relation between bias voltages Vg and Vs p, and the resulting

current component /g R.
The physical parameter is Ur. It is used to normalize all voltages in the dimensionless

equation.
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The three device parameters are:

. The slope factor n defined in Figure 3.7 and by equation (3.34). This parameter was further

discussed in Section 3.6.4.

. The threshold voltage Vro defined in Fig (3.12) and by equations (3.58) and (3.66). It is

very slightly dependent on Vg through v, (see Figure 3.10), but can be considered bias
independent in practice.

These first two parameters relate the gate voltage Vg to the pinch-off voltage Vp accord-
ing to (3.63). They were already introduced to obtain the charge—voltage relationship in
Chapter 3.

. The transfer parameter B. It is combined with n and Ut to obtain the specific current /gpec

defined by equation (4.14) and is used to normalize components Iz and Ir of the drain
current.

The drain current in all the modes of operation of the transistor identified in Figure 4.3

can be obtained by subtracting Ir(Vp, Vi) from Ir(Vs, Vi) according to (4.9). However, these
two components of the drain current cannot be obtained analytically from (4.25) since this
expression cannot be inverted. This is the reason for the approximative curve d of Figure 4.5,
which will be introduced in Section 4.4.6.

4.4.3 Inversion Coefficient

In equation (4.25), the first term that corresponds to strong inversion dominates for if, > 1,
whereas the second term corresponding to weak inversion dominates for ir, < 1. Thus, the
specific current Igpe. can be used to characterize the current level at which /g or Iz changes
from weak to strong inversion. The level of inversion of the whole transistor can then be
characterized by an inversion coefficient I C defined by

IC = max (if = Ir/Lspec, ir = IR/ Lspec), (4.26)

and the diagram of Figure 4.3 can be replaced by that of Figure 4.6.

Figure 4.6 Modes of operation characterized by current levels
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Again, although /C = 1 is used in this diagram as the limit between weak and strong inver-
sion, the transition is progressive through a zone of moderate inversion. Hence the transistor
operates in
— weak inversion for IC < 1;
— strong inversion for /C > 1; and
— moderate inversion for /C = 1. The width of this zone is not precisely defined.
It must be extended until the weak or strong inversion approximation is sufficient to reach
the expected accuracy (see Figures 4.7 and 4.10).
The notion of inversion coefficient is qualitatively equivalent to that of gate voltage overhead
Vo — Vro —nVs = Vgs — (Vro + (n — 1)Vs) = n(Vp — Vs) (4.27)
to characterize the level of inversion. However the latter is not very convenient in moderate
or weak inversion where a small variation of voltage produces a large variation of current.
Moreover, the gate voltage overhead becomes negative in weak inversion.
4.4.4 Approximation of the Drain Current in Strong Inversion
As established in Section 3.6.3, the inverted charge in strong inversion can be approximated
by the linear function of Vp — V described by equation (3.64). The corresponding forward and

reverse components of the drain current are obtained by introducing this expression in integral
(4.9) as illustrated in Figure 4.7(a), which yields

n
IF,R = %(VP — VS,D)Z for Vp— VS,D > Ur (4.28)

or, with normalized voltages and currents

2
ity = <%) or vy —veq=2\/irr. (4.29)

Ve V1o 20
Alr g ,/ —
T d} IF R ( o) 0 /
(o) f
< o, 520}
CoX FR > Lrl_40 /
p 1 10 102 103 104
0 Vsp Vp Ve Forward or reverse current Ig g/lgpec ™

(a) (b)

Figure 4.7 Strong inversion approximation: (a) calculation of current; (b) relative error
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Figure 4.8 Characteristics in strong inversion: (a) gate-to-drain transfer characteristics; (b) output
characteristics

It can be verified that, for i, > 1, the general expression (4.25) of v, — v 4 tends toward
(4.29). However, since approximation (3.50) of the mobile charge was resulting in an excess
of charge, (4.28) and (4.29) result in an excess of current that is hardly visible in Figure 4.5.
This error is explicitly represented in Figure 4.7(b), which shows that the excess of current in
strong inversion never exceeds 14%.

The current in linear mode can be expressed by introducing the approximation (3.63) of
Vp(Vi) in (4.28) and by subtracting Ir from Ig:

Ip = %[(Vs — Vo — nVs)> — (Vg — Vo — nVp)*]
forward reverse
n
= B(Vb = Vo)lVg — Vio = (Vb + Vs)l. (4.30)

The drain current is indeed a linear function of the gate voltage (with an offset Vo + n(Vp +
Vs)/2), because it is the difference of two identical square laws shifted by n(Vp — Vs), as
illustrated in Figure 4.8(a).

If the gate voltage is reduced below Vo + n Vp (corresponding to Vp > Vp), then the reverse
current becomes negligible and the transistor is in forward saturation with Ip = I given by

Bn Bn
= T(Vp - Vo) = 7V53sat =

B

2 (Vg — Vg — nVs)?. 4.31)
2n

I

The drain current is a square law function of the gate voltage and is, as expected, independent
of the drain voltage.

Combining the second expression of this saturation current with definitions (4.26) and
(4.14) provides the relation between saturation voltage and inversion coefficient /C in strong
inversion:

Vo —Vs\> [ Visa\’
IC = ( PZUT S) = < ;5?) (strong inversion only). 4.32)

If the gate voltage is further reduced below Vo + nVs (corresponding to Vs > Vp), then
the forward mode becomes zero and the transistor is blocked in this approximation.
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4.4.5 Approximation of the Drain Current in Weak Inversion

As established in Section 3.5, the inverted charge in weak inversion can be approximated by
the exponential function of Vp — V described by equation (3.49). The corresponding forward
and reverse components of drain current are obtained by introducing this expression in integral
(4.16) which yields

ity =exp(vp — Vsq) OF vp— Vsq = Inig,. (4.33)

It can be verified that the second form of (4.33) is the asymptotic value of v, — vs 4 given by
the general current expression (4.25) for iy, < 1.
For nonnormalized variables, (4.33) becomes

Ve — Vsp

Ir R = Ispec €Xp (4.34)

T

It should be pointed out that (unlike what is suggested by Figure 4.1) weak inversion is
usually obtained by applying a value of gate voltage V; smaller than the threshold Vr, hence
the alternative appellation of “subthreshold” for this mode of operation. The pinch-off voltage
Vp then becomes negative, as illustrated in Figure 4.9, and weak inversion is already reached
for Vg = 0.

The same figure shows that the approximation is valid only for V — Vp >> Ur, and hence
for Irr < Igpec. It yields an excess of current, which can be calculated by comparing (4.33)
with (4.25). This error represented in Figure 4.10 is already about 10% for Igr /Ispec = 0.1.

The drain current equation is obtained by introducing approximation (3.63) of Vp(V;) in
(4.34) and by subtracting Ig from Ig:

Vo — Vro —Vs -
Ip = Igpec €Xp exp — exp

) for IC « 1, (4.35)
Ur

nur

where the first and the second term in the parentheses are the distinctive parts of Ir and Iy,
respectively. This equation is valid as long as the inversion coefficient / C defined by (4.26) is
sufficiently smaller than unity.

This expression can also be obtained from expression (4.19) of the components of the drain
current, where the square term becomes negligible for g, ¢ < 1. Returning to denormalized

X}
(&\\ Q"QO
(AN | . . . .
AN t Weak inversion approximation
-\
2\ -Q;
O\ C-.
’%:\\ 0x
o‘/‘\\\ G
N\ / Y Channel voltage V —»
Vp \\\ VS,D Ur

Ve-VY1o

Figure 4.9 Weak inversion approximation
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Figure 4.10 Relative excess of current in weak inversion approximation

charge Qjs and Qjp at the source and drain ends of the channel defined by (3.41) results in

I ip — Qi
Ip=1Ir—Ir = —-"(Qis — Qip) = uWUr On = Os . (4.36)
Qspec L
dQi/dx

in which expression (3.49) of the mobile charge can be used to replace Q;s and Qip, and ends
up with (4.35).

The comparison of equation (4.36) with (4.2) shows that it is a current carried only by
diffusion. Indeed, according to Figure 3.3, the surface potential in weak inversion depends
only on the gate voltage and is therefore constant along the channel. Thus, the current in
weak inversion can only be carried by diffusion. The current carriers (in this case electrons)
are locally majority carriers, since the holes have been repelled away from the surface. The
channel length can thus be much longer than the diffusion length of minority carriers deep in
the substrate.

As discussed in Section 3.6.4, in weak inversion the slope factor n represents the attenuation
of the capacitive divider formed by Cox and the surface depletion capacitor Cy. Its value can
be evaluated as n,, min given by (3.72).

The dependency of the drain current on the three control voltages expressed by equation
(4.35) is illustrated in Figure 4.11.

The drain current saturates to its forward value Ir as soon as the drain voltage exceeds the
source voltage by 3Ur to 5Ur, as illustrated by the output characteristics. The output saturation
voltage Vps s, Which is given by equation (4.12) in strong inversion, is progressively reduced
as the inversion coefficient is decreased by reducing Vp — Vg, but it is limited to the minimum

b i IF
= Saturation |09E
1 L— Vg=0 Vg>0
5%
AN
QG
. -\ o° Vo
12345 U 0 7 Ur
(a) (b)

Figure 4.11 Characteristics in weak inversion: (a) output characteristics; (b) transfer from gate; (c)
transfer from source
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obtained in weak inversion:
Vbssat = Vbssatmin = 3Ur to 5Ur  (weak inversion). 4.37)

If Vg = V5 = 0, the saturation current (/g in forward mode) is reduced to

—Vro
I’lUT ’

IDO £ Ispec eXp (438)

In digital CMOS circuits, this is the residual channel current of “off” transistors, which is
responsible for their DC current consumption.

According to equation (4.35), the transfer characteristics from the gate are exponential,
corresponding to straight lines with slope 1/n in the normalized values used in the semilog
plot of Figure 4.11(b). In saturation, if Vs is increased by some amount AVg, Vg must be
increased by nAVg to recover the same drain current, corresponding to a right shift of the
characteristics. Furthermore, since according to (3.72) n decreases slightly for Vg increasing,
the shifted line is slightly steeper.

The transfer characteristics from the source are also exponential in saturation, but without
slope factor n. Thus, they correspond to straight lines of slope 1 in the normalized semilog
plot of Figure 4.11(c). This exponential behavior is very similar to that of a bipolar transistor
in active mode, the base—emitter voltage Vgg being replaced by — Vs. Indeed, according to
equation (3.49), the mobile charge Qjs at the source end of the channel depends exponentially
on the source voltage — Vs, and the saturation current /g is a linear function of this charge.
Similarly, in a bipolar transistor, the density of minority carriers at the emitter side of the base
depends exponentially on Vg, and the collector current is a linear function of this density.

But contrary to the bipolar, the junction is normally reverse biased. Hence, there is no carrier
injection into the local substrate.

4.4.6 Alternative Continuous Models

As already pointed out, the general expression (4.25) relating the control voltages (v, vs, and
vq) and the two components of the drain current (iy and i;) cannot be analytically inverted to
calculate currents from voltages. It is therefore useful to introduce an approximative expression
that continuously interpolates the current behavior between weak and strong inversion. One
possibility is the simple following expression [19]:

i, = In? [1 + exp w] or vy —veg=2In (e\/f_ - 1). (4.39)

This expression is plotted in Figure 4.5 (curve d) for comparison with the exact expression
(4.25).

It can be verified that this continuous approximation tends asymptotically to the strong
inversion approximation (4.29) for v, — vsq >> 1, and to the weak inversion approximation
(4.33) for v, —v59 K 1.

It coincides with the exact model (4.25) at ir, = 6.48, giving a value of currents slightly
higher above and slightly lower below this limit.
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4.5 FUNDAMENTAL PROPERTY: VALIDITY
AND APPLICATION

4.5.1 Generalization of Drain Current Expression

The fundamental property of long-channel MOS transistor obtained in Section 4.2 can be
generalized [73] if equation (4.5) of the drain current can be written in the form

(Y, Vg) dV

AR (4.40)
F(x, Vo) dx

D

where Fy(V, Vi) is a function of V and Vg but not of x, and Fx(x, V) is a function of x and
Vi but not of V'; Ip is then a separable function of position x and voltage V in the channel. As
long as the channel length L is independent of Vp and Vs, Fx(x, Vi) and Fy(V, Vi) can then
be integrated separately:

L Vb
ID/ Fx(x,VG)dxz/ Fy(V, V) dV. (4.41)
0 Vs

Now, since Fy(V, Vi) tends to zero for large V, this expression can be written as

1 o0 0
Ip=—fp———"—"— U Fy(V, Vg)dVv —/ Fy(V, VC,)dV} (4.42)
f() Fy(x, Vg)dx Vs Vb
or
In = [(Vs, Vo) — 1(Vpy, Vo) = Ir — I, (4.43)
where

[o° Fy(V, Vg)dv
J Fux, Vo)ydx

I(V,Vg) = (4.44)

This result is a generalization of (4.9), expressing the fact that the drain current is the
superposition of independent and symmetrical (same function I') effects of source and drain
voltages.

It is interesting to point out that this property is similar to that of bipolar transistors as
expressed by the Ebers—Moll model [18].

4.5.2 Domain of Validity

Let us examine the necessary and sufficient conditions for which equation (4.5) has the required
form (4.40).

The channel width W does not depend on V. It may thus depend on position x along the
channel, and therefore can be included in Fx(x, V). For example, in a concentric circular
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transistor,
W(x) =2m(Rs + x) ! (4.45)
x)=2m X)y= ———— .
° Fy(x. Vo).
where Ryg is the radius of the source. Thus
L 1 L
Fix,Vg)dx = — In{ 1+ — |, (4.46)
0 27T Rs

which replaces L/ W in equation (4.8) of §.

In a more general case, the device can be split into several (or an infinity of ) transistors
of different lengths and variable widths, all connected in parallel. As long as each transistor i
fulfills equation (4.40) with

Ini = L(Vs, Vo) — L(Vp, Vo), (4.47)

the sum of Ip; fulfills it as well.
Equation (3.32) of the mobile inverted charge per unit area Q; can be rewritten by introducing
expression (3.30) of I};:

—0i = Cox(Vg — Vi — W) — \/2q Npe s, (4.48)

which is a function of ¥;. Now, Figure 3.3 shows that ¥ is possibly a function of V, but not
of x. Hence if (and only if) Vg — Vg, Ny and Cox are all independent of x (homogeneous
channel), then Q; is a function of V only. It can then be included in Fy(V, Vi) and the property
is not affected.

The property is conserved if any other term in expression (4.48) of Q; also depends on V (or
on ¥, but not on x). This includes the effect of gate polysilicon depletion, which is equivalent
to a value of C, function of ¥.

If the doping concentration N, is a function Ny(z) of the depth z in the substrate, then the
last term of (4.48) that represents the depletion charge density Oy, becomes a different function
¥, as will be discussed in Section 8.3. However, the property is not affected as long as this
function remains independent of x (homogeneous channel).

If the channel is nonhomogeneous along its lateral dimension (y-axis), the device may
again be split into several transistors i connected in parallel, each of them fulfilling (4.47).
This includes the possible difference of side structures of a narrow channel transistor, for which
the fundamental property is therefore not affected.

As will be discussed in Section 8.2, the value of mobility ; depends on the local vertical
surface field E . Now, combining (3.17), (3.19), and (3.22) yields

C
— (Vo — Vi — %), (4.49)

Ezs =

which depends only on ¥ (thus possibly on V') for a homogeneous channel. The variation of
mobility with the vertical field can therefore be included in Fy(V, Vi) and does not affect the

property.
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But the mobility should be independent of the drain current Ip. Indeed, such a dependency
could be included neither in Fy(V, Vi) nor in Fyx(x, Vi), hence, the property would not be
conserved.

As another necessary condition, the effective value of the channel length L along which
Fx(x, Vi) is integrated in (4.41) should be constant. It should not depend on the drain current
Ip, or on the drain or source voltage Vp or Vs.

In summary, the fundamental property of MOS transistors expressed by equation (4.40) is
valid if (and only if ) the channel is homogeneous along its source—drain dimension (x-axis)
with a fixed effective length, and if (and only if) the mobility is independent of the drain current.
The property depends neither on the shape and width of the channel nor on the doping profile
of the substrate. It remains valid for large gate voltages, in spite of the mobility reduction due
to the vertical field.

4.5.3 Causes of Degradation
4.5.3.1 Finite length of channel

When the channel is not very long, several independent mechanisms degrade the fundamental
property. This is the most important reason why this property is never perfectly valid in practice.

Channel length modulation. As will be discussed in Section 4.6, when the drain (or source)
voltage is increased, the effective channel length is slightly reduced by the extension of the
depleted region surrounding the drain (or the source). As expressed by (4.59) or (4.61), the
forward current Iy (or reverse current Ig) is therefore slightly dependent on the drain voltage
Vb (or the source voltage Vi), which is not compatible with (4.43). Since this effect is inversely
proportional to L, the property is progressively degraded when the channel is shortened.

Short-channel effects. If the channel length is reduced more than proportionally to the gate
and drain voltages, the longitudinal field in the channel is increased. Hence, the velocity of
mobile carriers is increased, resulting in an increase of drain current. However, at high values,
this velocity starts increasing less than proportionally to the field, to finally reach a saturation
limit. Thus, mobility i becomes a function of the field (or of the current), as will be discussed
in Section 9.1.

This variation cannot be included in Fx(x, Vi) or Fy(V, Vi) as required by (4.40), and the
property is degraded.

For very short channel, additional effects such as drain-induced barrier lowering discussed
in Section 9.3 and other two-dimensional effects further degrade and possibly destroy the

property.

4.5.3.2 Nonhomogeneous channel

Referring to equation (4.48), if any term of its right-hand side depends on position x along
the channel, it makes Q; a (nonseparable) function of both x and ¥ (hence of V); relation
(4.40) is then no longer valid, and the property is lost. This is true even if the nonhomogeneous
channel remains symmetrical with respect to source and drain: indeed, the effects of source
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and drain voltages on Ip remain symmetrical, but they are neither independent nor linearly
superimposed.

Since € and Vg are normally constant along the channel, three terms remain to be examined
in (4.48), namely Ny, Vg, and Cox.

Variations of substrate doping Ny can be due to some intentional channel engineering such
as lightly doped drain (LDD) and “halo” implants, or to some artifact of the process like
the piling-up of impurities at both ends of the channel. Whatever the process, variations of
Ny always occur at the very ends of the channel, due to the presence of the source and drain
diffusions. This is yet another reason why the fundamental property is lost in very short channel
devices.

Since the flat-band voltage Vgg depends on the Fermi-level of silicon in the channel, it
is variable as long as the doping concentration is itself variable. Further variations of Vgp
could be due to variations of the fixed interface charge, as a consequence of non source—drain
symmetrical channel engineering.

There is no reason to intentionally change the value of the oxide capacitance C,x along the
channel. However, local variations at both ends of the channel are unavoidable, which further
contributes to the degradation of the property for short-channel devices.

Weak inversion represents a special case. It is characterized by the fact that, all along the
channel, the mobile charge Q; is negligible with respect to the depletion charge Qy. As a conse-
quence, the function F defined by equation (3.16), which relates the vertical surface field to the
surface potential, becomes independent of the channel voltage V, as illustrated in Figure 3.1.
Using equations (3.27) and (3.28), the mobile charge density can thus be expressed as

-V
0i = Fyexp— (4.50)
Ur
where function Fy is independent of V. It can therefore depend on x and be included in Fy of
(4.40), whereas Fy reduces to

-V
Fy =exp T (weak inversion only). (4.51)
T

Since F contains all other parameters on which Q; depends, namely Vg — Vgg, Cox, and
Ny, these parameters may change along the channel without affecting the property.

In weak inversion, the fundamental property expressed by (4.43) is thus valid even for a
nonhomogeneous channel. This is true also for bipolar transistors operated in moderate injec-
tion, and can be traced back to the fact that the current is a linear function of the mobile charge
density. This linearity exists as long as the charge carriers do not affect the electrostatic poten-
tial: indeed, they are dominated respectively by the depletion charge Qy, for MOS transistor in
weak inversion, and by majority carriers for the bipolar transistor in moderate injection.

4.5.4 Concept of Pseudo-Resistor
By defining [75,76] a pseudo-voltage V* given by

Ve = —KO/ Fy(V, Vg)dV (4.52)
v
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and a pseudo-resistance R* given by
L
R* = KO/ Fx(x, Vg)dx, (4.53)
0

equation (4.43) of the drain current can be written in the form of a pseudo-Ohm’s law
In = (V5 — V§)/R*. (4.54)

Hence, by similarity with a network of linear resistors, any network obtained by interconnecting
the transistors characterized by the same function Fy(V, Vi) (same process) biased (in the
general case) at the same gate voltage Vg is linear with respect to currents. In other words, at
each node of such a network, currents split linearly in the various branches [77].

Thus, any prototype network made of real linear resistors may be converted to a pseudo-
resistor network made of transistors only, provided only currents are considered. A ground
in the resistor prototype (V = 0) corresponds to a pseudo-ground in the transistor network
(V* = 0) obtained by choosing V large enough to make integral (4.52) negligible. This means
that the corresponding side of the transistor is saturated.

The constant K introduced in (4.52) and (4.53) is always positive. Hence, pseudo-voltages
for N-channel transistors are always negative. This means that real voltages in the corresponding
prototype made of resistors must also be negative (with respect to the ground).

It must be noticed that for P-channel transistors, the “minus” sign in (4.52) must be replaced
by a “plus” sign (with the sign conventions defined in Section 2.2). Hence, pseudo-voltages
for P-channel transistors are always positive.

The numerical value of K| is irrelevant, since it disappears in (4.54), but its dimension can
be chosen so as to obtain the dimension of V* in volts, and that of R* in ohms.

It should be pointed out that, although a narrow channel does not affect the fundamental
property of a transistor, it has an effect on function Fy(V, V(). This function may differ from
that of a wider channel, thereby degrading the linearity of current splitting.

For the special case of weak inversion, (4.51) shows that Fy and hence V* are independent
of Vi. The linear pseudo-Ohm’s law is thus valid even for transistors having different gate
voltages. Now since Fy in (4.50) depends on Vg and is included in FY, the value of pseudo-
resistor R* given by (4.53) can be controlled separately for each transistor by its gate voltage.
Furthermore, linear current splitting is maintained even with narrow channel transistors.

4.6 CHANNEL LENGTH MODULATION
4.6.1 Effective Channel Length

All previous calculations of the drain current [in particular by (4.7) or by the more general
expression (4.42)] used the effective value L of the channel length. But this effective length is
shorter than the distance Lgp separating the source and drain metallurgic junctions.

Let us first consider the flat-band situation, obtained by applying a gate voltage Vg = Vgg,
with flat-band voltage Vg defined by (3.22). In this situation, the electrostatic potential ¥
in the channel remains constant. Indeed, ¥ = 0 from deep in the substrate to the surface.
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Figure 4.12 Potential along the channel: (a) flat-band; (b) weak inversion

However, at both ends of the channel, a potential barrier is produced by the source and drain
junctions. As shown by Figure 4.12(a), this creates space charge regions of length ALg p that
depend on the barrier height @5 + Vs p, with the barrier at equilibrium ®p given by

NtV
®p = Ur In —2 =2, (4.55)

ng

where Ny is the doping concentration of the source and drain diffusions. Since Ny < Ngig,
the source and drain space charge regions extend mainly in the P-type channel region. Their
lengths can be calculated by double integration of Poisson equation (3.2) along the x-axis with
o = —q Ny. Identification of the result with the barrier height @5 + Vs p then yields

2e(Pp + V.
ALsp = ,/—65‘( ;; 5.0). (4.56)
b

To obtain the effective channel length L, the lengths of the space charge regions must be
subtracted from distance Lgsp; hence,

265i
q Ny

L =Lsp—ALs— ALp = Lgp — (\/ch Vs 4+ /Pp + VD) . (4.57)

The effective length is slightly dependent on the value of the source and drain voltages.
Differentiation of (4.57) provides

dL
= \/ s (4.58)
dVsp 2g Np(Pp + Vs p)
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4.6.2 Weak Inversion

If the gate voltage is increased above the flat-band voltage Vg, the surface potential ¥ increases
as shown by Figure 3.3. As long as the device remains in weak inversion (¥; < 2®g + V), the
surface potential is constant along the channel and independent of Vg and Vp, as illustrated in
Figure 4.12(b). At both ends of the channel the barrier height is reduced, but the field pattern
becomes two-dimensional, since ¥ becomes a function of x and z. Equation (4.57) for the
one-dimensional case is no longer exact, but the effective channel length is still modulated by
Vb and Vs, resulting in a slight variation of the specific current gy, and proportional variations
of Ir and Ig.

Now, I already strongly depends on Vg as expressed by (4.34), so this small additional
variation can be neglected. But /r would be independent of Vp without channel length mod-
ulation, so this small variation cannot be neglected. The symmetrical situation exists for the
dependency of Igr on Vp and Vs. Hence by (4.58),

dr dr si
ER ER \/ & (4.59)

SER _
dVps dL '\ 2gNp(®P + Vb s)

where k is a correction factor for two-dimensional effects.

4.6.3 Strong Inversion

The variation of surface potential ¥ along the channel in strong inversion is depicted in
Figure 4.13. It can be assumed to be independent of the gate voltage and to follow the channel
voltage according to Ws = V + ¥ (see Section 3.6.3). Hence, at equilibrium (V = Vg = Vp =
0), ¥; = Y all along the channel. The potential barrier at both ends of the channel is reduced

¥s

L

iALS ALDE

VD >VP

1 VD < VP
A2

SB junction BD junction

Equilibrium (Vp=Vg=0)

Figure 4.13 Potential along the channel in strong inversion
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to @g — ¥y. Since ¥y = 2Pp, combining (3.8) and (4.55) gives

(DB — ':IIO = UT In (460)

For Vg and Vp > 0, this barrier remains constant as long as the transistor is in linear mode
(Vb < Vp). Hence, effective channel length L remains constant. If the transistor is saturated
with Vp — Vp > 0, the drain barrier is increased by the same amount; the forward current
becomes slightly dependent on the drain voltage. A symmetrical situations exists in reverse
saturation. Thus, similar to (4.59) with a different barrier height

dIF.R dIF'R €si
L . 4.61)
dVps dL '\ 2gNp(Pp — ¥ + Vps — Vp)

Experiments show that factor « correcting for two-dimensional effects tends to decrease when
the inversion coefficient /C is increased.

4.6.4 Geometrical Effects

For the usual case of constant width W, I, given by (4.14) is inversely proportional to L.
Hence

_dlpr _ Ier

= — 4.62
dL L’ (4.62)

and the effect of channel length modulation is identical in forward and reverse saturation.
We have seen in Section 4.5 that the fundamental property of the transistor, which includes
symmetrical source—drain characteristics, is independent of the channel geometry. But channel
length modulation degrades this property and is itself sensitive to device geometry.
As an example, consider again a concentric circular transistor with a radius Rg of the source
and an inner radius Rp = Rs + L of the drain. According to equations (4.43) and (4.46),

1

~ . (4.63)
In(1+ L/Rs)

Ir

hence,

dIr Ir _Ir1—Rs/Rp

_ _ — , (4.64)
dL RD In RD/RS L IH(RD/Rs)
which is smaller than result (4.62) for a rectangular channel.
Now if the transistor is in the reverse mode, its saturation current is — Ig and channel length
modulation occurs at the source end of the channel. Thus, (4.63) can be rewritten as

1

Rp

IR (06
In % L

(4.65)
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Figure 4.14 Effect of channel length modulation in a circular concentric transistor
giving

_dlr _ Ir Rp/Rs —1 (4.66)
dL L In(Rp/Rs)’ ’

which is larger than result (4.62). Results (4.64) and (4.66) are plotted in Figure 4.14.

It must be pointed out that in a concentric transistor structure, the inner diffusion is usually
the drain, in order to minimize the associated junction capacitance. Forward and reverse modes
are then exchanged with respect to Figure 4.14 and the effect of channel length modulation
on the forward saturation current is increased. This result can be qualitatively extended to
any nonrectangular channel: for a given channel length L, the variation of forward saturation
current due to channel length modulation is increased if the source is wider than the drain; it
is reduced if the drain is wider than the source.



5 The Small-Signal Model

This Chapter describes the small-signal model of the MOS transistor obtained from the large-
signal model after a proper linearization of the large-signal equations at a defined operating
point. It starts looking at the dc small-signal model, introducing the source, drain and gate
transconductances and higlighting the fundamental relations between them. The transconduc-
tances are then expressed in terms of bias covering all modes of inversion. The fundamental
transconductance to drain current ratio is then introduced and its use for circuit sizing is
illustrated. The small-signal dynamic behavior is introduced directly by first deriving a com-
plete non-quasi-static (NQS) model, introducing the source, drain and gate transadmittances
together with the five other admittances and the fundamental relations between them. Their
bias dependence over all regions of inversion is presented. The NQS model serves as the basis
for deriving the quasi-static (QS) model. The concept of transcapacitances is introduced as a
result of a first-order approximation of the transadmittances. In the QS model, the admittances
of the NQS model then reduce to the five intrinsic capacitances. The domain of validity of the
three different small-signal models is then defined and the use of a NQS model for transient
operation is also discussed.

5.1 THE STATIC SMALL-SIGNAL MODEL
5.1.1 Transconductances
5.1.1.1 General expressions

The most important small-signal parameters are without doubt the transconductances. The
transconductances together with the capacitances determine the transit frequency f; or the
speed of the device, the thermal noise, and indirectly the current consumption. Since the MOS
transistor is a four-terminal device, it is controlled by three independent voltages, namely
Vi, Vs, and Vp. A transconductance value can therefore be defined for each of these control

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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voltages. The total increment of the drain current Alp is given by

Al = 22| Ay Yo Ly O,y
= — s+ — T G
DT Vs, Mol VGl
= _Gms AVS‘I‘Gmd AVD+Gm AVG (51)

where G s, Gmd, and G, are the source, drain and gate transconductances respectively, defined
as

3l
G 2 — ﬁ , (5.22)
op
3l
Goa 2 ﬁ (5.2b)
op
EY;
G 2 ﬁ , (5.2¢)
G lop

where notation op stands for the operating point at which the linearization occurs. It can
be characterized by the set of the three dc voltages Vg, Vs, Vp. Note that all the small-
signal transconductances defined in (5.2) are positive. Now, since according to (4.43) Ip =
Ie(Vg, Vs) — Ir(Vg, Vb), (5.1) can be rewritten as

d0lr —0lr dIr dlr aVp
Alp = — AVs+ AVp+ | — —— | — AVG. (5.3)
Vs oVp aVp aVp ) dVg
~— ——
=—Gngs =Gmd =Gn

Transconductance G,s depends only on the forward current /r and is therefore independent
of the drain voltage Vp, whereas G,q depends only on the reverse current Ix and is therefore
independent of the source voltage Vs. These tranconductances can be identified on the Q;
versus V plot as illustrated in Figure 5.1.

As can be seen by inspection of this figure, the quantity by which a small variation of
source voltage Vs must be multiplied to obtain the corresponding variation of area Ip /8 is the

A _Qi

Cox

N\

ya

Strong inversion
Vg constant
_Q|S - Gms G
ox B :%’
Weak inversion
0 £ v

Figure 5.1 Relation of source and drain transconductances with the mobile inverted charge
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particular value —Qis/ Cox of —Qj/Cox taken at the source end of the channel. Hence,

G = - (~Qi5) = - (—0i9) = G (5.4
and, symmetrically,
Gmd = Clix (—=Qip) = M% (—=0ip) = Gspec qd> (5.5)
where
Gipec = Lipec/Ur = 2nBUr, (5.6)

and g, and g4 are the normalized charges at both ends of the channel defined by

» —0is
gs 2 : (5.72)
Qspec
A QiD
A . (5.7b)
1 Qspec

Note that the two expressions (5.4) and (5.5) are very general, and do not depend on the
precise shape of —Q;(V).

As shown by (4.25), Ir and I depend on the differences Vp — Vs and Vp — V) respectively.
A variation of Vg or Vp has the same effect on Iy and Ir as an equal variation of Vp of opposite
sign. Therefore we have

0 _ 6 and =G (5.8)
8Vp = Ums an — YUmd- .

Furthermore, according to (3.51), dVp/dVs = 1/n. Hence the expression of G, in (5.3) be-
comes

Gms - Gmd
7n .

Gn = (5.9)

Note that this dependency of the gate transconductance on the source and drain transcon-
ductances G5 and Gy is independent of the inversion coefficient of the transistor.
When the transistor is saturated, Ir < Ir and Gg < G and hence

Gms .
Gn = ——  (saturation). (5.10)

Using the normalized charges g5 and g4 given in (4.24), expressions (5.4) and (5.5) become

A Gms,d q \Y4 4if,r + 1-1 2if,r
= — = ’d = = - N
Gspec ) 2 \/ 4lf,r +1+1

(5.11)
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or, by using denormalized variables,

Gsa = npUT (\/411:,11/1“0ec T1-— 1). (5.12)

The gate transconductance can be obtained by introducing this expression in (5.9), giving

G = BUr (\/41F/1Spec 1 — /AT + 1). (5.13)

However, this result is useful only if the forward and reverse currents are known separately
(and not only their difference Ip = Ig — IR).

Since relation (3.48) between voltages and charge cannot be inverted, the transconductances
cannot be expressed as functions of voltages in the general case.

5.1.1.2 Approximation in strong inversion

With the strong inversion approximation of the charge discussed in Section 3.6.3, the various
transconductances can be found directly on the Vyp(V) plot of Figure 3.12(a), as shown in
Figure 5.2(a).

This diagram, which also shows the current in function of the bias voltages, will be called
the Jespers—Memelink diagram [15,77]. It can be used to analyze and synthesize circuits using
transistors in strong inversion. Expression (5.9) of the gate transconductance can be verified
by simple inspection of this diagram.

The expressions of the source and drain transconductances can be obtained by differentiating
the current given by (4.28) or simply by inspection of Figure 5.2.

If B, Vs.p, and Vp (or V) are known, this figure shows that

Gums,a =nB(Vp — Vsp) = B(Vg — V1o — nVs p). (5.14)

Figure 5.2 Drain current and transconductances in strong inversion: (a) Jespers—Memelink diagram;
(b) corresponding Q; (V) plot



THE STATIC SMALL-SIGNAL MODEL 59

If only currents and voltages are known, but not 8 (the transistor is not yet sized), then
remembering that the total area of the triangle is Iz r /8 (see Figure 4.7), the transconductances
can be obtained from

2IF,R _ 21’L IF,R

- . (5.15)
VWwo—Vsp Vo —Vro—nVsp

Gms,d =

If the known parameters are 8 and Ir r, then the transconductances are obtained by extracting
(Vp — Vs p) from the current equation (4.28) and introducing it in (5.14) or in (5.15)

Gumsa = 2nBIrR, (5.16)

which is the expression used most usually, showing that the transconductance of a transistor in
strong inversion is proportional to the square root of the current. It corresponds to the general
expression (5.12) for Ig g 3> Ispec = 2nBUZ.

Introducing expression (5.14) of the source and drain transconductances in (5.9) gives the
simple expression of the gate transconductance in linear mode:

Gm=p(Vp—Vs) (.17

that can also be obtained directly by inspection of Figure 5.2.

In forward saturation, In = Ip, Gy, = Gns/n, (Vp — Vs) = Vpgsar according to (4.12), and
the inversion coefficient /C is defined by (4.26). The gate transconductance is thus given by
one of the following expressions:

B
Gm = B(Vp — Vs) = BVpssat = ;(VG — Vo —nVs)
_ 2ID _ 2ID _ ZID
n(Vp—Vs)  nVpsaw Vo — Vio—nVs

2 1 / GS €C /
= /3 D = 2ﬂUT I = P IC.
\l n n

The first line of this equation shows that for a given value of 8, Vpsg, must be increased to
augment the transconductance G, (with the result of an increase of current). But if the current
is given, the second line shows that Vpgg, must be decreased to increase G, (which requires
an increase of f).

(5.18)

5.1.1.3 Approximation in weak inversion

The transconductance in weak inversion can be obtained by differentiating approximation
(4.34) of the current:

6IF,R _ IF_,R
aVs!D UT ’

Gmsd = — (5.19)

It corresponds to the general expression (5.12) for Ipr <K Ispec = 2nP UT2.
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According to (5.9), the gate transconductance is then given by

Gms - Gmd IF - IR ID
Gm = = = —
n nUrt nUrt

(5.20)

It is proportional to the total drain current.

5.1.2 Residual Output Conductance in Saturation

According to the fundamental property discussed in Section 4.5, the forward component of the
drain current (/r) does not depend on the drain voltage Vp. As a consequence, the overall drain
current in forward saturation (where Ip = Ir) should remain constant. However, as analyzed
in Section 4.6, the slight variation of channel length caused by drain voltage variations renders
I slightly dependent on Vp. This corresponds to a parasitic drain transconductance 0/g/0Vp
expressed by (4.59) or (4.61). In forward mode, this transconductance is normally much smaller
than the source transconductance G ;. Hence, it can be neglected in linear mode, where it is
also smaller than the main drain transconductance G 4. This is no longer possible in forward
saturation where Gq itself becomes negligible.

The symmetrical situation exists in reverse saturation where the parasitic source transcon-
ductance dIg/dVs can no longer be neglected with respect to the very small main source
transconductance G .

A convenient way to include these parasitic transconductances due to channel shortening
is to replace them by a single drain-to-source conductance Ggs. Indeed, the total variation of
the drain current given by (5.3) then becomes

Alp =Gy AV — Gs AVs + Gg AVp + Ggs (AVp — AVg)

5.21)
= Gm AVG - (Gms + Gds) AVS + (Gmd + Gds) AVD

According to this equation, G4 has to be accounted for only when G4 is very small (forward
saturation) or when G is very small (reverse saturation).

Since Gy is due to the variation of channel length, its value is proportional to I (or Ig in
the reverse mode). It can thus be expressed by

Ggs = Irr/ VM, (5.22)

where V) is the channel length modulation voltage given by

dVDS dVDs IFR dL
Va = 1 S —p (=23 ) (—ER . 5.23
M= R R ( dL )( L dIF,R> (523)

This fictitious voltage is thus proportional to the channel length L. The first term in parentheses
can be obtained from (4.59) or (4.61) and is proportional to the square root of the channel doping
concentration Ny,

The second term in parentheses is equal to 1 for constant channel width W (see (4.62)).
If W is not constant and increases from source to drain, then this second term is increased in
forward mode and decreased in reverse mode, as illustrated in Figure 4.14 for a concentric
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Figure 5.3 Convergence of saturation characteristics toward — Vy

circular transistor. The value of V) is thus increased (hence Gy decreased) if the saturated
side of the transistor is wider and decreased (hence G, increased) in the opposite case.

Assuming Vi > Vp s (long channel) and constant, it corresponds to the convergence point
of saturation currents for various gate voltages, as illustrated in Figure 5.3. In reality, due to
two-dimensional effects, V) tends to increase slowly when the inversion coefficient IC is
increased.

5.1.3 Equivalent Circuit

The small-signal equivalent circuit of the transistor, which corresponds to equation (5.21), is
shown in Figure 5.4.

The three transconductances discussed in Section 5.1.1 are represented by voltage-
controlled current sources (VCCS) of adequate sign connected between the source and drain
nodes. The residual conductance in saturation G, introduced in Section 5.1.2, is connected
in parallel. Note that the small-signal schematic of Figure 5.4 includes only the intrinsic com-
ponents of the transistor.

The expressions of the intrinsic parameters, derived previously as function of bias voltages
and/or currents, are summarized in Table 5.1 for weak and strong inversion.

A new parameter Ay . defined by

s Gums
Av max —
Gds

(5.24)

is introduced at the last row of this table. It is the maximum voltage gain available from the
transistor in common gate configuration (driven from the source with AVg = 0). Indeed, if

Gn AVg

Go—

Gns AVs

1 ' Alp
ave| ST GreAver——P

AVs Gus AVb

v
Bo na oB

Figure 5.4 Small-signal dc equivalent circuit
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Table 5.1 Summary of small-signal parameters

Small-signal parameter Weak inversion Strong inversion
Gusa Ier np(Ve — Vsp) = - \/ 2nBlIrr
' Ur ' W —Vsp '
1 .
Gnm ﬁ Linear: B(Vp — Vs)
- _ 2 _ Ip _ . /2BIp
Saturation: 8 Vpgs = Vs = nUs JIc - T

G Irr Irr

ds VM VM
A M 2V _ _Wu

v max Ur Vbssa — Uy A IC

the device is forward saturated (hence G,q = 0), then the whole current variation G,s AV
flows through G, and the drain voltage variation is

AW —(1+Gmg
b G

> AVs = (1 + Avmax) AVs, (525)
ds

where the term “1” can be neglected. In common source configuration (driven from the gate
with AVs = 0), Gy is replaced by G, and the maximum (negative) voltage gain is Ay max /7.

5.1.4 The Normalized Transconductance
to Drain Current Ratio

The source and drain transconductances can be written as a function of the forward and reverse
current respectively by using (5.11), resulting in

Gus = Gspec qs = Gspec

Zif Gspec ( .
- Vair+ 1 — 1), 5.26
Nz R ot (5.262)

2i G -
Gng = Gspec qd = Gspec «/ﬁ 1 = 3)60 (\/ 4i. +1— 1) (5.26b)
r

The above equation (5.26a) can be used to derive the important transconductance to current
ratio

Gms UT _ Gms qs 1

— - = — — , 5.27)
Ir Gspec 33 qs +qs qs + 1
which can also be written in terms of the forward normalized current
G Ur ~ 2 B 1 for iy < 1 (5.28)
Ir Vadir+1+1 1/4/iy  for i > 1.
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Figure 5.5 G Ur/Ir versus forward normalized current: (a) comparison between the asymptotes,

a numerical calculation and the analytical expression; (b) comparison between analytical expression
and results measured on several long-channel devices in saturation from different technologies

In forward saturation, Ip = Ir and G,s = n G, and hence

GmS UT Gm n UT 2
= = . 5.29
Ip Ip Jais+ 141 ( )

Equation (5.29) is plotted versus the normalized forward current in Figure (5.5a) together
with the unity asymptote valid in weak inversion and the 1/4/is asymptote valid in strong
inversion. It perfectly matches the symbols obtained from a numerical simulation with I}, =
0.7/V. Figure (5.5b) shows the same transconductance to drain current ratio characteristic
compared to results measured on several technology generations. It is interesting to note that
the transconductance to drain current ratio characteristic given by (5.29) is independent of any
process parameters (except of course those used for normalizing the forward current).
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Figure 5.6 Variation of transconductance-to-current ratio and maximum voltage gain with inversion
coefficient: (a) from charge model (5.29); (b) from approximation (5.30)

Equation (5.29) is also plotted as curve a in Figure 5.6. It shows that in weak inversion, the
transconductance is within 1% of its asymptotic unity value given by (5.20) for /C <« 0.01,
and 10% below it at /C = 0.12. In strong inversion, the transconductance is 10% below its
asymptotic value (5.18) at IC = 23, and within 1% of it only for /C > 2500. For IC = 1, the
transconductance is only 62% of the value obtained from either asymptotes. Hence the range
of moderate inversion where the full continuous equation (5.29) must be used depends on the
required precision.

Curve b in Figure 5.6 is the variation of transconductance obtained from differentiation of
the mathematical interpolation of the current (4.39) from weak to strong inversion:

U Ur  1—exp(—T0)
Gons I—T = G ”I—T - %. (5.30)
F D

in saturation

By introducing expression (5.22) of the residual output conductance in saturation, the
maximum voltage gain defined by (5.24) becomes

Gms VM
Ir

Ur Vm
Ir U’

(5.31)

Av max — ms

Figure 5.6 therefore also represents the variation of A, ,,x normalized to its maximum value
VMm/ Ut obtained in weak inversion. This degradation of A, n,x with the increase of inversion
coefficient IC is only slightly attenuated by the slow increase of V) mentioned at the end of
Section 5.1.2.

The transconductance-to-drain currentratio is very useful in analog circuit design. It actually
shows how much transconductance you get for a given current and can therefore be used as
a figure of merit for evaluating the current efficiency of any device including circuits such as
operational transconductance amplifiers (OTA). From Figures 5.5 and 5.6, we clearly see that
weak inversion offers the highest current efficiency, whereas in strong inversion it decreases
as 1/4/i;. It is important to note that the transconductance-to-drain current characteristic is a
ratio; i.e., the transconductance of a given device can always be made larger in strong inversion
than in weak inversion by increasing the bias current, but obviously this comes at the price of
a lower current efficiency.
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Figure 5.7 The transconductance on drain current ratio characteristic used for sizing a device

As explained by Figure 5.7, the transconductance-to-drain current ratio can be used to size
a particular device. Assume you have a certain bias current available and you want to bias a de-
vice in saturation in the middle of the moderate inversion with /C = iy = 1. Knowing the bias
current and the inversion factor, you can deduce the specific current Igpec = Ip/IC and then the
W/L ratio from Igpe.. You still need another criterion to select independently the W and the L (it
could be noise, gain, etc.). You can then calculate the normalized transconductance to be about
0.62 and the actual transconductance tobe G, = 0.62 Ip/(n Ur). Less trivial, if you want a cer-
tain transconductance for a given bias current, you can compute the transconductance-to-drain
current ratio, say 0.8 in this case and deduce the inversion factor to be about 0.3. Knowing the
bias current you can extract the specific current I and then the W/L ratio as explained above.

5.2 A GENERAL NQS SMALL-SIGNAL MODEL

The small-signal equivalent circuit described in Section 5.1 is valid only at low frequency
(actually at dc to be correct) and hence does not account for the small-signal dynamic behavior.
Now each time a terminal voltage is changed, the current changes by a certain amount. In order
for this current to change, the inversion charge density within the channel has to change. This
means that some incremental charges are either brought to or taken away from the static
inversion charge density. This gives rise to transient charge flows (or ac currents) that are
obviously not accounted for in the static small-signal model described in Section 5.1. They can
be modeled by several capacitors which would result in the QS small-signal model described
in Section 5.3. But since the latter is only a first-order approximation of a more general NQS
model, we prefer to first derive the general NQS small-signal model and then its first-order QS
approximation. In many textbooks, the QS small-signal model is derived first and then extended
to the NQS model. But this requires some tedious calculations and difficult explanations that are
completely avoided when starting from the general, but more complex, NQS model. Therefore
we will start with a description of a very general NQS small-signal model.

The QS and NQS operations are delimited by the QS frequency wgs corresponding to
the intrinsic channel time constant g 21 /wqs. The normalized QS frequency’ Qg is bias

! Here the actual frequency is denoted by a small cap, whereas its normalized value is denoted with an upper cap. This
is an exception to the rule used throughout the book, namely that normalized variables use small caps.
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dependent according to [44]:

Q.2 Wgs A Tspec 30 (gs + qa + 1)3 (5.32)
s — - - ’ .
T Ogpec Tgs 4q2 + 492 + 129sqq + 10gs + 10gq + 5
where
1 a M UT
Do, = — A . (5.33)
spec Tspec L2

The QS channel cutoff frequency wqs can be used as a figure of merit since it represents the
ultimate frequency that the intrinsic part of the MOS transistor can reach without accounting
for the extrinsic components such as the overlap capacitors that further decrease this frequency
and are accounted for in the transit frequency f; discussed in Section 11.3.1. Notice that wgpec
scales like 1/L?, therefore increasing quadratically when reducing the transistor length. This
feature is one of the driving force for CMOS downscaling to achieve faster circuits and also
use CMOS for RF circuits.

In saturation (gs > qa), (5.32) reduces to

13 6 (weak inv.)
Qs = 30 @+ _ (5.34)

492 +10gs + 5 Lg=YVi=2 V"U;TVS (strong inv.).

From (5.34), we see that in weak inversion wqs = 6wspec = 614 Ut/ L?, which is constant
and determined only by the mobility and the transistor length. Note that in weak inversion,
Tgs = 1/wqs corresponds to the transit time of the carriers diffusing from source to drain.
In strong inversion, 24 is proportional to g or to /it or to the saturation voltage Vp s =
Vp — Vs.

For Vp = Vs (or equivalently g; = ¢qq), (5.32) reduces to

Qg =6 2g5 + 1). (5.35)

The normalized QS frequency €2 is plotted versus the inversion factor ir in Figure 5.8(a)
which clearly shows the weak and strong inversion asymptotes. Notice that in strong inversion
and for Vp = Vs, Q¢ is 1.6 times larger than in saturation for the same inversion factor. 24 is
also plotted versus the normalized pinch-off voltage v, in Figure 5.8(b) for different values of
the normalized drain voltage ranging from vg = 0 to vg = 100, corresponding to saturation.
Also shown is the strong inversion asymptote 15/4 vy,

The NQS analysis will not be detailed here, since it is rather lengthy. It can be found in
[38,44,78]. The most important result of the latter analysis is that the NQS small-signal behavior
can be represented by the equivalent small-signal circuit presented in Figure 5.9. This circuit is
made of five admittances, three connected to the gate (Ygsi, Ygpi, and Ygp;) and two connected
to the bulk (Ygs;, Ypp;) not accounting for Ygp; and three transadmittances Yy, Yins, and Ying
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Figure 5.8 Intrinsic QS normalized frequency versus inversion factor (a) and versus pinch-off voltage
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Figure 5.9 The complete intrinsic NQS small-signal equivalent circuit
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connected between drain and source and controlled by the gate, source, and drain voltages
respectively. These three transadmittances are modeled by three VCCS defined by [44,78]

Im 2 Y AVG, (5.36a)
Ims £ Yms AVSa (536b)
Ind 2 Yid AVp. (5.36¢)

Note that these admittances and transadmittances have real and imaginary parts.
In the same way there exists a relation between G, Gns, and G (see equation (5.9)), it
can be shown that the same relation also holds for the transadmittances, namely [44, 78]

Y —_
Yy = e md (5.37)
n

which reduces to (5.9) for v < wgs.

Note that we need to know only one transadmittance to deduce the other two. Indeed,
assuming we know Y,,,s, we can deduce Yp,q by using the symmetry property of the device; i.e,
Yma can be calculated using the same equation used to calculate Y;,s but after permuting Vg
and Vp (or if and i; or g5 and gq). Knowing both Yy, and Y,,,4, we can compute Yy, using (5.37).

The gate-to-bulk admittance is related to the gate-to-source and gate-to-drain admittances
by the following fundamental relation [38,44,78]:

n—1 .
Ygpi = " (j wCox — Ygsi — Ygpi) » (5.38)

where Cox 2 W L Co. In addition, the bulk-to-source and bulk-to-drain admittances are
related to the gate-to-source and gate-to-drain admittances by [38,44, 78]

Ysi = (n — 1) Yasi, (5.39a)
Ygpi = (n — 1) Yopi. (5.39b)

As for the transadmittances, knowing only one admittance is enough to calculate the four
other ones. For example, if we know Ygsi, we can calculate Ygp; by symmetry, Yps; and Ypp;
using (5.39) and finally Ygp; by using (5.38).

The NQS intrinsic small-signal model shown in Figure 5.9 is therefore fully characterized
for a given operating point when one transadmittance and one admittance are known. All the
other components are deduced either from symmetry or by using (5.37), (5.38), and (5.39). In
addition, it can be shown that the transadmittances can always be written as the product of the
dc transconductance, which accounts for the bias dependence, times a common normalized
function &,[6(gs, ga)], which accounts for the frequency dependence [44,78]

Yis = Gms Sm[Q(QSa ‘Zd)]’ (5403)
Yind = Gmd %-m[e(CIdv QS)]’ (540b)

where 0 = w/wys = wtys. Notice the symmetry property illustrated by the swapping of the
position of the g5 and g4 variables as arguments of 6 in (5.40).
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The exact derivation of the normalized function &, is a bit tedious and will not be de-
scribed here. The detailed calculation can be found in [38,44,78]. Nevertheless, a very good
approximation of &, valid in any mode of inversion is given by [44]

A
§m = m, (5.41)

with A £ (1 4 j) +/36. Note that for 6 < 1, (5.41) can be approximated by a first-order func-
tion [44]

1
1+ j oty

12

Em for w1y, < 1. (5.42)

The magnitude and phase of function &,, are plotted versus the normalized frequency in
Figure 5.10(a) (plain line) and compared to the first-order approximation (5.42) (dashed line)
and also the second-order approximation (dashed-dotted line). Figure 5.10(a) shows that the
first-order model can be used up to about & = 1 for both magnitude and phase. For 6 > 1,
the second-order model can be used up to about & = 3 and the full function has to be used
above. The dash-double-dot curve corresponds to the QS model and will be discussed later in
Section 5.3.

The &, function has been checked against measurements made on several devices and at
different biases [44]. An example of such measurements made on a long-channel (L = 10 um)
N-type device in saturation is shown in Figure 5.10(b) for different gate bias ranging from

10E 7 10 g
E P E —— Theory
. F 7 E F —— Measurements
£ I e ] .= I
) I - 1 wr 1 E
g 3 o 2
= E ‘E“ - NMOS in saturation
. 0.1 FL=10um
] F Vz=0.5,06,0.7,0.38,
r 0.9,1.0,1.2,15V
10 001 1 1 IIIIIII 1 1 1 1 111
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1 10

 — Full ngs function
I —-- 1Storder approx. Q
90} - - - 2nd-order approx.
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wh L i
5 o :
< [ TTTSSse. S ]
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Figure 5.10 Normalized transdmittance function &, versus normalized frequency. (a) Evaluated
from (5.41). The line corresponds to the approximations given by (5.41), the dashed line corresponds
to the first-order approximation given by (5.42), and the dashed-dotted line corresponds to the second-
order approximation. (b) Comparison with measurements made on an N-channel device measured at
different biases and properly normalized
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Vs = 0.5 to 1.5 V. This plot clearly shows that after proper frequency and bias normalization,
all the curves corresponding to the different bias conditions fall on the same normalized &,
curve. It also demonstrates that the NQS transadmittances are fully characterized by the single
normalized function &,.

Similarly, the Ygs; and Ygp; admittances can be written as a product of a bias-dependent
capacitance (representing the QS approximation) times a common normalized function

§:[€2(gs, qa)]

Ysi = j @Casi(gs, qa) §c[0(gs, ga)]l = j @Cox cc(gs, qa) §c[0(gs, ga)],  (5.43a)
Yopi = j 0Casi(qa, gs) &c10(qa, g5)] = j @wCox cc(qa, gs) &c[0(qa, )],  (5.43b)

where c.(gs, gq) is the normalized gate-to-source intrinsic capacitance

(5.44)

» Cosi qs 2qs +4qq+3 2/3  instrong inv. and sat.
ce(gs, qa) = = =

Cox 3 (gs+qa+1)? gs  inweak inv. and sat.

A good approximation for the normalized function &. used for the admittances is given
by [44]

B £(0)
fo= - _ , (5.45)
Vo +(1—0)E(6/2)
with
= a A COsh(R) —1
§c=2 m (5.46)
and
N 107 (r + 2)2 32
¢ {90 D3t 1>} ’ G47

where r is defined as

1/2 j 1/4
réQs"‘ / _ l.f+ / ) (5.48)
qa+1/2 ir+1/4

Note that r is much smaller than 1 for g, < 1 < ¢qq, corresponding to strong inversion and
reverse saturation, it is equal to unity when g, = gq or when both ¢y < 1 and ¢4 < 1 (corre-
sponding to weak inversion), and finally r is much larger than 1 for gy <« 1 < g5, corresponding
to strong inversion and forward saturation. Function & is plotted in Figure 5.11(a) versus the
normalized frequency 6 £ 74s for different values of . For 6 < 1, & = 1 and therefore the
admittances increase proportionally to 6. For @ > 1, & o< 1/+/0 meaning that the admittances
then only increase proportionally to /8. The proportionality factor depends on the parameter
r. As shown in Figure 5.11(a), there is a small difference between the forward mode and
the reverse mode, particularly on the phase, but in forward mode, there is very little differ-
ence between weak (r = 1) and strong inversion (r 3> 1) since p only varies from 1 to 1.17.
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Figure 5.11 Normalized admittance function &, versus normalized frequency. (a) Evaluated using
(5.45) to (5.48) for different values of » with r = 0 and 0.1 corresponding to strong inversion and
reverse saturation (gs < 1 < qq),r = 1 corresponding to weak inversion and r = 400 corresponding
to strong inversion and forward saturation (¢4 < 1 < ¢s). (b) Different approximations of &. (for
r = 1). The line corresponds to the first-order approximation given by (5.49) and (5.45) and the dashed-
dotted line corresponds to the second-order approximation. (¢) Comparions with measurements made
on a P-channel device measured at different biases and properly normalized
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Therefore, in forward mode, &. can be approximated by & given by (5.46), which can be further
approximated by the following first-order function:

_ 1
=1 1. 5.49
e jorgr e < (5.49)

12

1

The latter approximation is similar to the transadmittance approximation (5.42) except that
the pole is a factor 2 higher than wy. Function €. is plotted versus the normalized frequency
in Figure 5.11(b) together with the first-order approximation (5.49) (dashed line) and also the
second-order approximation (dashed-dotted line). As for the transadmittance approximation,
the first-order admittance approximation can be used up to about & = 1 and the second-order
approximation up to about 8 = 3.

As shown in Figure 5.11(c), the normalized admittance function &. has been validated
against measurements made on a 300 pm x 300 pum P-channel MOS transistor integrated in a
0.35 wum CMOS process and biased at different overdrive voltages. The fact that all the measured
points fall onto the same curve illustrates the strength of the bias and frequency normalization
processes.

A simpler approximation of both the transadmittances and the admittances will be given in
the next section and will lead to the QS model.

5.3 THE QS DYNAMIC SMALL-SIGNAL MODEL

5.3.1 Intrinsic Capacitances

As mentioned in the previous section, for 6 = w 74 < 1, the NQS function for the admit-
tances &, is about equal to unity and the admittances reduce to the intrinsic capacitances. The

normalized gate-to-source and gate-to-drain intrinsic capacitances are derived from (5.43) and
(5.44) with &, =1

Casi qs 2qs+4q4+3

casi 2 = co(qs, =20 I - 5.50a

G5 = o o(gs: qa) = 3 Gt dat 1P (5.50a)
Copi qd 2qqa+4qs+3

copi 2 =cqq,qs) = — — " = 5.50b

GD COX C(Qd QS) 3 (qs+qd 1)2 ( )

whereas the gate-to-bulk, source-to-bulk, and drain-to-bulk intrinsic capacitances are derived
from (5.38) and (5.39) respectively

» CoBi n—1

CGBi = = (1 — cGsi — cGpi)s (5.51a)
Cox n
C .

cosi 2 =2 = (n— 1) casiv (5.51b)
Cox
Cgpi

capi 2 =2 = (n — 1) cpi- (5.51¢)

Cox
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Figure 5.12 Normalized intrinsic capacitances versus the pinch-off voltage (a) and versus the drain
voltage (b)

They are plotted in Figure 5.12 for I}, = 4 /Ut and ¥, = 30 Ur, together with the total gate
capacitance

1
cGi = ¢Gsi + ¢opi + CGBi = . (n — 1+ cgsi + cgpi), (5.52)

where (5.51a) has been used.
Figure 5.12 also shows the approximate values of the intrinsic normalized capacitances in
strong inversion and saturation

: (5.53a)
: (5.53b)
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n—1
cGBi = , (5.53¢)
3n
2
CBSi = (n — 1) g, (553(1)
CBDi =0. (5536)

Figure 5.12(b) also shows that for vqg = v, cgsi = cgpi and cgsi = cpp;. It might be surpris-
ing that cgsi and cgp; are not exactly equal to 1/2 for vg = vy = 0 in Figure 5.12(b), but cgg;
and cgp; are actually only equal to 1/2 asymptotically in very strong inversion and a little below
1/2 in strong inversion.

In weak inversion, the normalized intrinsic capacitances are given by

cGsi = gs, (5.54a)
cGpi = qd» (5.54b)
n—1
CGBi = , (5.54¢)
n
cgsi = (n—1) g, (5.54d)
cgpi = (n — 1) gq. (5.54¢)

Since in weak inversion g; < 1 and g4 < 1, the intrinsic capacitances are dominated by cgg;.

5.3.2 Transcapacitances

In the QS regime, 6 = w 74y < 1 and the first-order transadmittance function (5.42) can be
further approximated as

Y, Y,
= G: — G—“ﬂi =] jors  for ot < 1. (5.55)

The source transadmittance can then be written as
Yins = Gs (1 — ] wtqs) =Gps — ] @ G Tgs = Gms — ]w Chs, (5.56)

where Cps 2 Gins Tys 18 defined as the source transcapacitance. A transcapacitance is similar
to a transconductance except that the output current is proportional to the derivative of the
control voltage instead of the control voltage itself. Similarly, the drain transadmittance can
be written as

Yid = Ga (1 — jwtgs) = Gg — j @ Crg, (5.57)

with Cpg £ Gna 74s being the drain transcapacitance. Using (5.37), the gate transadmittance
is then given by

Y = G (1 — j 0Tq) = G — j @ Cn, (5.58)
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with C, £ G, 145 being the gate transcapacitance which is related to the source and drain
transcapacitances by

Cms - Cmd
Cp = 25— —md, (5.59)
n

The QS approximation of &, given by (5.55) is also plotted versus 6 in Figure 5.10. The
phase is identical to the first-order approximation (5.42), but as shown in Figure 5.10, the
magnitude increases proportionally to 6 instead of decreasing. This is a clear limitation of
the QS approximation. It is important to note that any charge-based model implemented in
a circuit simulator such as Spice without specific NQS model will show this behavior. It is
therefore important to remember that the QS model is valid only to about a fraction of the QS
frequency wqs (typically wq/3).

By definition, the QS time constant is related to the transconductances and transcapacitances
by

Cms Cmd Cm

= _ - (5.60)

Tgs — ——
¢ Gms Gmd Gm

From (5.32) and (5.4), we can derive the expression for the source and drain transcapacitances

2 Cos _ 45 497 + 4495 + 12q.qa + 10gs + 10ga + 5

Crmns = 3 , (5.61a)
Cox 15 (gs + qa + 1)
C 4% + 4g3 + 12 10 10 5

oy & Cmd _ ) dd 944 1494 + 12g5q4 + zs+ g4 + ’ (5.61b)
Cox 15 (qS +qq + D

A Cn qs — qd 4qs2 + 4q§ + 12¢sqq + 10gs + 10gq + 5

Cp = — = 3 . (5.61¢)

Cox 15 (gs +qa + 1)

They are plotted versus v, and vg in Figure 5.13 for I, = 4 /Ut and ¥ = 30 Ur. As shown
in Figure 5.13, the approximate values in strong inversion and saturation are given by

4
Cms =n E’ (562&)
emg =0, (5.62b)
4
en = 15 (5.62¢)

It is important to note that these transcapacitances are of the same order of magnitude than
the intrinsic capacitances and therefore cannot be neglected. We will see in Section 12.2 that
neglecting, for example, Cy, can lead to a large phase error on Yy, at RF (see Figure 12.3).

5.3.3 Complete QS Circuit

The complete QS intrinsic small-signal schematic is shown in Figure 5.14, where the transad-
mitances are modeled by three VCCS defined by (5.36) with Yy, Yy, and Yig given by (5.58),
(5.56), and (5.57) respectively.
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Figure 5.13 Normalized transcapacitances versus the pinch-off voltage (a) and versus the drain
voltage (b)
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Figure 5.14 The complete intrinsic QS small-signal equivalent circuit
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5.3.4 Domains of Validity of the Different Models

It is important to clearly understand the domains of validity of the three small-signal models
shown in Figures 5.4, 5.9, and 5.14. The dc small-signal model of Figure 5.4 is strictly valid
only at w = 0. Now it can be used for many low-frequency circuit analyses to evaluate for
example the dc gain. It can also be used when extrinsic capacitors, including interconnects,
dominate, as is often the case.

It is important to notice that very often the frequency limitation is not given by the intrinsic
QS frequency but by the parasitic extrinsic elements or by some other component such as a load
capacitor. Actually it is mainly when working at RF that the intrinsic frequency limitations
become important and should be accounted for. But even at RF, the NQS regime should
be avoided and therefore the NQS small-signal model of Figure 5.9 is seldom used. There
are nevertheless some cases where the device might operate in NQS mode. For example, in
some circuits like G,-C filters where nonminimum length P-channel transistors are used in
the current mirror of the transconductor, the combination of nonminimum length and lower
mobility of P-channel device might drive the device close to the NQS regime. The additional
phase shift introduced by the NQS effect in the current mirror might then change the frequency
behavior of the filter. It is therefore important to check whether any device operates close to
the NQS regime. Also, increasing the QS frequency can simply be done by increasing the
bias current at the cost of a higher power dissipation and a possible increase in the minimum
required supply voltage in order to adapt for the increase of Vpggy. It is then useful to evaluate
the QS frequency and set it at a frequency just high enough for avoiding any NQS effects but
without increasing the bias current prohibitively in order to maintain the power consumption
as low as possible.

Another situation where NQS effects might appear is when very fast clock signals are used
with very steep slopes. At the start of the step signal, the transistor might momentarily be
driven into NQS regime. Although this is usually a large-signal transient problem, it might be
useful to discuss it here.

Although it is possible to derive an exact small-signal solution, it is much more difficult
(maybe even impossible) to derive an analytical large-signal NQS model. Only first- or second-
order approximations have been derived up to now [79]. On the other hand, large-signal
transient simulations can be done quite easily by simply cutting the transistor channel into
several slices [80]. This can easily be done by replacing in a circuit simulator a single transistor
by a cascade of N fictitious transistors in series each having a length L/N, where L is the
length of the original transistor [80]. This is illustrated in Figure 5.15(a), where 10 transistors
connected in series have been used. Of course, the middle transistors should model only the
intrinsic part of the device and hence all the extrinsic components such as the overlap capacitors
and the access resistors have to be sized accordingly. In the following example, we simulated
only the intrinsic behavior and therefore all the transistors include only the intrinsic part. The
transistor is biased in strong inversion with a 1-V gate and drain voltage, corresponding to Vg —
Vo = 0.4V or IC = 28. The source voltage is biased at O V. To illustrate the NQS behavior,
a negative step voltage of —100 mV is applied at the source as illustrated in Figure 5.16.
Figure 5.15(b) shows how this step voltage propagates along the channel from the source
to the drain. It clearly shows that the effect on the channel voltage close to the drain is not
instantaneous and it takes some time for the step to reach the drain. The source and drain currents
Is and Ip are plotted versus time in Figure 5.15(c). It shows that the source and drain currents
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Figure 5.15 (a) NQS transient simulations by slicing the channel of a single transistor of length L
into several intrinsic transistors in series having a length equal to L /N. (b) Voltages along the channel
due to a step voltage at the source. (c) Drain and source currents due to the step voltage at the source.
(d) Zoom on the QS drain current showing the negative Dirac impulse occurring at the origin
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Figure 5.16 NQS transient simulations and drain and source currents showing the charge deficit at
the drain
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are not equal and that the drain current lags the source current. This situation is reproduced
in a slightly larger scale in Figure 5.16. Note that the area between the source current (top
curve) and the drain current (lower curve) represents charges that actually never reach the drain
and therefore constitutes a charge deficit at the drain.

The result obtained from the QS model of a single transistor with the same total length
and bias is also plotted in Figure 5.15(c). As expected from the expression of the source
transadmittance (5.56), the response to this step voltage is a large negative peak (actually a
Dirac impulse) corresponding to the derivative of the input voltage due to the transcapacitance
part of the source transadmittance, followed by an instantaneous change of the drain current
due to the transconductance part of the source transadmittance. Since the QS model ensures
charge conservation, the negative spike represents the charge deficit at the drain observed in the
NQS simulations but these charges are actually taken away from the drain current immediately
instead of not reaching the drain as is the case in the NQS simulation. This is illustrated in
Figure 5.15(d), where the QS drain current /p(QS) shown in Figure 5.15(c) has been zoomed
out to show the negative impulse. Notice the large value of the negative impulse amplitude
which in some cases may give rise to simulation (convergence) problems.

Also plotted in Figure 5.15(c) is the result obtained from the time domain equivalent of the
first-order NQS approximation given by (5.42). As expected it differs from the NQS simulation
at small time values but then follows quite nicely the NQS simulation after about 150 ns. The
major difference with the QS simulation is that the spike has now disappeared, avoiding any
simulation problems. Note that the second-order NQS approximation would of course give an
even better result.






6 The Noise Model

This chapter is dedicated to the modeling of the noise in the MOS transistor focusing mainly on
the intrinsic part and assuming that the device has a long channel and hence does not account
for short-channel effects which are described in Section 9.4. There are mainly two kinds of
noises coming from the channel region, namely the thermal noise and the flicker or 1/ f noise.
Both can be described by a local noise source which depends on the position along the channel.
Section 6.1 shortly presents the different methods to calculate the power spectral density (PSD)
of the drain current fluctuations, by integration of the local noise source along the channel. The
method will then be applied for both the thermal noise and the flicker noise. The low-frequency
thermal noise is then derived in Section 6.2. The thermal noise parameter is defined as the ratio
of the drain thermal noise conductance to the output conductance at Vp, = Vg (or equivalently
the source transconductance), and the thermal excess noise factor is the ratio of the drain
thermal noise conductance and the gate transconductance. The use of these two parameters is
illustrated by several circuit examples. Section 6.3 is devoted to flicker noise, which arises from
several sources: the fluctuation of the number of mobile carriers in the channel, discussed in
Section 6.3.1, the fluctuation of the mobility, presented in Section 6.3.2, and finally the flicker
noise coming from the access resistances, described in Section 6.3.3. The bias dependence of
all the three noise sources is particularly emphasized. All three contributions are compared
in Section 6.3.4 using measured data from the literature. Finally, the scaling properties of the
flicker noise are discussed in Section 6.3.5.

6.1 NOISE CALCULATION METHODS
6.1.1 General Expression

The origin of noise is related to local random fluctuations of the carrier velocity or the carrier
density. These local fluctuations can be modeled by adding a random current to the local dc
current as shown in Figure 6.1(a). They then propagate to the terminals resulting in fluctuations
of the voltages or currents around the dc operating point. There are clearly two different parts in
the noise analysis: the microscopic part which consists in deriving the statistics of the stochastic

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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Figure 6.1 Equivalentcircuits of the MOS transistor noisy channel illustrating different noise analysis
approaches. (a) The Langevin method used by Klassen and Prins [81], where a distributed noise
source is added to the differential equation giving the drain current. (b) Circuit obtained from (a) after
linearization of the differential equation and keeping only the first-order terms. (c) Equivalent small-
signal circuit approach: since the circuit of (b) is linear, the effect of each local noise source on the
drain current fluctuation can be calculated separately and summed at the drain. (d) The impedance field
method, where the current response 6/ at the drain due to a current 8/, injected at position x along
channel and the corresponding current A;(x) £ 5Ip/81, are calculated. The noise is then evaluated
from the derivative of A;(x) with respect to x
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process such as the velocity fluctuation and translating it into a variation of the local current,
and the macroscopic part which consists in calculating the response of the terminal currents
(or voltages) to these fluctuations or in other words how these local fluctuations propagate
to the terminals and produce variations of the terminal voltages or currents. In this part we
will mainly focus on the macroscopic part, namely finding a common expression for the PSD
of the drain current fluctuations due to all the microscopic local noise sources located in the
channel. At this stage, it is important to point out that these local fluctuations are always small
and consequently, the analysis of the propagation of the noise sources to the terminal voltages
or currents reduces to a linear analysis. Hence, the principle of superposition can be applied
for adding the effects of all the noise sources along the channel. In principle, since these noise
sources are random process, they might be spatially correlated, which should be accounted for
when summing their effects. However, in all of the cases discussed below, it will be assumed
that the local sources are spatially uncorrelated and therefore their PSD can be summed.

Several methods have been used for the calculation of noise in the MOS transistor. A de-
tailed description of all these different methods goes beyond the objective of this book, but they
will be briefly illustrated below. The first approach is based on the Langevin method and was
used by Klaassen and Prins [81] initially for deriving the thermal noise and was then extended
by Klaassen to also account for the flicker noise [82] and by Langevelde to include also the
induced gate noise [83]. It starts with the differential equation giving the drain current (4.5), to
which a Langevin noise source 81, (x, ¢) is added as shown in Figure 6.1(a). This distributed
noise source depends on the position along the channel and induce channel voltage fluctuations
OVy(x, t) that should normally be accounted for if the 87,(x, t) would be large-signal fluctu-
ations. Since these voltage fluctuations are much smaller than the thermodynamic voltage, the
current differential equation can be linearized, resulting in the equivalent small-signal circuit
shown in Figure 6.1(b). Since this equivalent circuit is now linear, the superposition principle
can be used. The problem can then be reduced to isolating a single noise source in the
channel and calculate its effect d/,p on the drain terminal current as shown in Figure 6.1(c).
The total effect is then obtained by summing the contributions of all the noise sources along
the channel assuming they are spatially uncorrelated. This latter approach will be called the
equivalent small-signal circuit approach." Note that a similar transmission line approach has
also been used [84]. A third approach is the impedance field method (IFM) initially introduced
by Shockley [85] and modified afterward by van Vliet [86,87]. As illustrated in Figure 6.1(d),
the channel is excited by a current 8/, at position x along the channel, and the current response
8 1Ip at the drain terminal and the corresponding current gain A;(x)AdIp /81, are calculated. The
noise due to the local noise source at position x is then evaluated from the so-called impedance
field® corresponding to the derivative of the current gain with respect to x at each position.
Taking the derivative with respect to position corresponds actually to taking the difference
between the current gain at positions x + Ax and x, which is illustrated in Figure 6.1(e). If 67,
is set equal to the local noise source d1,,(x), then the equivalent circuit of Figure 6.1(e) reduces
to the circuit of Figure 6.1(c). The IFM is therefore equivalent to the small-signal circuit
approach. A more rigorous demonstration shows that actually the three approaches mentioned
above are equivalent [156].

1t is sometimes also called the two-transistor approach.

2 The name impedance field comes from the fact that the terminal voltage fluctuations were initially evaluated resulting
in a gain between the excitation current and the voltage fluctuation that has the dimension of an impedance (it is actually
a transimpedance).
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dlp

o

Figure 6.2 MOS transistor cross-section with an infinitesimal noisy piece of channel between points
x and x + Ax and split into two noiseless transistors M, and M,

In the following, we will derive a general analysis based on the more intuitive equivalent
small-signal circuit approach, offering a common framework for the treatment of both thermal
and flicker noise.

To start, let us assume that the channel is noiseless except for a slice of the channel comprised
between positions x and x + Ax which is noisy and has a resistance A R as shown in Figure 6.2.
The microscopic noise due to the channel slice is modeled by a current source 6/, having a
PSD S5,;2 and connected between x and x + Ax in parallel with the resistance AR of the slice.
Note that a current source (Norton source) is used because the physical origin of noise is a
random fluctuation of the carrier velocity and/or charge density, resulting in fluctuations of
the local current which is then represented by a noise current source added to the dc current.
The transistor can then be split into two noiseless transistors on each side of the noise current
source, namely transistor M; of length x on the source side of point x and transistor M, of
length L — x on the drain side. As mentioned above, it can be assumed that the noise voltage
OV, across resistance AR is much smaller than Ut and therefore a small-signal approach can
be used. Both transistors M, and M, can then be replaced by their low-frequency small-signal
equivalent circuits. For frequencies much below the channel cutoff frequency wqs (see equation
(5.32) for definition), the capacitive coupling can be neglected. As illustrated in Figure 6.3,
the equivalent circuits of transistors M; and M, reduce to two simple conductances, of values
G, £ G 41 on the source side and G4 £ G s on the drain side. Since AR can obviously be
neglected compared to the series connection of G and G, the drain current fluctuation 6/,p
is then given by

OIp = G ARSI, 6.1)

where conductance G, corresponds simply to the series connection of G and G4

1 a 1 n 1
Gan(x)  Gs(x)  Ga(x)’

(6.2)
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Figure 6.3 Two-transistor equivalent circuit used for low-frequency noise calculation

Note that both G and G4 and hence also G, depend on the position x of the local noise
source. The noise source 1, also depends on the position x along the channel and might also
depend on frequency w (for example when considering 1/ f noise).

The PSD of the drain current fluctuations due to noise current source 07, is then given by

S5 (@, x) = GG(NAR (x)Ss2 (@, x). (6.3)

The PSD of the total noise current fluctuation at the drain S 4 ;2 due to all the different sections
along the channel is obtained by summing their elementary contributions Ss12, assuming that
the contribution of each slice at different positions along the channel remain uncorrelated. This
translates into integrating the elementary contributions over the channel from source to drain,
resulting in3

Ssrp@. %)

oy (6.4)

L
Sap (@) = / GZ,(x)AR*(x)
nD 0

Note that S5;2 has to be divided by Ax in (6.4) to represent the contribution of the noise current
source by unit length.

As explained above, we have chosen to represent the noise source by a current source
(Norton source) in parallel with the elementary section because it is closer to the physical
origin of noise. As shown in Figure 6.4, we could of course also use an equivalent noise
voltage source (Thévenin equivalent) defined by

5V, = ARSI, (6.5)
or in terms of PSD,

Ssv2(w, x) = AR*Ssp(w, X). (6.6)

3 Note that the contribution of one elementary slice to the drain current is written as § 572 » Whereas the total contribution
nD

of all the sections is written as S 4,2 .
D
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Figure 6.4 Two-transistor equivalent circuits: (a) using the original noise current source of Figure 6.3;
(b) circuit with an equivalent noise voltage source

The drain current fluctuation due to 8V, is then given as
Ss2 (@, x) = G4 (x)Ssv2(w, x). 6.7)

If the noise current sources 81, are spatially uncorrelated, so are the noise voltage sources
0V, and (6.4) becomes

Ssva(w, x) dx.

= (6.8)

L
Sap (@) = / G (x)
0

Equation (6.4) or (6.8) will be used below to derive the low-frequency thermal noise and
flicker noise PSD in Sections 6.2 and 6.3 respectively.

6.1.2 Long-Channel Simplification

Conductance G, is actually nothing else than the channel conductance G, at point x. If the
mobility is assumed to be constant, it is then given by

dlp

w
Geh = W = M(_Qz)f = Gspec qi, (6.9)

where Gpec £ Ispec/ Ur = 2nBUt. The resistance AR of a section, again assuming a constant
mobility, is given by

AV Ax
AR= — = ——.
I Wu(=0Qi)
Note that the derivation in the case velocity saturation and mobility reduction due to the vertical

field have to be accounted for is much more tedious and is presented in Section 9.4.
Combining (6.9) and (6.10) into (6.3) results in

(6.10)

Ax\?
SanD(a), x) = A Ssiz(w, x). (6.11)

The PSD of the total drain current fluctuation is then given by

L/ Ax\? Ssp(w, x) 1 [f
S () = ) 2 4= — [ AxS , x)dx. 6.12
AInD(w) /o (L) Ax Lz/o xSs2(w, x)dx ( )
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A more formal derivation of (6.12) is given in Appendix A2 at the end of this chapter,
following the approach of Klaassen and Prins [81]. Note that the above model ignored the
capacitive coupling of the noise generated in the channel to the gate. The latter will be analyzed
in the high-frequency noise model described in Chapter 13.

6.2 LOW-FREQUENCY CHANNEL THERMAL NOISE
6.2.1 Drain Current Thermal Noise PSD
The PSD of the drain current fluctuations due to thermal noise in the channel can be evaluated

using (6.4) or (6.8). The PSD of the noise current source of one section is then simply given
from (6.10):

4kT Wu(—0;
Sop = KT _ g V=20 (6.13)
" AR Ax
where k is the Boltzmann constant and T is the absolute temperature.
The PSD of the total drain current fluctuation S, 2 is obtained from (6.12) as
1 L
Sap, = 4kT - Gup = 4kTﬁ / Wul—Qi(x)] dx
0 (6.14)

w L
=4kT/L§/O [—Oi(x)]dx,

where it has been assumed that the mobility w is constant. The thermal noise conductance at
the drain G,p is then defined as

L Wt
GnDzuﬁ/o [~ Qitoldr = 101, (6.15)

where O is the total inversion charge in the channel given by

L
0= W/0 0i(x) dx. (6.16)

Hence, for a mobility that is independent of the electric field, the noise conductance is propor-
tional to the total inversion charge “stored” in the channel. Equation (6.15) can be written in
normalized form as

01
Qspec ’

A G ! A
g = —— =/ gi(§) -d§ = q1 = (6.17)
0

Gspec
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The total normalized inversion charge g; can be evaluated using the drain current expression
(4.21), repeated here for convenience

) dg;
is=—Qg+1) E’

and making a change of variable by expressing d¢ as

2 + 1
g = — q‘i:r dgi. (6.18)

Replacing d& in (6.17) by (6.18) results in

1 1 qd
& =q1 = / qi(§)dé = —a/ qi(2qi + 1)dgi =
0

) o ) (6.19)
_ 1445 4 3qs + 445q4 + 394 + 444
6 gs+qa+1 ’

where the expression of the normalized drain current (4.22)

ia = (q2 +qs) — (g3 + qa)

has been used.
For Vp = Vs (or g3 = gq) and in saturation (i.e., for gs > ¢qq), (6.19) can be simplified as

gs for Vp = Vs(gs = qa)
go=ai={ , (6.20)
gs 3;; 2 in saturation (g > qa).
In SI and saturation, g5 >> 1 and (6.20) reduces to
2
&nD = g1 = g‘Zs, (6.21)
In WI, ¢g; < 1 and g4 < 1, and (6.19) becomes
1 . .
g =q1 = E(‘Zs +qq) = E(lf + ip). (6.22)
The thermal noise conductance is then obtained as
Lipec is 4+ 1 Ir + I
Gup = Gypec §np = ;JL;CTI = U (6.23)
The PSD is then given by
Ir+ Ir
Spapz =4kT Gup = 4kT———— =2q (Ir + Ip), (6.24)
nD 2UT
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Figure 6.5 Thermal noise equivalent circuit with noiseless transistor
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which corresponds to full shot noise of both the forward and the reverse components of the drain
current [88]. This result might be surprising since the above derivation used the expression of
the local thermal noise and integrated its effect on the drain current over the channel. In weak
inversion the current is dominated by diffusion and, similar to a bipolar transistor, the noise
can be interpreted as shot noise related to the potential barriers at the source and the drain.
Nevertheless, it can be shown that expression (6.15) (or its normalized form (6.17)), which
was derived with the assumptions of thermal noise due to the channel conductance, is valid in
all regions of inversion [89,90].

Assuming that the channel thermal noise is the only source of noise within the transistor,
for frequencies much below the channel cutoff frequency wgs, the noisy transistor can then
be modeled as a noiseless device to which a noisy current source Al,p is connected between
drain and source as shown in Figure 6.5. This noisy current source has a PSD given by (6.14),
where the noise conductance G,p is given by

GnD = Gspec qr, (625)

where gy is given by (6.19).

6.2.2 Thermal Noise Excess Factor Definitions

Several thermal noise excess factors can be defined according to the definitions introduced
initially by van der Ziel [91]. The thermal noise parameter related to the drain terminal &,p is
defined as*

G
Sup 2 2, (6.26)
Gds()
where Gy is the drain-to-source conductance at Vpg = 0,
G0 = Gms = Gspec qs- (627)

4Van der Ziel initially used y for the thermal noise parameter defined by (6.26) and « for the noise excess factor
defined by (6.30). The most important noise excess factor from a circuit design point of view is the one given by
(6.30), which has been called y in many papers instead of « as it was defined initially by Van der Ziel [91]. We will
keep the circuit design definition of y and rename the Van der Ziel’s y as d.
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The &,p parameter shows how much the thermal noise of the active device deviates from
the value it takes when it operates as a passive resistor of conductance G 4. Since for Vpg = 0
the noise conductance G is equal to the channel conductance G 4, the noise parameter ,p
is then equal to unity.

Assuming constant mobility, (6.25) can be used together with (6.27) in (6.26), allowing d,p
to be written in terms of the normalized charges as

Sup = L. (6.28)

qs

In saturation, from (6.20), 8,p is equal to

(6.29)

5 2 g.+3/4 { 1/2  WI and saturation (g, < 1)
W=z =

3 g +1 2/3  SIand saturation (gs > 1).

Note that the §,p thermal noise parameter compares the thermal noise conductance evaluated
at a given operating point that is not necessarily the same as the one used to define the output
conductance Gy (i.e., Vps = 0). It is therefore not very useful for circuit design and is used
more for modeling purposes.

For circuit design, it is more useful to define another figure of merit, y;,,p, named the thermal
noise excess factor related to the drain and defined as

Gl’l n
yop 2 ZM0 _ 8D _ M4 (6.30)
Gm  &m  gs—4qd

¥ap represents how much noise is generated at the drain of a transistor for a given gate transcon-
ductance. Contrary to the &,p thermal noise parameter, the noise conductance and the gate
transconductance used in the definition (6.30) are evaluated at the same operating point. yup
has a direct impact on the noise performance of circuits.

The smaller y,p, the better the noise performance of the device. Note that y;,p can become
quite large in the linear region when Vp, tends to Vs. Indeed, in this region, the gate transconduc-
tance gets smaller as the drain-to-source voltage decreases, but the thermal noise conductance
does not decrease, resulting in a degradation of the y,p noise excess factor. At the limit when
Vb becomes equal to Vs, the gate transconductance becomes zero and y;p tends to infinity.

Note that y;p is also a figure of merit that can be used for any transconductor (even for circuit
transconductors) to evaluate how much thermal noise is generated for a given transconductance.
The smaller y,p, the better the transconductor.

The 8,p thermal noise parameter and the y,p noise excess factor are related by

Gnp G G Gs
Yoo = 2780 5 28— —spn—L (631
GdsO Gm Gm Gms - Gmd qs — qd
In saturation, G,q = 0 and gq = 0, resulting in
G 5 Wl and saturation
Vb = Sap 11— — §.pn = (6.32)
Gms n% SI and saturation,
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Figure 6.6 Thermal noise parameter d,p: (a) versus the inversion factor for a given i,/ i ratio; (b)
versus vgs for a given is

since G450 = G- Forn = 1.5, the thermal noise factor in SI and in saturation is approximately
equal to unity.

The thermal noise parameter 6, is plotted versus the inversion factor for different values
of the i,/ i; ratios in Figure 6.6(a) and versus the normalized vy, £ Vps/ Ut voltage for a given
inversion factor in Figure 6.6(b).

It is important to notice that the above results have been obtained with the assumption of
constant mobility along the channel. The latter assumption is valid for long-channel devices,
where the lateral electric field E, remains much smaller than some critical field E. defined in
Section 9.1. As soon as E, approaches E, the carrier velocity starts to saturate and the mobility
can no longer be considered as constant along the channel. Also, the carrier temperature starts
to rise, increasing the thermal noise. These effects affect the thermal noise excess factor, which
can become larger than its long-channel value. These effects will be discussed in detail in
Section 9.4.

6.2.3 Circuit Examples

The effect of thermal noise and more particularly the use of the noise parameters and noise ex-
cess factor are illustrated with three examples. The first is shown in Figure 6.7 and corresponds
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Vo |D

Figure 6.7 Elementary sample-and-hold circuit used to illustrate the use of the thermal noise param-
eter to evaluate the rms noise voltage on capacitor C

to a simple sample-and-hold function implemented with a MOS transistor operating as a switch
and a hold capacitor on which the input voltage is sampled and held. To close the switch, the
gate voltage is set to a sufficiently high value such that the on resistance R,, and the corre-
sponding R, C time constant are low enough to allow the voltage on the capacitor to settle at
a value equal to the input voltage. After the output voltage has settled, the switch is opened
and the voltage is sampled on capacitor C. Due to the thermal noise of the switch, in addition
to the input voltage, there is also a noise voltage that is sampled. To evaluate the rms value
of this noise voltage, the PSD of the noise voltage on capacitor C has to be evaluated first.
As shown in Figure 6.7(b), this is done by setting the input voltage to zero and replacing the
transistor by its equivalent small-signal circuit including the noise current between source and
drain accounting for the thermal noise voltage of the channel. The equivalent circuit simplifies
to a simple parallel RC network as shown in Figure 6.7(b). The output noise voltage is then
simply equal to the low-pass filtered current noise according to

- Ron

= 1, 6.33
14+ jw/w 1 ( )

n

where w. £ 1/(R,,C) is the cutoff frequency. The PSD of the output noise voltage is then
given by

S ‘ Ron ’ Ron S (6.34)
) = | 2 = ——————— 592, .
T jojod TR T 1+ (0w h
with Sy2 given by
Sp = 4kT G p. (6.35)

In this particular example, after the voltage has settled, the Vpg voltage is equal to zero and
therefore it is better to use the definition of the noise parameter for Gp

Gup = dp Gms = Gs = Gspec qs, (636)
since for Vp = Vg, 6,p = 1. Note that R, = 1/ G- Even though the transistor is usually an

active device, in this particular case it operates as a simple (nonlinear) resistor and the variance
of the output voltage can be found directly by applying the Bode theorem (see Appendix 6.4),
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Figure 6.8 Linearized MOS transconductor using transistor M, biased in the linear region, illustrating
the use of the thermal noise excess factor

resulting in

— kT
Another example with a MOS transistor biased in the linear region is the linearized transcon-
ductor shown in Figure 6.8. It is similar to a cascode stage except that in this case the driver
transistor M, is biased in the linear region instead of saturation to take advantage of the linear
transconductance. Indeed, in the linear region, the gate transconductance is given by

Gm = BVps (6.38)

and is therefore set by the drain-to-source voltage, which has to be chosen smaller than the
pinch-off voltage in order to bias the transistor in the linear region. The overall transconduc-
tance Gy, is obtained from the analysis of the small-signal equivalent circuit of Figure 6.8(b),
resulting in

A _Iout Gml
Gmeq = =

= = G for Gy, Gl - 6.39
AV 1+ G/ G 1 for s2 > dl ( )

This means that for Gpg > Gnai, the overall transconductance Gpeq iS equal to the
transconductance Gy, of M,. The latter condition suggests to bias M, in weak inversion in
order to get the largest source transconductance for the imposed bias current.

A first-order noise analysis can be carried out by setting the AVj, to zero and assuming that
the cascode transistor M, and the bias current source can be made noiseless, the only noise
contributor being transistor M. With the help of the small-signal circuit shown in Figure 6.8(c),
the output noise current is given by

Inl

_1+G—d/G2 = I for Gug > G, (6.40)
mdl ms!

Low =

which means that all the current noise generated by transistor M; is conveyed to the output.
The output noise current PSD is then equal to the PSD of transistor M :

Sp., = 4kT Goow = Sp = 4kT Gupi. (6.41)

noi
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As mentioned above, this linearized transconductor can be evaluated in terms of noise perfor-
mance by evaluating its noise excess factor

Vneq = = YnD1> (6.42)

which is simply equal to the thermal noise excess factor y;,p; of transistor M. Since M is
biased in strong inversion and in the linear region, (6.30) simplifies to

~ 245 + 95191 + g

qu = (643)
3 gs1 + qa1
and the thermal noise excess factor becomes
niqn 2¢2 +qaqa1 + g3 214+ a+a?
VaDl = =y e =y (6.44)
gsi — qai 3 51 — 94 3 l-a
where
ol ¥ (6.45)
gsi1
which in strong inversion is equal to
S | R B (6.46)
Upl

with ¢ £ Vq1/vp1. Since the drain voltage of M; has to be much smaller than its pinch-off
voltage ¢ < 1 and hence (6.44) can be approximated by

ni Upt ~ Vo1 — Vion (6.47)
Vg1 Vbs .

For biasing M, in the linear region, the overdrive voltage is necessarily larger than the Vpg
voltage, resulting in a thermal noise excess factor larger than the value obtained in saturation
(aboutequalton2/3 = 1).

The last example is shown in Figure 6.9 and corresponds to a diode-connected MOS tran-
sistor. The noise PSD of the voltage fluctuation across capacitor C can be evaluated from
the small-signal circuit given in Figure 6.9(b), where the conductance G, corresponds to the
small-signal conductance of the diode-connected transistor M and the noise current source to
its thermal noise. The noise voltage fluctuation V; is then given by

1 1

Vo=,
" Gml+jo/o. "

(6.48)



LOW-FREQUENCY CHANNEL THERMAL NOISE 95

Figure 6.9 Diode-connected MOS transistor used to illustrate the use of the thermal noise excess
factor in circuits

where @, £ G,/ C is the cutoff frequency of the low-pass filtered white noise. The corre-
sponding PSD is then given by

1 1
Sv2 = — ————=Sp2, 6.49
V2 G2 1T (@jan? J (6.49)
with Sp2 given by (6.35) with Gp equal to
GnD = ¥nD Gm' (650)

Rewriting Sy2 = 4kT Ry(w), where R,(w) corresponds to the gate input-referred equivalent
noise resistance given by

YnD 1

Ry(w) = G_m m

6.51)

Note that R,(w) is frequency dependent. The noise voltage variance is then obtained by inte-
grating the PSD over the frequency from O to +oo. Since the cutoff frequency and the noise
resistance are respectively proportional and inversely proportional to G, the integral does not
depend on G,. This is similar to the simple RC network discussed in Appendix 6.4 except for
the additional y,p parameter. The variance is therefore given by

— kT
Vi = (6.52)

The thermal noise voltage variance is therefore y,p times that of a passive RC circuit. Since
for long-channel devices, y,p can be smaller than 1 (but is always larger than 1/2), the noise
generated on capacitor C by an active transistor connected like a diode can be smaller than
that obtained from a passive RC circuit. For a long-channel device, in strong inversion and
saturation, y,p = 1 and there is almost no difference. As will be shown in Section 9.4, for
short-channel devices (actually at high lateral electric field), the noise excess factor y,p can
become significantly larger than 1, degrading the performance of analog circuits.
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6.3 FLICKER NOISE

In addition to the thermal noise of the channel described above, the MOS transistor also
exhibits flicker or 1/ f noise. As its name suggests, flicker noise is characterized by a PSD that
is inversely proportional to frequency. It therefore mainly dominates at low frequency, below
the so-called corner frequency fi defined as the frequency at which 1/f noise contributes
equally than the channel thermal noise to the total noise PSD (referred indifferently at the
drain or at the gate). Because the 1/f noise scales inversely proportional to the gate area, it
is becoming a major issue for analog /C design in deep and ultradeep submicron devices.
Corner frequencies of several tens of megahertz are now typical, and hence low-frequency
analog circuits are usually totally dominated by 1/ f noise. Techniques exist to reduce or even
eliminate this low-frequency noise. The most obvious one is to size the gate area in order to
bring down the corner frequency to an acceptable value. This is done at the expense of higher
capacitances, which require higher transconductance and hence higher current for the same
characteristic frequency. Other circuit techniques such as chopper stabilization and correlated
double sampling can be used to eliminate the 1/ f noise [92,93].

There are basically two main causes to this 1/ f noise. The first results from carrier fluctua-
tions of the inversion charge due to trapping in traps located in the oxide close to the Si—SiO,
interface, whereas the second originates from fluctuations of the carrier mobility. Each of these
causes will be presented below.

6.3.1 Carrier Number Fluctuations (Mc Worther Model)

The flicker noise due to carrier fluctuations originates from the fluctuations of the inversion
charge close to the Si—SiO, interface due to variations of the interfacial oxide charge resulting
from dynamic trapping/detrapping of mobile carriers from the channel into slow border traps
[91,94-96].

Consider again a section of the channel comprised between x and x + Ax. The current at
position x is obtained from (4.5)

dv
Ip = WqN(X)Ma,

where N(x) = —Qj(x)/q is the number of carriers per unit area. If a number of carriers get
trapped at a position x, the relative current fluctuation is then given by

dIp(x) ON  du
= — 4+ —, 6.53
I N + ” ( )

where the mobility fluctuation term is induced by the influence of the trapping on the scattering
mechanism. The mobility being affected by the trapping mechanism hence depends on the
number of trapped charges per unit area N; according to [97,98]

1 1 - 1
—=—+aNy=— +a.|04, (6.54)
w Mo Mo
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where Q; £ —¢gN, is the trapped charge density and o, £ &./q is the Coulomb scattering

coefficient which is about 10* Vs/C for electrons and 103 Vs/C for holes in silicon [95, 97, 98].

Accordingly, a is about 1.6 x 10713 Vs for electrons and 1.6 x 10~!# Vs for holes in silicon.
Accounting for this scattering mechanism, (6.53) can be rewritten as

51 1 dN 14 1 dN
bW _ (LN Lduhy oy (LAV o Vs (6.55)
ID N dNt M dNt N dN[

We can relate 6 N and & N, considering that the fluctuation 8 Q, of the trapped charge density
causes a variation ¥ of the surface potential which produces a change of all the charges that
depend directly on ¥;, namely the inversion charge, the depletion charge, and the gate charge.
These other charges vary according to the charge conservation principle, resulting in [99]

30, +060p +00; = —00;, (6.56)

where 6Q,, 60Oy and 6Q; are the induced fluctuations of the gate, depletion, and inversion
charge densities respectively.’ They can be related to the fluctuation of the surface potential
W according to [99]

6Qg = —Cox 0¥, (6.57a)
30y = —Cy Y, (6.57b)
00; = —C; Y. (6.57¢)
It follows that [99]
ON ) i Ci
Ré_:‘Q -G (6.58)
5]Vt 6Ql Ci + Cox + Cd

It can be shown from (4.3) and assuming V = const., that C; = — Q;/ Uy and therefore [98]

R %Q* = N-i]N*’ (6.59)
where Q; = —¢gN and
C
0% = —gN* = —UrCoy (1 + cd ) . (6.60)

From the definition (3.70), the term 1 + Cy4/ Cox in (6.60) is actually the slope factor in weak
inversion n,, which is approximately equal to the slope factor n. Equation (6.60) then reduces

3 Note that the additional variation of the interface traps 5 Qj, originally included in the analysis presented in [98,99],
has been neglected considering that they are much smaller than the variations of the other charges.
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to

0" X —pUrCo = QTP (6.61)

with Qgpec given by (3.42). Equation (6.59) then becomes

ON i i
R=2"x Q SR LI (6.62)
6Nt Qi + Qspec/2 qi + 1/2
Using (6.62), the relative local current fluctuation (6.55) can be written as
¢ 1 ON,
p() _ ( +au) o (6.63)
ID qi + 1/2 Nspec

where Nypee = — Qgpec/q = 2kTnCox/q* and & = ate(— Qspec) = e - Nipec is a coefficient re-
lated to the Coulomb scattering coefficient.

The corresponding PSD of the local noise current source /;, normalized to the square of
the dc current is then given by

( Lt >2 o (6.64)
= _— 6972 . .
AN qi + 1/2 stpec

The PSD of the trap charge density fluctuation Ssy2 depends essentially on the trapping
mechanisms into the oxide. For tunneling process, the trapping probability decreases exponen-
tially with the distance from the Si—SiO; interface into the oxide. The trapping charge density
fluctuation PSD is then defined by [91, 94-96]

Ssr2
)
Iy

kT ANt

= —), 6.65

N = Waxf (6.65)

where f is the frequency, A is the tunneling attenuation distance (= 0.1 nm) [95], and Nt

the oxide volumetric trap density per unit energy in eV~! - m~> evaluated close to the Fermi

energy level. Note that Nt is obtained from measurements and typically ranges from 1077 to
10719 ev=!.cm™3.

Ss12

Ssr2
(&N — Gzh ARZ 1_\

I

The fluctuation of the drain current due to an elementary section is then given by (6.3)
2

B (m)z Ss12
AN D lan L 1[2)
Ax\? 1 ? Ssnz
= | — _ +Ol,bL 3
L qgi+1/2 Ngpec

where a constant mobility is assumed.® Finally, the relative PSD of the total fluctuation of the

(6.66)

AN

6 This is in contradiction with the scattering mechanism described above which would imply that the mobility is
dependent on the inversion charge and hence on bias. Nevertheless, this approximation allows to derive a simple
first-order approximation of the bias dependence of the flicker noise.
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drain current is obtained by integration according to (6.12)

1 L Ssr2
= — Ax 621“
L J, I5

SAIHZD
2
I5

dx = Splay Kp(gs, CId)|AN’ (6.67)

AN AN

with

IN q4)LNT

S s 6.68
D|AN kT WLn2 ng f ( )

If we assume that Sp|,y is only weakly bias dependent, most of the bias dependence is
accounted for by the unitless factor Kp(gs, ga)|4n defined by

1! 1 2
Kp(gs, gdlan £ Z [) <m +(¥[L> d¢
1

1 [ 1 2
= —+ 2gi + 1) dg; 6.69
PP /qd (qi+1/2 au) (2¢ ) dg (6.69)

1 142 2
=_,1n( + qs)+ “w__ (),
2ld 1+2qd 1+qs+qd 2

with & £ x/L and ia = ¢ — 3 + g — qa = (gs — qa) (1 + g5 + qa)-

The bias-dependent factor Kp(gs, ga)| 4y is plotted versus the inversion factor in saturation
in Figure 6.10(a) for two values of the o product. The value apx = 0.4 used in Figure 6.10
has been taken from Table 6.1 [100].

In very strong inversion Kp(gs, ga)ln tends to

~ [HN?
Ko qlay = (5°) forgu a1, (6.70)

whereas in weak inversion Kp(gs, ga)|,y reduces to

~ apN?
Kn(@s. qolay = (1+5-) forgs.qa < 1. 6.71)
10’ E 3 10° E
E g = 0 (saturation) (1 +op2)? E dq = 0 (saturation)
10'
=2
_3
(O]
X
r 0
L N 10 E
— - A \,
10—2 L au=04 N
E - ou= 0 RN
—-= (G n Ut/ Ip)? N
10—3 PETTT BN RRTTT BN TTT BN AR ETTT SR RTTT SR ETH 10—1 L | EEPEERTITY EETETETTTT B wul ol m
10° 0% 107 10" 10" 10® 0] 10° 10% 10" 10° 10" 10°  10°
is = ID/Ispec Iy = ID/Ispec
(a) (b)

Figure 6.10 Bias-dependent factors Kp(qs, qa)lan and Kg(gs, qa)l,n versus the inversion factor
ir in saturation and for n = 1/2
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which is equal to unity when the mobility fluctuations induced by the carrier trapping mecha-
nism can be ignored (i.e., for @ = 0).

As shown in Figure 6.10(a), the behavior of Kp(gs, qa)|,y very much depends on the value
of the orjx product. For values of o that get close to unity, Kp(gs, ga)lsn Starts to saturate
to (ot /2)? in very strong inversion. On the other hand, for small values of t, Figure 6.10(a)
shows that Kp(gs, qa)lan 1S very close to the square of normalized G, /Ip curve.

For circuit design, it is more useful to refer the flicker noise PSD at the gate by dividing

2 . .
Sarz, N by G;,, resulting in

Sarz, I

2
A AN __
AN G—rzn = SD|AN KD(‘IS» 6Id)|AN (G_m> (6.72)

= Sglan Kc(gs: qd)lay

2
SAVG

where

A q2kT)»NT

SG'AN = m (673)

Assuming again that Sg|,y is only weakly bias dependent, most of the bias dependence is
captured by the factor Kg(gs, qa)lay defined by

Kc(gs, q)lay = (14 g5 +qa)* Kp(gs, qa)lay - (6.74)

The bias-dependent term Kg(gs, ga)| 4y 1S plotted versus the inversion factor in saturation
in Figure 6.10(b) for the same values of ou used in Figure 6.10(a). As explained above,
when the correlation term «ryt is much smaller than 1, Kp(gs, qa)| 4y 1s approximately equal
to (GmnUt/Ip)? in saturation and hence Kg(gs, qa)| oy 1s only weakly bias dependent. As
shown in Figure 6.10(b), for @ = 0, it approximately changes only by a factor 2 over 6 decades
of current. This is no more the case when au gets closer to 1. In this case the gate-referred
flicker noise starts to increase significantly in strong inversion. Figure 6.10(b) also indicates
that the flicker noise referred to the gate in saturation and due to number fluctuation is minimum
in weak inversion.

The source of flicker noise coming from the fluctuation of the mobility will be discussed in
the next section.

6.3.2 Mobility Fluctuations (Hooge Model)

In the Hooge model [101], the drain current noise results from the fluctuations of the carrier
mobility. The PSD of the local noise current source of an elementary section is given by [91]

Ssiz| oH q
I5 |4 WAX(=0) f

(6.75)

where ay is the Hooge parameter which is unitless and ranges from about 10~ to 107°.
Assuming a constant average mobility, the fluctuation of the drain current due to an elementary
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channel section is then given by (6.11)

Ssp2 Ax\* S A

M| <_X> gl Arewq 6.76)
15 lau L Ip {40 WL (0D f
The PSD of the total fluctuation of the drain current is then given by
SAIHZD
7| = Splay Kp(gs: galay (6.77)
D lAu
with
Spla, & — 28 g’ (6.78)
Pl T kT W LnCox £ '
and where Kp(gs, qa)l,, accounts for the bias dependence and is defined by
1 .
dé 1 (% 1
Kp(gs, qa)l é/ =.—/ <1+—)dq'=
P ATy 20®) T i g, 2q)

1 1 qs
= — |9gs — 44 + = In| — (679)

i 2 qd

1 1
_ |:1 n n(CIs/Qd):| .
l+¢5+qa 2(qs — qa)

The bias-dependent factor Kp(gs, ga)la " is plotted versus the inversion factor in satu-
ration (i.e., assuming a constant ratio gs;/gq = 100) in Figure 6.11(a). In weak inversion,
Kp(gs, qa)la, is approximately given by

~ In(gs/q) _ InGe/i) _ Vps/Ur

Kp(gs, qa)la, = = (6.80)
55 " -
2(qs — qa) 2ig 2i4
10 10* g
s/ Gq =100 : s/ Gq=100 3
10° (saturation) 5 (saturation)
, 10°
10°
3.
= 10' _§1 2
[a) r 0" F
& N
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10’ E
10
L N g
10—2 P BT ATETETT IR RATErTTI BT 100 AT T BT A T R R
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fg=Ip /! lgpec It =1Ip/ lspec
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Figure 6.11 Bias-dependent factors Kp(gs, qa)la, and Kc(gs, ga)l 4, versus the inversion factor i¢
in saturation (i.e., for gs/qq = 100)
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whereas in strong inversion, it is given by

1 1

Kn(gs, qala, = =— =. (6.81)
PR AT g Vi Vi
The gate-referred noise PSD of the drain current fluctuations PSD is given by
SAIZ 2
A D Ap _ ]D
SAVé » = G—Izn = SD|A,4 KD(CISa qd)|AM <G_m> (682)
= SG'A;/, KG(q57 qd)'AM’
where
kT n o
Solay 22—, (6.83)
WLCyw f
and
K6(qs, q)lap = (14 g5 +49a)° Ko(gs, 4a)la,
In (g5
= (1+ g5 +q0) [1 + M] (6.84)
2(qs — qa)

Bias-dependent factor Kg(gs, qa)l, is plotted versus the inversion factor ir in saturation
in Figure 6.11(b). It shows that for a given g,/qq ratio (or equivalently a given Vpg voltage),
Kc(gs, qa)la u is decreasing like 1/i4 in weak inversion

In(gs/qa) _ WnGr/i) _ Vos/Ur

Kg(gs, = = 6.85
6(gs» qa)lay 2 —q0) 2 2 (6.85)

In strong inversion, Kg(gs, qa)l,, is approximately given by
Ka(@s: )l = g5 + 4o = Vie + Vi, (6.86)

and hence increases like +/i; in very strong inversion and in saturation.
Unlike S, 2l o which is minimum in weak inversion, Figure 6.11(b) shows that S, V2
AN A

is minimum in moderate inversion (in saturation as well as in the linear region).

6.3.3 Additional Contributions Due to the Source and Drain
Access Resistances

An additional contribution arises from the 1/f noise generated in the source and drain access
resistances [102, 103]. The latter is modeled by two voltage sources in series with the source
and drain resistances Rg and Rp respectively. Assuming that Rg = Rp = R,/2, the PSD of



FLICKER NOISE 103

the resulting drain current fluctuations is given by

SAIZ GI?I]S + Grznd

= S vz, (6.87)
®IAR " [1 + (Gms + Ga) Ra/2)> " 2%

where S av2 is the PSD of the 1/f noise voltage sources in series with the access resistances.
Assuming that (Gms + Gma) R./2 < 1, the PSD normalized to the square of the drain current
is then given by

Sar
| =(G2 4G (6.88)
ID

AR

Now, the PSD of the voltage source S av2 is related to the PSD of the resistance fluctuation
SARZ by

Save = I§ Sare- (6.89)

Equation (6.88) then reduces to
SAlnzD — 2 2 — 6 O
I—]% AR - (Gms + Gmd) Sar: = (qs + qd) Gspec Sare- (6.90)

In strong inversion and in saturation, (6.90) becomes

SAIZ
IZ“D — GrznS SARZ = qsz G?pec SAR2 = 2}’l,31D SARZ' (691)
D

AR

Assuming that Syg2 is only weakly bias dependent, (6.91) shows that the contribution of the
access resistances to the flicker noise at the drain in strong inversion sharply increases with
the drain current (actually proportionally to /3). Hence the access resistances will mostly
contribute at high current level and should be negligible in moderate and weak inversion.

6.3.4 Total 1/f Noise at the Drain

The total 1/f noise at the drain is given by the sum of the different contributions described
above [95,100]

SAIZ

2 2
SAlnD _ SAlnD nD

I I

2
SA I

(6.92)

2
AN I Au ID AR

S/ 2 /I3 and the different contributions have been computed using the parameters given in

Table 6.1 which have been taken from reference [ 100]. The results obtained for Vpg = 50 mV’
are plotted versus the inversion factor in Figure 6.12. It can be seen that the contribution coming

7The Vps = 50 mV bias voltage is not very representative for analog circuit design since most of the time the
transistors are biased in saturation, except for switches which have a zero Vpg. It has been chosen mainly to be able
to compare the results to the experimental measurements presented in [100], which are the only recent measurements
found where the PSD is plotted versus the current over a wide bias range.
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Figure 6.12 Total 1/f noise PSD at the drain in the linear region normalized to the square of the
drain current and comparison of the different contributions versus the inversion factor. The parameters
used for the calculation are given in Table 6.1 and are taken from [100]

from the number fluctuation dominates over a wide bias range (i.e., for 1072 < iy < 10%),
whereas S, / I3 is dominated by the mobility fluctuation at very weak inversion (i.e., for
it < 1072) and by the contribution coming from the access resistances in very strong inversion
(i.e., for i > 10%). Note that the case with au = 0 looks similar to the result obtained in [100],
where the term due to the mobility correlation is used as a fitting parameter and was found to
be negligible (corresponding to the curve with o = 0 in Figure 6.12).

From a circuit design point of view, it is more interesting to look at the total flicker noise
referred at the gate. The latter is plotted in Figure 6.13 versus the inversion factor using the
same parameters than in Figure 6.12. As mentioned above, the number fluctuation contribution
is dominating Sy for ir ranging from 10~ to a bit less than 10°. In this range and for o = 0,
SA v stays almost constant. It starts to increase drastically in very strong inversion and tends
to increase also in very weak inversion.

The data plotted in Figures 6.12 and 6.13 correspond to a transistor biased in the linear region.
It can be shown that the curves do not change drastically when moving into saturation, as long as
the drain-to-source voltage is not kept constant and made too large in order to ensure saturation
also in very strong inversion when sweeping the inversion factor from weak to strong inversion

Table 6.1 Typical values of parameters taken from [100] and used in Figures 6.12 and 6.13
for the evaluation of (6.92)

T w L tox " n Ispec
K] [um] [1am] [nm] %] - my
300 10 0.18 3.5 560 1.4 57.5
Vbs A Nr ac f ay Sar

vl (o] B o] ma - 2]

50 0.1 7.7 x 107 10* 10 105 106
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Figure 6.13 Total 1/f noise PSD referred at the gate in the linear region and comparison of the
different contributions versus the inversion factor. The parameters used for the calculation are given
in Table 6.1 and are taken from [100]

(remember that the required drain-to-source voltage for biasing the transistor in saturation in
weak inversion is only a few Ur, which might not be enough for ensuring saturation in very
strong inversion). If a constant drain-to-source voltage large enough for biasing the transistor
in saturation also in the very strong inversion region is maintained, the gate-referred noise
increases in weak inversion due to the increase of the mobility fluctuation term. This can be
understood from (6.85) which indicates that Sg|,,, is actually proportional to Vps.

Of course, the results shown in Figures 6.12 and 6.13 have to be taken with some precaution
since they strongly depend on process parameters which can change significantly from one
technology to another. Also, the model presented above as well as the computation assumed a
constant average mobility and ignored all the short-channel effects. Nevertheless, this gives a
first idea of the bias dependence of the flicker noise and allows to state that the flicker noise
should be minimum in the moderate inversion region.

6.3.5 Scaling Properties

An important property of the 1/f noise is that it scales inversely proportional to the gate area.
The product of the 1/f noise PSD referred at the gate times the gate area can be defined as a
figure of merit for the 1/f noise. This figure of merit is strongly related to the oxide thickness
and decreases when reducing the oxide thickness. Indeed, from the number fluctuation PSD

referred to the gate (6.72), it can be seen that the figure of merit W L S,y is proportional
AN

to the product Nt t2,. In case the oxide trap density remains about constant when scaling down
the oxide, the noise should diminish significantly with scaled technologies.

The PSD referred to the gate using the mobility fluctuation model as given by (6.83) is
proportional to the product oy fx. If the Hooge parameter oy is assumed to be constant,
the figure of merit for mobility fluctuation therefore decreases also when scaling the oxide
thickness.

Therefore, at constant gate area, the 1/f noise improves with scaled technologies, at a rate
proportional to #J, where n is comprised between 1 and 2 depending on the bias region. But,
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when one really wants to take advantage of the scaling, then the ratio ], /(W L) should be
considered. If all the scaled dimensions are proportional to the scaling factor k < 1, then the
1/f noise increases like 1/k in the worst case (when 1/f noise is dominated by mobility
fluctuations) or in the best case remains constant (when the 1/f noise is dominated by the
number fluctuations).

Further discussion of the impact of downscaling technology on 1/f noise is presented
in [96], including the 1/f noise also present in the gate leakage current and its correlation to

the channel flicker noise.

6.4 APPENDICES

Appendix A1: The Nyquist and Bode Theorems

It is probably useful to recall here some fundamental properties of thermal noise in passive
RLC networks such as the one shown in Figure A.1. The first is called the Nyquist theorem and

states that the PSD of the voltage fluctuation between two terminals of a passive RLC network
is simply given by the real part of the impedance Z obtained when looking into the port

Sy2(f) = 4kT R{Z(j2rf)} . (A.1)

The variance of the voltage V,, is then given by
_ +0oo +oo
VZ= / Sya(f)-df =4kT - / N{Z(j2n f)}-df. (A.2)
0 0

Instead of calculating the integral given by (A.2), a more powerful mean to evaluate V_n2 is to
use the Bode theorem (Figure A.2), which states that

— 1 1
V2=kT | — = |, (A3)
Co Co
where Cy is defined by
1
— 2 lim s Z(s), (A.4)
Co s—>—+00
Z(jo) Z(jo)
Noisy <J R, % Noirs];s:]e_ss <J
passive v dissipative A
network network
(RLO) Ry % (L.C)
——o0 —o

Figure A.1 The Nyquist theorem for thermal noise in passive RLC circuits
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JE— —-0 —o
Noiseless C. Noiseless Co
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(L,C) (L,C)
—_ ——o —o
1 . 1 .
— = lim (s Z(s)) — = lim(sZ(s))
Coo §—>o0 CO s—0

Figure A.2 The Bode theorem for thermal noise in passive RLC circuits

which corresponds to the capacitance obtained when looking into the port after having removed
all resistances from the circuit (or set them to infinity) as shown in Figure A.2.
Cy is defined as

1
A e 513(1) s Z(s), (A.5)

which corresponds to the capacitance obtained when looking into the port after having replaced
every resistance by a short circuit (or set them to zero) as shown in Figure A.2.

Usually, C, and Cy can be obtained by inspection of the corresponding circuit by applying
simple circuit transformation rules.

Both theorems can be illustrated on the simple first-order RC circuit shown in Figure A.3.
The impedance Z(j w) of the RC circuit of Figure A.3 is given by

R B R . oR*C
I +jwRC 1+ @RCY 1+ @RCE

Z(jw) = (A.6)

The PSD of the thermal voltage fluctuations is then obtained from the Nyquist theorem as

4kT - R

(A7)

The variance can then be calculated by evaluating the integral

— too d kT
2 — 4kTR/ —f s =—. (A.8)
0 14+ Q2xfRC) C

The later result is obtained directly without computing any integral by using the Bode theorem

Z(jo)

Figure A.3 Applying the Nyquist and Bode theorems to a first-order RC circuit
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J’_:J j’_o‘J

Figure A.4 Applying the Nyquist and Bode theorems to a first-order RC circuit

asillustrated in Figure A.4. C is obtained directly from circuitinspection as Co, = C, whereas

1 . SR
— =lim——=0 (A9)
Co s=01+4+sRC
The noise variance is then obtained from (A.3) as
V2 — k_T (A.10)
n C . .

Appendix A2: General Noise Expression

The following derivation is taken from [81]. The expression of the drain current valid in all
regions of inversion is given by (4.5), which is repeated here for convenience

dv
Ip=pW(=0i)

The drain current is decomposed into a dc value Ipg and a fluctuation 8/,,p(x, t) resulting from
the local current fluctuation 67,(x, ) at point x along the channel

dv
Ipo + dlup(x, 1) = uW(—Qi) Fr OIn(x, 1), (A.1D)

where V = Vy + 8V (x, t) with 6V (x, t) being the fluctuation of the channel voltage at point
x. Expanding the current in a series and neglecting the second-order terms lead to

Ol (x, 1) = % (LW (=Qio) DV (x, )] + dIn(x, 1), (A.12)

where Qio £ Qi(Vo).
Integrating fromx = 0tox = L,

L L
Alpp(x, 1) L =/ di (LW (=Qio) dV(x, t)]dx+/ dln(x, t)dx (A.13)
o dx 0

L
=/ §I,(x, 1) dx,
0
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since in short-circuit condition, 6V = 0 at x = 0 and x = L. The autocorrelation function of
Alp is then given by

Rup () = 8Iup(1) 8lup (1 + 7) (A.14)

1 L L
= — / / 5L,(x, t) 8L,(x', t + 1) dx dx’.
L Jo Jo

The PSD of Al,p is then given by

1 L L
Sip(w)=— / / Ssrsr(x, x', w)dxdx’, (A.15)
nD L2 0 0 n

where Ssp, 51/ (x, x', w) is the cross-power spectral density (CPSD) between noise at points x
and x’. If there is no spatial correlation, then Ss;, o1, (% x', w) is a Dirac impulse located at
point x’ — x

Ssi,si(x, X', @) = F(x, o) 8(x" —x). (A.16)

Equation (A.15) then reduces to

1 L
Sar,(@) = = /0 F(x, »)dx. (A17)

Applying (A.17) to only one noisy section between x and x + Ax leads to

Sgpn () = £ ) (A.18)
: (W) = ——, .
812, Ax
which relates F(x, w) to the PSD of the noise of a single section 5513 (x, w)
F(x, o) = Ax Ssp2(x, w). (A.19)

Finally, (A.17) can be written as

1 L
SA,nzD(w) = 12 /0 Ax Sgp2(x, w)dx. (A.20)






V4 Temperature Effects
and Matching

This chapter models variations of the transistor characteristics, which are very important issues
in circuit design. Section 7.2 considers variations with the temperature, which constitute the
main external perturbation on transistor characteristics. Section 7.3 is dedicated to the problem
of mismatch between the characteristics of supposedly identical transistors, which is a very
important limitation to the performance of most analog circuits. These two kinds of variations
will be characterized as variations of the basic model parameters established so far, and will
be traced back to variations of physical parameters.

7.1 INTRODUCTION

The purpose of a transistor model is to describe its electrical characteristics. These are essen-
tially the static and dynamic relationships between the voltages applied at its various terminals
and the currents flowing through them.

The model introduced so far describes how these electrical characteristics depend on phys-
ical parameters. These physical parameters have been lumped into a reduced set of model
parameters. As long as the physical parameters remain constant, the characteristics and the
model parameters remain constant. However, some physical parameters may change, thereby
modifying the transistor characteristics.

Aging is the consequence of parameters changing with time. It will not be considered here.

Many parameters are changing with the remperature, which can be considered the main
external perturbation on the transistor.

The characteristics of two or more transistors designed to be identical do not match perfectly.
This mismatch is the consequence of parameters changing in space.

A list of all basic parameters that influence the characteristics of the transistor is given in
Table 7.1. It indicates which of them depend on the temperature and which of them may change
spatially, resulting in mismatch.

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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Table 7.1 Basic physical parameters: dependence on temperature and effect on mismatch

UT n; Nb €ox» Esi ch ¢ms tox L, w 1
Temperature Y Y N Ne N Y N N Y
Mismatch N N Y N Y Y Y Y Y

Y = yes, N = no, Ne = negligible

Table 7.2 Intermediate parameters and model parameters: dependence on temperature and effect on
mismatch

Dp Cox Ve Iy ¥ nly Vo B Qspec I spec
Defin. 3.8 3.20 3.22 3.30 3.66 3.34 3.58 4.8 3.42 4.14
Temp. Y Ne Y Ne Y Y Y Y Y Y
Match Y Y Y Y Y Y Y Y Y Y

Y = yes, N = no, Ne = negligible

The temperature is assumed here to be constant in space. As can be seen, most of the physical
parameters are independent of either space or temperature. The temperature coefficient of
dielectric constants €, and € is small enough to be neglected.

Table 7.2 is a list of most of the additional parameters that have been derived so far by
combining some of the basic parameters, including the most important device parameters n,
V1o, and B. Most of them depend on temperature and all of them are subject to mismatch.

7.2 TEMPERATURE EFFECTS
7.2.1 Variation of Basic Physical Parameters

As indicated in Table 7.1, only four of the basic physical parameters that control the transistor
characteristics have a nonnegligible dependence on temperature 7.

The dependence of Ut = kT /q is obvious. This fundamental specific voltage, which has
been used to normalize other voltages, is proportional to the absolute temperature. Its temper-
ature coefficient is k/qg = 86uV/°K.

The intrinsic carrier concentration of silicon has the value n; = 1.45 x 10'%m=3 at 300°K,
but it is strongly dependent on T since [67]

—V,
ni oc T3 exp WC"“’ (7.1)
T

where Vg, is the voltage corresponding to the energy band gap of silicon. This band gap
voltage itself depends slightly on the temperature, as shown by Figure 7.1. For the usual range
of ambient temperature, this variation can be linearized as shown in the same figure. Then

Voo —aT —Vi
p—_( co —aT) o T37? exp % (7.2)

nj T3? ex ,
ZUT 2UT



TEMPERATURE EFFECTS 113
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Figure 7.1 Temperature dependence of the silicon band gap [67]
where Voo = 1.20V is called the extrapolated band gap voltage. This result is plotted in

Figure 7.2. Most of the temperature variation is due to the exponential term; therefore, (7.2)
can be approximated by keeping the term 7%/2 constant at a value T;'*:

—Vao
207’

nj = Njxo EXP (7.3)

where nis = 1.73 x 10 cm™3 for Vgo = 1.20 V and Ty = 300°K. This approximation is
also plotted in Figure 7.2. It departs from (7.2) by about 40% at the limits of the displayed
temperature range. If more precision is needed, the difference may be reduced to less than
5% (within the line thickness in the figure) by artificially increasing the value of Vo to
1.28 V (and adapting the value of njs to 8.11 x 10* cm™ so as to maintain n; = 1.45 x
10"%m=3 at 300 °K).

The Fermi potential @ given by (3.8) depends on the temperature through Ur and n;. By
using approximation (7.3) of n;, it can be expressed as

Vao Moo
Pp = — — Up In —. 7.4
F= o (7.4)
ni 1018
(cmd)
_5 1012
© - b
5 1o LT -
o i
C
§1010 1.45.1010 —
o e
£ &
8 109
Q
(2] )
£ 1082
€ 240 260 280 300 320 340 360 380 400

Absolute temperature T (°K)

Figure 7.2 Temperature variation of intrinsic concentration ;. (a) given by (7.2); (b) approximation
given by (7.3)
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Figure 7.3 Temperature variation of Fermi potential

This variation with temperature is plotted in Figure 7.3 for several values of doping concen-
tration Ny. The value of Vi has been increased by 6.6% to partially compensate for the 7/
term in n;, as mentioned above.

The temperature coefficient of @ is obtained by differentiation of (7.4) or more simply by
inspection of Figure 7.3:

do k i 1 [V

It is independent of temperature and its absolute values decreases when N, is increased. This
value ranges between —1.1 and —1.6 mV/°K.

Voltage @, the difference between the extraction potentials, depends on the gate and
substate materials. If both are silicon as in most standard technologies, then @,,; depends on
their isolated Fermi potentials. By applying (7.4) to express the gate Fermi potential @rg, with
N, replaced by the gate doping concentration N, we obtain for a P-doped gate (same type as
that of the local substrate):

N,
@ms = @FG — ¢F = UT In Fg > 0. (76)
b

For an N-doped gate (same type as that of source and drain, opposite to that of the local
substrate), the sign of @gg is changed, giving

2

By = —Prg — Pp = —Vio + Up In —2 < 0, 1.7)
NeNy

It is worth noticing that changing the gate doping from P-type to N-type changes @5 by

@(N-gate) — @, s(P-gate) = —(VGO —2Ut In ,;iloo ) (7.8)
g

Indeed, if the gate is highly doped (N, approaches n;y), the Fermi level moves from being
close to the valence band to being close to the conduction band, thereby crossing the entire
band gap. Since @, is part of the flat-band voltage Vg according to (3.22), the threshold
voltage is then reduced by the same amount.
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From (7.6), the temperature coefficient of @,,, for an P-doped gate is

d®py
dT

k Ny P
=—Ih=—2=-"2s0. (7.9)
q Nb T

From (7.7), the temperature coefficient of @, for an N-doped gate is

k n; 1
= -1 1 — _(V, D s 0. 7.10
7 n Nng T( Go + Pms) > ( )

The temperature coefficient is positive in both cases, since Ny > Nj,.
If the gate is very strongly doped, then Ny = n;s, and the temperature coefficient for both
types of gate doping becomes

———1 0. (7.11)

Indeed, for a very high doping, Figure 7.3 shows that the temperature coefficient of ®@gg tends
to zero and

& = constant — Pg. (7.12)

This relation is exact for a metal gate, since its extraction potential is independent of temper-
ature.

The last basic parameter of Table 7.1 to be considered is mobility w. The mobility of
electrons and holes in silicon is affected by several scattering mechanisms [67]. Scattering
due to acoustic phonons increases with temperature, thereby reducing the mobility. Scattering
due to ionized impurities has an opposite effect, since it increases at low temperatures; it also
increases with impurity concentration N,. Within the range of ambient temperatures, their
combined effect can be approximated by

wo T7O (7.13)

In nondoped silicon, « is approximately 2.5 for electrons and 2.7 for holes. It decreases to
about 1 for Ny = 108 cm =3 [67].
From 7.13, the relative temperature coefficient of the mobility can be expressed as

dw/w _ @ (7.14)
ar T '

corresponding to a range of —0.3 to —1% per degree at ambient temperatures.

All possible effects of the temperature on the behavior of the transistor as described by the
model derived in Chapters 3 and 4 will be accounted for by simply including the variation with
temperature of the basic physical parameters discussed so far.

However, for a better understanding of the temperature behavior of circuits, it is useful to
express more explicitly the effect of temperature variations on the model.
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7.2.2 Variation of the Voltage—Charge Characteristics

Since neither Q¢ nor Cox depends significantly on temperature, the dependence of the flat-
band voltage Vgg is that of @, given by (7.9) or (7.10). If the gate is strongly doped, it can be
reasonably approximated by (7.11):

dVig  do do
BT F (7.15)
ar ~ dr dr

with d®g/dT given by (7.5).

Since the substrate modulation factor I}, given by (3.30) does not depend on temperature, the
variation with AT of the threshold function Vg (3.33) is only A Vg, as illustrated in Figure 7.4.
The slope n(¥;) remains unchanged and A(—Q;/Cox) in strong inversion at constant surface
potential would be —A Vgp.

However, what is imposed is not the surface potential, but the value of channel voltage
V = ¥, — ¥, at the source and at the drain, and ¥, depends on temperature according to
(3.66) repeated here for convenience:

¥y = 2&f + v Ur.

The normalized voltage shift vy, is approximately independent of temperature and smaller
than 4 according to Figure 3.10. The temperature coefficient of ¥ is thus close to the double
of that of @ given by (7.5):

dy, 5 dor Vg _ Voo — 2Pg — Vi _ Voo — ¥

ar car T T T = T

(7.16)

As represented in Figure 7.4, the variation of threshold voltage, AVy, is the combined
effect of AV and AYy:

AV = AVirg + nAY, (7.17)
V1B ,
AV,
VG /I,ly FB
-,
COX

Figure 7.4 Effect of an increase of temperature on voltages and charge
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where slope n should be evaluated at V = 0: n = n( given by (3.73). Hence

dVrg dVgg dy,
_ " — +ng ——
dr dTr dr

(7.18)

as can be obtained directly by differentiation of expression (3.58) of the threshold V.
Now, for a highly doped gate, introducing approximation (7.15) with (7.16) and (7.5) yields
an explicit expression for the temperature coefficient of Vrg:

dVro
dTr

Ven  (no — 1/2)2%Pr — Vo) + noVen

@ 1)d§bF + (7.19)
= no — s no— = .
0 ar T T

which is always negative. Using the first expression of d®g/dT in (7.5), this temperature
coefficient can also be written as

dVro
dTr

k i
= 211 =20 B2 4 g |, (7.20)
q Ny

showing that, except for the slight variation of ng to be discussed further, the temperature
coefficient of Vg is independent of the temperature. Practical values are ranging from —2.5
to —1 mV/°K.

Although the slope factor n at constant ¥ is independent of temperature, at constant V =
¥ — Y it varies through the variation of ¥,. By using (3.34), and (7.16),

dn d Fb dq/() I’l—lVG()—'J/()
= (14— = _— 7.21
T~ d¥ ( * 2% + V> (7.21)

dr T 2T V4
which is always positive. Practical values are never larger than 0.1%/ °K; therefore, this vari-
ation can be neglected in most situations.
Neglecting the variation of n, the specific charge density Qgpec defined by (3.42) and used
to normalize the density of inverted charge is simply proportional to Ur; hence,

d spec spec 1
Qupec/ Qupec _ 1. (7.22)
dr T

Since n can be considered constant, the variation of the pinch-off voltage at constant gate
voltage obtained from expression (3.63) becomes

dVv; 1 dV;
—r__--D (7.23)
dTr n dT
The temperature coefficient of —Q; for fixed voltages depends on the mode of operation.
For strong inversion, differentiating approximation (3.64) and introducing (7.23) yield

d(—=0i/Co) _ _dVpo

7.24
dr dr (7.:24)

This relation is also illustrated in Figure 7.4.
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The behavior is more complicated in weak inversion. Approximation (3.49) can be rewritten:

Vo —V
—0; = 2nCo Ut exp ———, (7.25)
Ur

where Ut and Vp depend on temperature. Differentiation gives

dQ;/0; V+Ur—V 1 dV
0:/0 _ + Ur p_ L dVro (7.26)
dT TUT I’lUT dTr

Since in weak inversion V — Vp is usually much smaller than Vg — 2®p, an inspection of
expression (7.19) shows that the last term dominates. As for strong inversion above, the charge
increases with temperature. But the relative increase is maximum in weak inversion.

In summary, among the three device parameters controlling the charge—voltage character-
istics of the transistor, only Vg is significantly dependent on the temperature. The variation of
Cox 1s negligible and that of n can usually be neglected.

7.2.3 Variation of the Voltage—Current Characteristics

The only additional parameter needed to obtain the current from the mobile charge density is
the transfer parameter 8 defined by (4.8). It is proportional to the mobility; hence, from (7.14),

d
4b/p _ @ (7.27)
dr T
As seen previously, B can be replaced as the third parameter controlling the current by the
specific current . that is used to normalize all currents. Differentiation of its expression
(4.14) gives

dIspeC/ISpeC _ 2—«a (7.28)
ar T '

We have seen that « > 2 for nondoped or lightly doped silicon, resulting in a negative tem-
perature coefficient of Ig,e.. For a doping concentration N, = 10'° cm ™3, o = 2, the variation
of U2 compensates that of 8, and Ipec 1s approximately independent of the temperature. This
compensation disappears and the coefficient becomes positive when « is decreased below 2
by further increasing N.

The variation of current with temperature for constant bias voltages depends on the mode
of operation.

For strong inversion, the differentiation of approximation (4.28) gives

dIrr/IrR _ g/ 2 dVro
dT dT n(Vp - VS,D) dT ’

(7.29)

Since the temperature coefficients of Vi and 8 are both negative, compensation occurs for a
particular value of n(Vp — Vs p) = Vg — Vo — nVs p. This value is ranging between 300 and
600 mV. Above this limit value, the variation of mobility dominates and the current decreases
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with increasing temperature. Below this limit, the variation of threshold dominates and the
current increases with the temperature.

For weak inversion, the differentiation of approximation (4.34) gives, after introduction of
(7.28)

dler/Ier _ Vso =W+ QC-a)Ur 1 Vpo (7.30)
a TUr nUr dT° '

which is very close to expression (7.26) for the charge. Here again the last term due to the
variation of threshold dominates. The current for constant bias voltages increases with tem-
perature.

This dependence is very large, typically 5% per degree, due to the strong effect of threshold
variations on the drain current (large transconductance to current ratio). For this reason, a
transistor in weak inversion should always be biased at constant current, and never at constant
gate and source voltages.

The specific conductance used to normalize transconductances is given by (5.6). Neglecting
again the variation of n, we obtain by differentiation

dGspec/Gspec l -«
= 0. 7.31
a7 T (7.31)

Since « > 1, this coefficient is always negative.

The transconductance for a given value of 8 may be imposed by the voltages or by the
current.

For strong inversion and constant voltages, the differentiation of (5.14) yields

dGms,d/Gms,d _ dIB/:B _ 1 dVTO
dr dT m(Vp—Vsp) dT °

(7.32)

By comparing with (7.29), we can see that the sensitivity to threshold variations is half of that
for the current. The compensation of the variation of 8 therefore occurs for half the value of
n(Vp — Vs p), in the range 150-300 mV.

For strong inversion and constant current, the differentiation of (5.16) yields

dGms,d/Gms,d _ l dﬂ/ﬂ _ _i (7 33)
dr S 2.dr 2T’ '

The relative temperature coefficient of the transconductance is always negative and independent
of the current.

As mentioned above, a transistor in weak inversion should always be biased at constant
current, the differentiation of (5.19) yields

dGms,d/ Gms,d o

1
=. 7.34
dr T (7.34)

Results (7.33) and (7.34) are comparable. The temperature coefficient of the transconduc-
tance at constant current is always negative. It is about —0.3%/ °K at ambient temperature.



120 TEMPERATURE EFFECTS AND MATCHING

7.2.4 Variation of the Current—Charge Characteristics

Relationship (4.19) between the normalized current and charge can be rewritten with nonnor-
malized variables:

—Qisp

0X

L2 (_Q_iS’D — Ik, (7.35)

2
+ BU
2n C0X> PUr

where the first term may be neglected in weak inversion and the second term may be neglected
in strong inversion. Differentiating separately these two components of the inverted charge
gives for strong inversion

dQisp/Qisp _ 1 dB/B _ L (7.36)
dTr 2 dT 2T

and for weak inversion

dQ; i d 1 -1
Qis.n/ Qis.p __ B/B _ 1 _“ _ (1.37)
dr dr T T
These results are comparable. The temperature coefficient of the charge at constant current is
always positive. It is about +0.3%/°K at ambient temperature.

7.3 MATCHING
7.3.1 Introduction

Matching of the characteristics of two or several transistors is a very important consideration
for analog circuits. Even if transistors are exactly identical in their structure and layout, their
electrical behaviors are not exactly identical. This is due to spacial fluctuations of the physical
parameters that control these behaviors, as listed in Table 7.1.

As summarized in Section 4.4.2, the static voltage—current characteristics of long-channel
transistors require only three device parameters, namely Vo, 8, and n. Hence, the mismatch
of their characteristics is completely characterized by the mismatch of these three parameters.

The sensitivity of these parameters to temperature has been discussed in Section 7.2. If
there is any difference in the temperature of two or several transistors, due to a gradient of
temperature on the chip, it produces a proportional difference in the parameters. This gradient
may be stationary (due to a source of heat on the chip), or it can be transient in time (due to a
change of ambient temperature that is too fast with respect to the chip thermal time constant).

Now, even if the temperature does not vary throughout the chip, some variations of the three
device parameters remain, which can be traced back to those of the physical parameters, as
illustrated in Figure 7.5.
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Figure 7.5 Dependence of Vry, ng = n(V = 0), and B on basic physical parameters

7.3.2 Deterministic Mismatch

Let us assume that the average value of each physical parameter is slightly different between
devices. This might be due to a spatial gradient, or to some local difference due to differ-
ent environments. The resulting small differences of device parameters can be calculated by
differentiation of the various equations summarized in Figure 7.5.

We obtain for the difference AV of threshold voltages,

ACox A
N 2(n0 . l)l]/()) ox ch ch i
Cox Cox ch
(7.38)
for the difference An of slope factors (evaluated at n = ng where it is the most sensitive to

variations of Ny):

ANy Orte
AVry = [2no — DUt + (ng — D¥] —— +
Nb Cox

2 Y

(7.39)

n no

An ng— 1 1 Ur\ AN, ACy
Nb Cox '

and for the difference AB of transfer parameters,

AB  An  ACy AW AL
AB _ A x 2 (7.40)
B M Cox w L

To illustrate the importance of each term, let us take a realistic example with ¥, = 0.8V,
n = 1.4, and Qg /Cox = —200 mV. The effects of a 1% variation of each physical parameters
are summarized in Table 7.3.

Table 7.3 Effect of 1% variation of the physical parameters on the three device parameters: for
example ¥y, = 0.8V, n = 1.4 and Q./Cox = —200 mV

Osc Ny Cox " w L
(7.38) AVrg (mV) 2.00 3.67 —8.40 0 0 0
(7.39) An/n (%) 0 0.13 —0.29 0 0 0

(7.40) AB/B(%) 0 0 1.00 1.00 1.00 —1.00




122 TEMPERATURE EFFECTS AND MATCHING

As can be seen, n is the less sensitive parameter. Its sensitivity to Cox is only (ng — 1)/ng
times that of 8, and that to N, about half of this. Hence, the contribution of An can often be
neglected in a first approximation.

Some correlation exists between the variations of the three parameters, since they all depend
on Cox. They would be fully correlated if the only varying parameter was Coy.

Moreover, variations of Vg and n are further correlated by their common dependence on
Nyp. They would be fully correlated if the only varying parameter was Ny.

To evaluate the importance of these possible correlations, let us calculate the sensitivity of
the saturated drain current (forward current Ir) to variations of the three device parameters.
As obtained in Chapter 4, this current is a function of Vp — Vg according to

(7.41)

Vo — V- Vi
Ir = Ispec FI(vp — V) = 2l’lﬂU% B <u - _S),

I’lUT UT

where F1 may be the inverse of the function defined by (4.25). Hence, by differentiation with
constant Vg,

AB A Lpee dF A
Afp= (A8 L AnY oy e AECE e — Ve AT, (7.42)
B n n dVvp n
———

Gm

The gate transconductance G, can be identified as the factor of AV (independently of the
exact form of F1). We obtain finally

Alr A8 An  Gp An
— =—+—4+ — |AVG — AVro — (Vg — V1o)— |- (7.43)
Ir B n Iy n

For AVg = 0, this equation gives the mismatch of saturation currents for transistors having
the same gate and source voltages:

Al AB Gn Gn An
— =———AVr+ [l = — (Vg — Vro)| —. (7.44)
Ir B Ir Iy n

In this situation (for example in a current mirror), AB /B contributes directly to A I/ Ir, whereas
AV is weighted by G,/ Iy, the transconductance to current ratio that is only a function of
the inversion coefficient I C, as shown by Figure 5.6. When I C is increased, G,/ Ir decreases,
thereby reducing the effect of A V.

Expressing AV for Alx = 0 in (7.43) gives the mismatch of gate voltages for transistors
having the same saturation current and the same source voltage:

AVo = AV — 2288 vy = vy — JE | AR (7.45)
G — TO Gm ,3 G TO Gm . B

In this situation (for example a differential pair), AVr contributes directly to AV, whereas
A/ B is weighted by Ir/ Gp,,. When IC is increased, Ir/ Gy, increases, thereby increasing the
effect of AB/B.
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Figure 7.6 Contributions to current mismatch with ¥y = 0.8 V and n = 1.4: (a) for ACox/Cox =
+1% alone; (b) for AB/B = —1% alone

In both cases, the factor weighting An/n is a function of the inversion coefficient, since
Ve — V1o can be expressed from (4.25) as

Vg — Vo = nUp W1+ 4IC +In(V1+4IC — 1) — (1 + ln2)} +nVs, (7.46)

whereas from (5.29),

Gn 2
Ir  nUp (VT+4IC+1)

The mismatch of currents calculated by introducing (7.46) and (7.47) into (7.44) separately
for differences in Cox and Ny, of 1% is plotted in Figure 7.6, using values given in Table 7.3.

As can be seen, the effect of AV increases drastically in weak inversion (I C < 1), whereas
that of A8 dominates in strong inversion (/ C > 1) for variations of C,. Their (additive) corre-
lation is therefore relevant only in moderate inversion, when both contributions are comparable.

For Vs = 0, An causes a slight reduction of mismatch in very weak inversion, which can
again be neglected.

For V5 > 0, the current mismatch is increased by the contribution of An, especially in weak
inversion. This can be explained by the fact that the effective gate voltage threshold Vyg 4+ nVs
becomes dependent on #.

In strong inversion, some terms are negligible in (7.46) and (7.47), hence (7.44) is reduced

(7.47)

to

Aly  AB G G A
F_4f _ Gm (1 m ) n (7.48)
n

whereas in weak inversion it becomes
A[F _ AIB AVTO + 1 VS An
Ir B nUr

—. (7.49)
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Figure 7.7 Separate contributions to gate voltage offset with ¥y = 0.8V and n = 1.4: (a) for
ACyx/Cox = —1% alone; (b) for AN, /Ny = +1% alone

The mismatch of gate voltages (gate voltage offset) calculated by introducing (7.46) and
(7.47) into (7.45) separately for differences in Cox and Ny of 1% is plotted in Figure 7.7, using
values given in Table 7.3.

As can be seen, the contributions of A8 and Arn increase in strong inversion (/C >> 1),
whereas that of AVy, dominates in weak inversion for Vg = 0. Correlations through AC
and AN, are additive, but relevant only in moderate inversion, when the contributions are
comparable.

For V5 = 0, An causes a slight reduction of offset in very weak inversion, which can be
neglected.

For Vs > 0, the offset is increased by an amount equal to VsAn, which can again be
explained by the fact that the effective threshold becomes dependent on 7.

In strong inversion, (7.45) can be approximated by

Ir A
AVG=AVT0——F—’3+(

IF An
— Vs | —. 7.50
G P +n s) (7.50)

Gn n

This expression shows that the correlations through AC,x and AN, are indeed additive, since
the signs of AVyg, An, and —ApB are the same, as we can see in Table 7.3.
In weak inversion, (7.45) can be reduced to

A
AVg = AVrg — nUT?'B +[(nIC — 1)U + Vs] An, (7.51)

showing that the correlated An slightly reduces the offset for Vs/Ur < 1 —InIC, but aug-
ments it above this limit.

Appropriate layout techniques can be used to virtually eliminate the systematic mismatch
discussed in this section [104].

Transistors to be matched should be implemented as close as possible, in order to minimize
the effect of gradient and/or other variations of low spacial frequency.

Their environments should be fully identical, in order to avoid local variations of critical
physical parameters.

In order to eliminate the effect of a constant gradient, each device can be split into two
half-width devices located each side of an axis of symmetry and connected in parallel. Best is



MATCHING 125

the implementation of pairs in quad configurations, since it also ensures the same environment
for the two transistors.

We have considered differences between the average values of parameters across the devices.
However, except for Vps = 0, Q; is not constant along the channel. It is larger close to the
source (in forward mode) and therefore the current is more affected by a difference of physical
parameters close to the source. Hence, transistors to be matched should have the same source—
drain orientation to avoid an additional effect of gradients.

The mismatch that remains after elimination of these systematic variations is due to statistical
fluctuations of the physical parameters across the area of the transistor channel.

7.3.3 Random Mismatch

Let us assume that the random fluctuations of a parameter P are not spatially correlated. It can
be shown [105, 106] that the standard deviation of the difference AP of average values of P
across two separate regions of area WL is given by

Ap

VWL’

where Ap is the area proportionality constant for parameter P.

This relation can be understood by considering the particular example of Cox illustrated in
Figure 7.8.

If for an element of surface of unit area,

o(AP) = (7.52)

WAC) _

- (7.53)
COX

then for the total area, the standard deviation of the difference of total capacitances is increased
by the square root of the area (the variance increases linearly with the area), whereas the
capacitance increases with the area. Hence,

0(ACo)  Acov’'WL _ Acex

— . (7.54)
Cox WL JWL
GU(ACOX)_A o(ACox) _ Acox IwL _Acox
Cox Cox ~/‘Cox Cox WL JwL
Unit area Area WL

Figure 7.8 Dependence of 0 (ACyx/Cox) on channel area WL
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Figure 7.9 Dependence of 6 (AW) and 6(AL) on L and W

The same averaging across area takes place for the fluctuations of parameters Qg., Ny,
and u.

The situation is somewhat different for the fluctuations of W and L. First, they are best
characterized as absolute values and not as a percentages. Furthermore, they are not averaged
across an area, but along a distance. Indeed, as illustrated by Figure 7.9, noncorrelated fluc-
tuations of width are averaged along the length, and noncorrelated fluctuations of length are
averaged along the width. If for an element of surface of unit length,

o (AW) = Ay, (7.55)
then for the total length L, it becomes
AwvL A
o (AW) = wVL _ oW (7.56)
L VL
and symmetrically,
ALV W A
o(AL) = YT oL (7.57)
w VW

Proportionality constants Aw and Ap could be different if the etching process defining the
gate is anisotropic. We will assume that they are identical, of value Aw 1 = Aw = AL.

Now, the device parameter affected by variations of W and L is 8 o« W/L. If it is small,
the relative difference of aspect ratios can be expressed as

AW/L)_ AW _ AL 759
W/L W L’ '

the variance of which is

2 (AW/L) _ L (AWY |, (AL
U(W/L>_G(W>+6<L>' (7.59)
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Introducing (7.56) and (7.57) with Aw = Ap, = Aw L yields

2 (AW/L) _A%v,L o1\ A} \/W \/T
’ < W/L )_ WL (Z+W)—W THVw (7.60)

The mismatch of W/L decreases faster than that of other relevant parameters when the
channel area is increased while keeping W /L constant. Its contribution to the mismatch of
can therefore be made negligible by increasing W L. Moreover, its variance is minimum for a
square channel and increases with approximately the square root of the aspect ratio.

It should be emphasized that the proportionality constant Ap was defined by comparing the
mismatch of two identical transistors (same nominal values of W and L). If one transistor is
infinitely large, then the mismatch is reduced by /2. Hence, for two transistors of different

W L, it becomes
(AP) A L1 (7.61)
o = —/—F+ —. )
2\ WLy WLL,

Now, except for very large dimensions, the mismatch of two transistors of different sizes
is increased by side effects. Hence, a ratio M/N of f o« W/L is best obtained by a series
and/or parallel combination of M and N identical elementary transistors of same W and L.
The resulting mismatch is then given by

Apy= ¢ \/i-i-i 7.62

Using the variances defined above for the (uncorrelated) mismatches of the basic parameters,
the variances of the three device parameters are obtained directly from (7.38), (7.39), and (7.40):

0*(AVro) = [(2ng — DUt + (ng — D¥]* o <ﬁ)

Ny

o[22 ] (52)
cam =1 52) o (32) o ()] o
()= (@) () i) e

According to (7.52), the same equations are applicable if each o (P) is replaced by the
corresponding area proportionality constant Ap.

Now, the mismatch of these three parameters is possibly correlated through ACqx and ANy,.
In order to evaluate the practical importance of this correlation, an example is illustrated in
Figure 7.10. The mismatch of drain currents and gate voltages is calculated for three cases,
with the same realistic values of o (A V) and a(%).
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Figure 7.10 Mismatch of (a) drain currents and (b) gate voltages of saturated transistors. Case 1:
uncorrelated AV, AB, and An (hence An = 0). Case 2: Fully correlated AVy, AB, and An, with
0, = 0.2% and Vs = 0. Case 3: same as case 2, but with Vg =1V
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In the first case, we assume no correlation between the three device parameters, which is
possible only if AC., and AN, are negligible. Then An is also negligible and Vg has no effect
on matching. We obtain from (7.44) and (7.45) [104]

Al A Gm\?
o (f) - \/02 <?ﬁ> + <I_p> 02(AVry), (7.66)

2
o (AVG) = \/Uz(AVTo)—f- <GI—F> o? (%) (7.67)

In the second case, we assume perfect correlation between the three parameters, and Vs = 0.
This is possible only if the sole source of mismatch is AC,y. Then, according to Table 7.3, the
sign of Ap is opposite to that of An and A V. Mismatch is then calculated by replacing each
variation by its variance in equations (7.44) and (7.45), taking into account this sign difference.

The third case is the same, but with Vg =1 V.

Cases 1 and 2 are the two extreme cases for Vs = 0. Real cases will be in between, with only
partial correlation between device parameters. As can be seen, the maximum ratio between
these two extremes is about /2 when the effects of AVyy and AB are equal in moderate
inversion. So the correlation can be compensated for by doubling the value of WL. The
mismatch of slopes, An, has a negligible effect.

As already pointed out, for Vs > 0, the effective threshold Vrg 4 nVs becomes dependent
on n, and the mismatch in weak inversion is increased by An, as illustrated in Case 3. If AV
and An are dominated by AC, then o (A Vyy) is simply increased by o (An)Vs.

If AN, dominates, which is usually the case in deep submicron processes, then AV and
An are fully correlated, with no correlation with AS.

The random variation of ANy is essentially due to the limited total number N of ionized
impurities in the depletion layer. Assuming a Poisson distribution, then

L [ AN 2 2
PR3 (L [ S (7.68)
Ny Niot W Lty Ny
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where the factor 2 comes from the fact that we compare two transistors. The thickness #4 of
the depletion layer given by 3.26 can be evaluated at ¥, = ¥:

2Wes;
fy = | 2205 (7.69)
qNy

<ANb> 1] 24 70,
(e} = . . .
Ny vWL Yoesi Ny

resulting in

Now, if AN}, dominates and if ¥ > Ur, then 7.63 can be approximated by

AN, I AN,
7 (AVig) = (ng — W0 (Tbb> =>V¥-o (Tbb) (7.71)

where n( has been replaced by its expression (3.73). By introducing a(AT':b) given by (7.70)
and I3}, given by (3.30), we obtain the area proportionality constant for threshold mismatch

1 3691N Y
Avio £ VW Lo (AVig) = - v/ %. (1.72)
ox

Now, the comparison of (7.64) with (7.63) for ¥ >> Ut shows that if mismatch is dominated

by ANy, then
A Avto 1 q3€5i Ny
Ay =~vWLo(An) = = y . 7.73
o(An) = S = 3C \ 2ug (7.73)

It should be pointed out that (7.72) and (7.73) are slightly pessimistic, since #4 in (7.69)
is evaluated at Wy = ¥, which is its minimum value. For Vg > 0, s > ¥, + Vs and ¢4 is
increased, thereby decreasing ANy /Ny according to (7.68) [107]. However, this small effect
can be neglected as compared to the global effect of increasing Vs. Indeed, since AVry and
An are fully correlated by their common origin ANy, the mismatch of effective gate threshold
voltages Vrg + nVs is

\%
o (Vo 4 nVs) = o(Vro) (1 + 2—;0) (7.74)

This expression describes explicitly, for the particular case of AVyy dominated by ANy, the
effect of Vs illustrated by curve 3 in Figure 7.10. An important consequence of this increase of
mismatch due to V5 > 0 appears in a differential pair: its input offset voltage is increased by
the nonzero source voltage if the two paired transistors are not put in a separate well connected
to their sources.






Part Il

The Extended Charge-Based
Model

This second part models several nonideal effects that should be added to the core model
developed in Part I, in order to best describe modern MOS transistors, in particular those
realized in deep submicron processes. Chapter 8 focuses on effects that already affect long-
channel devices, whereas Chapter 9 specifically adresses the short-channel effects. Finally,
the passive devices that must be added to account for the extrinsic part of the transistor are
modeled in Chapter 10.

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.






8 Nonideal Effects Related
to the Vertical Dimension

All the nonideal effects discussed in this chapter remain compatible with expression (4.40) of
the drain current. Hence, they do not affect the fundamental property of symmetry discussed
in Section (4.5). Section 8.2 shows the impact of the mobility reduction resulting from a large
gate voltage. Current and tranconductances are reduced, but their ratio is not much affected.
Section 8.3 investigates the case of nonuniform vertical doping, with a detailed analysis of
two particular profiles. The following sections examine the consequences of the very high
substrate doping and very thin gate oxide introduced in aggressively scaled-down processes.
Polysilicon gate depletion discussed in Section 8.4 can be accounted for by a reduction of
specific charge and current, by an increase of the slope factor for voltages, and by an increased
threshold voltage. Band gap widening due to quantum effects is examined in Section 8.5. It
has the same qualitative effect on charge, current, and threshold voltage as polydepletion, with
which it is usually combined. Gate leakage current due to tunneling through a very thin oxide
is analyzed in Section 8.6. Negligible if the oxide is thicker than 3 nm, this current increases
by more than a factor 10 for each 0.2 nm of thickness reduction.

8.1 INTRODUCTION

In this chapter we still consider a long and wide channel that is homogeneous in the x direction
(along the channel). As demonstrated in Section 4.5, the fundamental property of symmetry is
not affected; hence, the drain current can still be decomposed in a forward component /¢ and a
reverse component Ir. We will separately discuss the main nonideal effects that are related to
the vertical dimension, and show how they can be accounted for by modifying the basic model
presented in Part 1.

8.2 MOBILITY REDUCTION DUE TO THE VERTICAL FIELD

In a MOS transistor, the current flows very close to the silicon surface. As a consequence, the
mobility of current carriers is lower than deep inside the substrate (typically two to three times

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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lower), due to various scattering mechanisms [67]. This mobility is further reduced if the
vertical field E, becomes too large. This field dependent mobility can be approximated by [1]

o

_ M 38.1)
1+ Ect/Eo

Mz

where 1 is the low-field surface mobility, £y = 4 x 107 V/m the electric field at which
the mobility starts to decrease significantly, and E.¢ the average field in the inversion layer,
approximated by

1
Eef = E [Es + Enl, (82)

where E, and E,;, are the values of the vertical electric field at the surface and just below the
inversion layer respectively.
According to the Gauss law illustrated by Figure 3.2,

E; = _(Qi + Qb)/esi and Ep = _Qb/esi' (83)
Hence
1 0;i
Eeff = —— <Qb + 71) : (8.4)
Introducing (8.4) in expression (8.1) of the field-dependent mobility yields
o Ho
, = = . 8.5
T T 6+ 4/2) &

In the second form, the charge is normalized to Qe defined by (3.42) and 6 depends on
E( according to

_ Qspec _ 2nCoUr

0 =
&iEo &iEo

(8.6)

The mobility reduction is a function of the inverted charge density Q; and of the bulk
depletion charge density Q4. The latter is given by (3.55) as a linearized function of Q;, where
the slope factor n can be replaced by its value ny, given by (3.68) resulting in

Vp — qi
gy = —5—— (8.7

L+ 2/

Introducing this result in (8.5) provides the variation of mobility with mobile charge ¢;:

Mz 1
—_ =, (8.8)
mo  kigi +k2
where
1 1 o,
k=6 (——27> and k=14 -—5"—. (8.9)
2 1 + %\/Wp 1 + % 1//p
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Figure 8.1 Effect of mobility reduction due to the vertical electric field

Alternatively, ¥, may be replaced by the pinch-off voltage v, by means of their relationship
(3.47), their difference being very close to 1, according to (3.66).

The correction for mobility reduction can be introduced by multiplying the ¢;(v) charac-
teristics of Figure 3.11 by w./uo. Using ¢; as a parameter, ql" can be calculated by (8.8),
whereas the channel voltage v is obtained from (3.48). Results for several realistic values of
parameter 0 are plotted in Figure 8.1.

For 6 = 0, there is no mobility reduction and the function is identical to that of Figure 3.11.
For 6 > 0, the function is reduced. As can be seen from (8.5), this reduction is more important
in strong inversion where ¢; > 1. However, due to the effect of depletion charge ¢, given by
(8.7), it is also present in weak inversion, especially if v, is large, corresponding to a large
value of V.

If the transfer parameter 8 (4.8) is calculated for u = o, then the forward and reverse
components of the drain current are obtained after replacing ¢; by 1.¢qi/ o in (4.16). Hence
(4.18) becomes

. Is.d 2g; + 1 1 ko ki
= ——dgi = — |2 1—-2—=]1 1+ — . 8.10
Ifr /0 kigi + ka q Ky |: qs,d + ( kl) n ( + kZQS,d ( )

Using g5 4 as a parameter and equation (3.48) to obtain vy 4, this result is plotted as curve
a in Figure 8.2 for a large value of . If 0 tends to zero, the coefficient k; also tends to zero

if,r 1 000 . ; ; ;

o ~, a i i ;

o ¥ ¢ 7o=6
= 800 \/ b

3 ” SN vp =80
2 600 N =30["
g \\‘/ 00 Yo =V¥p—Y%

>

® 400

: DN

° 200

= \

o 6=0.02 ~

=

5 0 ~

L 0 20 40 60 80

Source or drain voltage Vs 4

Figure 8.2 Effect of mobility reduction on current: (a) exact result (8.10); (b) third-order series
expansion (8.11); (c) second-order series expansion (8.12)
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and expression (8.10) diverges numerically. It can be approximated by its third-order series
expansion in which the term 2¢; 4 is canceled:

. 1 ki ) 2ky 4
L= — + (1 - — - , 8.11
If, ko [qs,d ( 2k2> 95,4 3%, 9s.d ( )

which is represented as curve b in Figure 8.2.
Further simplification is possible by limiting the expansion to the second-order term and
neglecting 2k_1<]2 < 1:

S
i = (@a+ o) (8.12)
2

Hence, in this approximation, the current is simply reduced by the factor k. As shown by
curve c in the same figure this is an acceptable approximation if v, — v 4 is not too large. The
transfer characteristics in strong inversion remain close to a square law for a constant gate
voltage vg corresponding to a constant value of k,. The gate-driven transfer characteristics
depart more significantly from a square law since v, and v, increase linearly with vy, thus
modulating the value of k; and k, according to (8.9). This can be observed in the /i(vp) plot
illustrated in Figure 8.3.

The source and drain transconductances at fixed voltages (depicted in Figure 5.1) are reduced
proportionally to w./uo. Hence from (8.8),

z 1
8ms.d = &QS.d (8.13)

mo k4 ka/qsa
Their dependency on the forward and reverse currents can be obtained by first expressing

qs.4(it,r)- Since expression (8.10) cannot be inverted, this can be done by inverting its second-
order approximation (8.12). This yields

N1+ dkyig, — 1
VI Akt =1 (8.14)

qs,d = ) 5
100 -
80 |- 7p=6 see
- -~ c
[ii V=0 050 - a
60 |- L
wosy/p—vp=30 e
40
0 6=0.02
Oa
0 50 100 150 200

Pinch-off voltage v,

Figure 8.3 Transfer characteristics from the gate: (a) exact result (8.10); (b) third-order series ex-
pansion (8.11); (c) second-order series expansion (8.12)
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Figure 8.4 Effect of mobility reduction on the transconductance to current ratio: (a) using (8.15);
(b) exact result

which is identical to (4.24) for & = 0 (k; = 0 and k, = 1). Introducing (8.14) in (8.13) results
in

1
8msd = ——————> (8.15)

k <%
1 + A 1+4dkois—1

which is identical to (5.11) for & = 0. Using this result, the variation of gms 4/t With ig; is
plotted as curve a in Figure 8.4 for a large value of 6. It departs only very slighly from the
“exact” solution (curve b), obtained by using g; 4 as a parameter in equation (8.13) of g.,,s and
in the full equation (8.10) of it ;. The gate transconductance g, is still related to gms and gmq by
(5.9) since this relationship was derived independent of the mobility. Therefore, all expressions
of g, are affected by mobility reduction.

It is worth noticing that the simple expression (5.17) of gy, in linear mode is no longer valid.
The reason for it can be understood by examining Figure 8.5 that shows u,gi/uo(v) for various
values of v, calculated from (8.8) and (3.48) (using g; as a parameter). Indeed, changing v,
(or vg) not only moves the curve vertically [as it did to g;(v) in Figure 5.2] but also modifies
its slope. The figure also shows gms, gmd, and igq for v, = 80 and given values of v and vg.

.|/ 6=0.02] lyg=yp—1p=30
2] =80
N \ /\\\‘\
I P~ A e
g <. \\\\\ \\\‘~
0 20 s 40 Y4 60 80 100

Normalized channel voltage v

Figure 8.5 Effect of increasing v,
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8.3 NONUNIFORM VERTICAL DOPING

8.3.1 Introduction and General Case

In Part I, the doping concentration N}, of the local substrate (or bulk) was assumed to be uniform.
As a consequence, the depletion charge Qy, which is produced by repelling the holes before
electrons can be attracted in the channel, was proportional to the square-root function (3.29)
of the surface potential ¥;. The threshold function defined by (3.33) was therefore nonlinear,
since it can be expressed as

—0u()

8.16
Con (8.16)

Vig = Ve + ¥ +

The slope n of this function was slightly decreasing with increasing ¥;, as shown by (3.34)
and by Figure 3.7.

If the doping concentration is a function of depth z into the substrate, Qy(¥) is modified,
and so are V(%) and n(¥;). Let us consider the general case with the arbitrary profile Ny(z)
illustrated in Figure 8.6.

According to the classical depletion zone approximation, the density of holes is assumed to
drop to a negligible value at depletion depth z4, leaving a space charge —g Ny, per unit volume
for z < z4. Hence the total depletion charge density is given by

4
Oy = —€iE:(z2=0)= —4/ Ny dz, (8.17)
0

which is a function of depletion depth z4. Notice that the origin of the z-axis (z = 0) is
positioned here just underneath the infinitely thin inverted charge sheet (see Section 3.4), so
that E, is not affected by Q;.

The vertical field is zero for z > z4. According to Poisson’s equation, this field increases
with the integral of the depleted charge for z < zg4:

q [
E.=1 [ Nyd. (8.18)
€si J;
T Depletion
Np(2) 3
7
SE7
_gb 00 Z4 Depthz —
Esi T ]
EZ
0

Figure 8.6 Calculation of Qy(¥;) for an arbitrary doping profile Ny(z)
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The surface potential is obtained by integrating the field (8.18) across the depletion region;

hence,
q Zq Zd
U, = — (/ Np dz> dz, (8.19)
€si Jo z
which is also a function of z4.

Using zq4 as the parameter, O (%) can be calculated by means of parametric equations
(8.17) and (8.19). Knowing QO (¥;), Va(¥;) and its derivative n(¥s) can then be obtained
from (8.16).

This calculation will be carried out in the following subsections for two particular analytical
profiles Ny(z) that can be used as approximations of real profiles.

8.3.2 Constant Gradient Doping Profile

Consider the doping profile described by

Zc

Np = Nuo <1 +Si) (8.20)

and illustrated in Figure 8.7. For S = 1, the doping concentration increases linearly from its
surface value Ny and is doubled at characteristic depth z.. For § = —1, it decreases to reach
zero at z; the model is then valid only for a depletion depth z4 < z..

Introducing this profile into (8.17) and (8.19) yields the parametric equations of ¥(Qp):

22

Ob = —qNyo (Zd + S§>, (8.21)
N, 2 3

g, = DN (ZEdJrS;_d) (8.22)
si Z¢

These equations can be simplified by introducing a parameter
paid (8.23)
Zc
and by defining a normalized characteristic depth

A Zc €ox 2¢Cox

g 2 e Sox , (8.24)

Figure 8.7 Constant gradient doping profile Ny(z)
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and the substrate modulation factor at the surface

/2¢q Nyo€si
ol "C—"Oe (8.25)
They become

1"2 P2

& _ ik (p + ST), (8.26)
0oxX

I"2 2 P2 P3

w, — %5 (7 + s?). (8.27)

These two results can then be introduced in (8.16), giving

Iy S p?
Vg — Vig = %‘“ (P + CC; P2+ S§C?). (8.28)

Now, (8.28) and (8.27) can be used as parametric equations of Vyg(¥;), with P as the
independent parameter. This threshold function is plotted in Figure 8.8(a) for I3 = 40Uy and
for several values of the normalized characteristic depth ¢.. Uniform doping corresponds to
§e = o0.

200 0.2
1
Ny, increasing \/ 5 Zo £ox
160 oo Parameter{ = Tox &5
Ve —VrB
Ur / 5 Ny decreasing
5 120 / 2.0 \\\
©
5 T 1.8 |
k) / S Np nc}zé%ing 02
2 g 516
g // E \ 1
e
[ Q14
2 g 2 i go
// I = 40Ut e ‘ I = 4OUT! 5
40 Ny, decreasing
/ 1.0
0 40 80
Surface potential wg ='¥¢/Ut
0 a (b)
0 40 80 @

Surface potential v ="¥¢/UT

Figure 8.8 Effect of a constant gradient profile: (a) on threshold function Vg (¥;); (b) on slope factor
n(¥s)
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The slope factor can also be expressed as a function of parameter P by differentiating (8.28)

and (8.27)

L Ve _dVig ¥ 14+ P+ S)+ £SP?
dy,  dP 'dp ZP(1+ SP) ’

(8.29)

This equation can be associated with (8.27) to obtain n(¥;). This slope factor is plotted in
Figure 8.8(b) with the same values of I}, and &..

As could be expected, the slope factor for a given value of surface doping Ny is increased for
an increasing doping profile. However, this effect is significant only for ¢, < 5, corresponding
t0 z¢ < 15¢4.

8.3.3 Step Profile

The step profile illustrated in Figure 8.9 is another approximation of real profiles that is tractable
analytically. Introducing this profile into (8.17) and (8.19) yields, for z4 > z

Ob = —q [Nbozc + Nbe(za — 2¢)] (8.30)
and
q (za — 2e)? z?
Uy = — | Npe———=— + Nieze(za — z¢) + Npo = |- (3.31)
€si 2 2

These equations can be simplified by introducing the parameter P defined by (8.23) and
variables ¢, and I, defined (8.24) and (8.25), and by defining the doping ratio

A Nbc

) (8.32)

Figure 8.9 Step approximation of doping profile Ny(z)
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resulting in

_ 2
Csz%%[1+v(P—1)] (8.33)
and
o =550 [V p 1 pup -1y L 8.34
s=" 2(—)+v(—)+2. (8.34)

These equations could be used as parametric equations of ¥;(Qy). Instead, parameter P can
be calculated from its second-order equation (8.34):

p=1-Ly 2%
o v oowgihy

(8.35)

and introduced in equation (8.33) of Q. According to (8.16), the threshold function then

becomes
1—v+ ( 1+4WS>
—v viv— —
2y,

This expression is plotted in Figure 8.10 for various values of normalized step depth .. Part
(a) of the figure is for a 1 to 10 step up of doping concentration. The threshold is strongly
increased if the step is shallow, since most of the depletion region extends within the region of
higher doping concentration Ny.. This increase is attenuated when the step depth is increased.

F2
Vig — Vi = ¥ + % ) (8.36)

180
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Figure 8.10 Threshold function for a step profile of normalized depth ¢.: (a) for a step up 1 to 10;
(b) for a step down 10 to 1
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Expression (8.36) is valid only when the depletion depth extends beyond the step, corresponding
to P > 1, and hence from (8.35) for

To\>  gNyoz2
w, > (Cc bO) _ 2wz 8.37)

2 2e si

For smaller values of surface potential, the situation is reduced to that of uniform doping Ny
(corresponding to ¢, = 00).

Figure 8.10(b) shows the case of a 10 to 1 step down of doping concentration for the same
values of I} and ¢.. The threshold function is reduced if the step is shallow, since the depletion
region extends mostly in the region of lower doping.

Figure 8.11 is another plot of expression (8.36) of the threshold function, for a fixed value
of step depth (¢, = 2) and various values of the doping ratio v. Below the limit given by (8.37),
the depletion region does not reach the step depth z.. The doping is therefore uniform with
substrate modulation factor [. Beyond this limit, the depletion region enters the region of
different doping and the threshold function depends on the doping ratio v.

When the gate voltage Vg starts exceeding the threshold function Vg at some position along
the channel, some inversion charge Q; starts appearing. According to (3.5), the concentration
of this inversion charge will dominate at the depth for which ¥ — @ is maximum. If the
doping concentration is uniform, then Fermi potential @ is constant and the inversion charge
appears at the surface (z = 0), since ¥ is always maximum at the surface. This is also true if
the concentration increases with depth z, corresponding to an increase of @r given by (3.8).

But if, on the contrary, the concentration decreases steeply with depth, the corresponding
decrease of ®@f can possibly overcome the decrease of ¥. The inversion layer is then created
below the surface, resulting in what is called a buried channel.
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Figure 8.11 Threshold function for various step profile doping ratios v
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Figure 8.12 Charge densities and electrical field with a buried channel

For the step profile discussed here, the channel will be buried as long as the difference of
Fermi potentials for the two doping concentrations exceeds the drop of potential across depth z..:

Pry — Pre > Vs — Y, (8.38)
or by introducing expression (3.8) of g
Uy — ¥, < Urln(1)v), (8.39)

where ¥, = ¥ (z = z.).
The effect of this buried inverted charge Qj, on the electric field is illustrated in Figure 8.12.
The total charge Q. underneath the surface can be split into three parts:

O, 2 Ob + Oip = Qvo + Obe + Cip- (8.40)

The buried inverted charge (supposed to be a very thin layer according to the charge sheet
model) produces a step of field. The total voltage drop across z. is easily obtained by inspection:

W W= (QQO%). (8.41)

Introducing (8.40) and the variables defined by (8.24) and (8.25) yields

_Ql _ gcrbz() + lIjs - lI/c
Cox 4 e .

(8.42)

This charge increases with the surface field. When the limit condition (8.39) for surface inver-
sion is reached, it has a maximum value given by

_thax — é.chz()
Cox 4

+ % In(1/v) (8.43)

that is independent of W;.
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Figure 8.13 Maximum surface potential for which the channel remains buried

According to (8.16), the threshold for surface inversion can therefore be expressed as

max r; U
Vs — Ve = ¥ — Qtma =Y+ feloo + = In(1/v). (8.44)
COX 4 ;-C

This limit is plotted in dotted line in Figure 8.10(b) for ¢, = 0.15. Since the buried charge
cannot be positive, this threshold is valid only when it is larger than the inversion threshold
V1s. This would not be the case for the deeper steps (larger ¢.) shown in the same figure (except
for very low values of ;).

To obtain a buried channel for a deeper step, the lower doping concentration should be
further reduced, in order to increase the difference of Fermi potentials.

The maximum value of surface potential for which the channel remains buried can be
obtained by introducing the value of ¥s — ¥, into condition (8.39). It can easily be verified
that this value is given by the last two terms in (8.34), since the first term correponds to Y.
Hence, for this maximum value,

¢ 1
x>z |:1)(P -+ E} =UrIn(1/&). (8.45)

Introducing expression (8.35) of parameter P and solving for ¥ yield

2Ty

C

4

tIls max —

! L2, 2+1 (8.46)
“(v=—==—"+1nv —vl. )
v 2 2L

This limit is plotted in Figure 8.13 as a function of the doping ratio v. It can be seen that, for a
given value of parameter ¢ I3 [that is proportional to Nyz?2 according to (8.37)], the channel
may remain buried up to large values of the surface potential if v = Ny /Ny is sufficiently
small. Such a situation is shown in Figure 8.14, with {215/ Ut = 0.2 and v = 0.1. As can
be seen, Vs > Vrp in the whole range represented in the diagram. If the surface potential
is close to its pinch-off value ¥p, then all the inverted charge is buried. This will be true all
along the channel if the transistor is in weak inversion (Q; negligible). If the surface potential
is lower than the value Wpg defined in the figure (surface pinch-off potential), then only a part
Oy of the total inverted charge Q; buried.
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Figure 8.14 Inversion charge Q; and its buried part Qj,

The slope factor is easily calculated from (8.36) as

dv:
L v - (8.47)
v, 200 — 1) + 49, /T,

It is plotted in Figure 8.15 for various values of normalized step depth ¢, with the same
parameters as in Figure 8.10.

Figure 8.15(a) shows the case of a 1 to 10 step up in doping concentration. Compared to
uniform doping (¢, = 00), the slope is strongly increased if the step is very shallow, as can be
expected from the fact that the depletion occurs mainly in the highly doped region. It remains
higher when the depth is increased, but is more constant with the variation of the surface poten-
tial. Indeed, if the doping ratio v tends to infinity, (8.47) shows that the slope factor n remains
constant at the value 1 + 1/¢. as soon as the surface potential exceeds the limit given by (8.37) to
have the depletion region reaching the step. For the example of the figure with ¢, = 2, this limit
isreached for ¥, = 40Ur. Below this value, the slope factor is that of uniform doping (¢, = 00).
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Figure 8.15 Slope factor for various values of normalized step depth ¢.: (a) for a step up 1 to 10; (b)
for a step down 10 to 1
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Figure 8.16 Slope factor for various step profile doping ratios v

Figure 8.15(b) shows the case of a 10 to 1 step down of doping concentration. The slope
factor is lowered by a shallow step (most of the depletion occurring in the lightly doped region).
However, it increases very steeply when the surface potential is reduced and approaches the
limit given by (8.37).

In Figure 8.16, the slope factor is plotted for ¢, = 2 and various values of the doping ratio. It
shows again that when the depletion region reaches the step, the way n varies with the surface
potential strongly depends on the doping ratio.

8.3.4 Effect on the Basic Model

The nonuniformity of vertical doping affects only the shape of the threshold function, and
hence the slope factor and the threshold voltage. Therefore, the whole model derived in Part
I is still applicable with new values of these parameters. The threshold voltage at equilibrium
V1o was defined by (3.58) as the value of the threshold function Vg for V = 0 (channel at
equilibrium). Hence, from (3.56),

V1o = V(¥ = W), (8.48)

where ¥ is given by (3.66) with @ calculated from (3.8) with Ny, = Nyg.

The effect of the constant gradient profile as illustrated in Figure 8.8 can be approximated
by fitting the substrate modulation factor I3, of a uniform profile. Both the threshold voltage
and the slope factor are increased (decreased) if the doping is increasing (decreasing) with
depth.

For the step profile approximation, the threshold voltage can be expressed explicitly from
(8.36):

2 4y
vTovaB+w0+€° b0 [1—v+\/v(v—1+ 0) . (8.49)

2 2l

The pinch-off potential ¥p was defined in Section 3.5 as the value of surface potential for
which the inverted charge is zero; that is,

Yp = ¥(Vg = Vrp), (8.50)
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Figure 8.17 Dual slope threshold function

and is related to the pinch-off voltage by Vp = Wp — ¥ according to (3.66). But no simple
relation exists here to replace expression (3.37) of Wp. Instead, Vp can be approximated by
(3.63).

For a given value of surface doping (and hence of I), the effect of a step profile depends on
the step depth z. and the step doping ratiov = Ny /Nyo. A stepup (v > 1) can only increase Vg
and n, but it improves the linearity of threshold function Vg and hence reduces the variation
of n with the surface potential, as shown by Figure 8.11 and Figure 8.16.

A step down (v < 1) can only reduce Vy and #, but it may result in an abrupt change of
slope at the limit given by (8.37), as illustrated in Figure 8.16. Therefore, a dual slope threshold
model might be needed as illustrated by the example of Figure 8.17.

Threshold V¢, and slope n; correspond to the region of uniform doping. They are thus
given by (3.58) and (3.34) with I}, = I [or by (8.49) and (8.47) with v = 1]. According
to Figure 8.16, the evaluation of n; should be made by (8.47) with a value of ¥ sufficiently
larger than ¢ I74/2. Inspection of Figure 8.17 shows that the second threshold voltage can be
calculated by

Vior = Vo1 4+ (11 — m2) [(€eTh0/2)* — %] (8.51)

8.4 POLYSILICON DEPLETION
8.4.1 Definition of the Effect

In the basic model discussed in Part I, we have assumed a constant potential Vg throughout the
thickness of the gate electrode, which would always be true if the gate material was a metal.
It is still true for a (poly)silicon gate, as long as the thickness of the layer of positive charge
Qg (that is concentrated at the lower face of the gate electrode) is so small that the voltage
AW, across it is negligible. If the gate is N-type, we can assume that a positive gate charge Qg
is entirely produced by the depletion layer created at the lower face of the gate. If the gate is
P-type, this depletion layer can possibly create a negative gate charge Qg.
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To calculate AY,, we can further assume that the model of equations (3.29) and (3.30)
giving

2
VZqNoes
W, = O with I} = Y47bss (8.52)
FbCox Cox

for the monocrystalline bulk with doping concentration N}, remains valid for the polysilicon
gate with concentration Ng. Then by analogy [45]

0: \’
AW, =+ (ﬁ) for +Q,>0, (8.53)
where
2gN. €
= 7vg,g‘ (8.54)

is the gate modulation factor. The positive sign in (8.53) corresponds to the positive voltage
drop created through the depletion layer of an N-type gate (for Q, > 0), whereas the negative
sign corresponds to the negative voltage drop that might eventually be created in the depletion
layer of a P-type gate (for Q, < 0).

Comparing (8.52) with (8.53) and (8.54) shows that AW, remains negligible as long as
Ng/Np > (Qg/0b)*

Now, while scaling-down process dimensions, N, must be increased whereas N, cannot
be increased proportionally. Hence AY¥, may become nonnegligible, especially if O, is made
much larger than —Qy, by a large value of inverted charge —Q; (very strong inversion).

Although the original definition of the fixed interface charge Q¢ in Section 2.2 included
the equivalent effect of the charge distributed throughout the oxide thickness, let us assume
here that all this charge is physically located at the silicon-oxide interface. Hence, because of
the overall charge neutrality

0y =—(0v+ 0i+ Or). (8.55)

The depletion voltage at the gate then becomes

Op+ 0i + ch>2

AW, =+ (
[Co

(8.56)

8.4.2 Effect on the Mobile Inverted Charge

This voltage drop AY, given by (8.56) must be subtracted from Vg in the voltage to charge
relation (3.19). This yields

2
1 (Qi+Qb+ch) _ Qi+Qb+ch —(VG—Qms_lps):O' (857)

4+
ng Cox Cox

The mobile charge density Q; is then obtained by first solving this second-order equation
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in (Q; + Qv + Or)/Cox, giving

Ir? 4
Qi+Qb+ch =Cox :ETg <1 - \/1iﬁ(VG_lps_¢ms)> . (858)
g
Then, by introducing expression (3.29) of Qy,
r? 4
Qi = Cox Fb V lI/s =+ Tg 1- 1+ F(VG - ws - (pms) - ch- (859)
g

8.4.3 Slope Factors and Pinch-Off Surface Potential

We can now compare (8.59) with (3.32), to which it reduces for I’y very large. As a first remark,
@, and Oy cannot be lumped anymore into a flat-band voltage Vgg. But most important is
the fact that Q; is no longer proportional to the difference between the gate voltage Vs and a
threshold function Vyg(¥;). The diagram of Figure 3.7 is therefore no longer applicable. As
a consequence, the slope of C%(llls) is no longer identical to that of Vg(¥p). Therefore, the
single slope factor n introduced in Part I must be replaced by two distinct slope factors:

AV dVg

_ in/Cox
S dy dVp N ’

and ng v
S

(8.60)

Ny

In order to obtain an expression for n,, we have to first calculate Vg (¥p) that replaces (3.33)
plotted in Figure 3.7. Introducing Q; = 0 and ¥; = ¥p in (8.59) results in

2

C 1 fc
Vg = ®ps — Qs + W+ T/ & — Qs — L% ), (8.61)
Cox Iy \Cox

which reduces to expression (3.33) of Vyp(¥;) for I'y very large.
It must be reminded that, according to (3.66), ¥p is related to the pinch-off voltage Vp by

Yo = Vp + Wy = Vp + 25 + V. (8.62)

Equation (8.61) is plotted in Figure 8.18 for particular values of y, = I,/Ut and y, =
I'y/Ur, and for five different values of fixed charge Qr./Cox ranging from —40 to 40.

Now, polydepletion is possible only if the charge Qg on the gate is positive for an N-type
gate or negative for a P-type gate. At pinch-off Q; = 0, hence from (8.55) polydepletion at
pinch-off occurs only for

+(0p + Or) < 0. (8.63)

By introducing expression (3.29) of Qy with ¥ = Wp, this condition becomes

+ (rbﬁp - g“) > 0. (8.64)

ox
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Figure 8.18 Effect of polydepletion on Vg(¥,)
Introduced in (8.61), condition (8.64) becomes
(Vg — @Pms — ¥p) > 0. (8.65)

This limit is also represented in Figure 8.18. No polydepletion occurs at pinch-off if condition
(8.65) is not fulfilled; the Vg(¥p) function is then that for y, very large. The valid curve for a
given value of Qy. is shown in thick line. Its slope n, is always increased by polydepletion.
Notice that polydepletion can occur below the limit given by (8.65) if ¥ < ¥p (Q; no longer
negligible in (8.63)).

We see that, for the N-channel transistor considered here, a large positive value of fixed
charge Q¢ may prevent polydepletion for an N-type gate, and make it possible for an P-type
gate.

The flat-band voltage Vpg was defined as the value of gate voltage Vg for which ¥ = 0;
hence, Qs = QO + Q; = 0. Using (8.57), we obtain

Or

Vis = Opms —
FB ms Cox

2
+ (rfé) for + Q.= FO0r > 0. (8.66)

The flat-band voltage is increased by polydepletion in an N-type gate for a positive fixed
charge; it is decreased by a negative fixed charge for a P-type gate. However, we have seen
before in (8.59) that the fixed charge does not simply contribute to a shift Vrg of gate voltage,
as is the case without polydepletion.

The pinch-off surface potential can be calculated from the gate voltage by inverting (8.61),
with the result of a very complicated expression for the general case. This expression is
simplified if Q¢ = 0 hence Vpg = @5. As can be seen in Figure 8.18, there is then no
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polydepletion for a P-type gate; ¥p(V;) is therefore given by (3.37). For a N-type gate, inverting
(8.61) yields

2
= Fg 2 2 27 _
¥p = {Z(sz T ng) |:\/4(Fb + Fg YV — Vi) + Fb Fg Fng] (for Q¢ = 0),

(8.67)

which also provides Vp(V() by introducing (8.62). It can be verified that this expression is also
reduced to (3.37) for Iy > I},

8.4.4 Voltage Slope Factor n,

According to definition (8.60), ny is the slope of V5(¥p) plotted in Figure 8.18. Differentiation
of (8.61) gives

dv, gt L\ Cox
ny=—9 — 14> 4 (2 | 2re/Cox) (8.68)
dwp 2V~ \ T /%

which reduces to n given by (3.68) for I}, <« I'y. This slope factor is plotted in Figure 8.19 for
numerical values identical to those of Figure 8.18.

Condition (8.64) is used to identify the valid part of the curve (shown in thick line) for
each value of Qy.. Notice that n, cannot be lower than its value for very large y, /v, that is
independent of Q. as shown by (8.68). This confirms that the voltage slope factor n, is always
increased by polydepletion.
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N
<16 1.6\ Qiic
2 N ————40 \__ Parameter ~1¢/~ox
= 1 4\\3‘\\ ———1-20 ’ 4Q T
Hm— E— 28 ..... 0
1.2 e 40 1.2} I o
Parameter 21¢/ Gox 5 U B—
1.0 U 1.0 =20 —
20 60 100 20 60 100

Pinch-off surface potential ¥p /Ur =y, = vy + yg

Figure 8.19 Variation of slope factor n, with pinch-off surface potential ¥p
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8.4.5 Charge Slope Factor n,
Slope factor ng is obtained by differentiation of (8.59):

_ in/Cox _ Fb 1

ng = - + . (8.69)
W 2 L (Ve — W — D)

Unlike 7 (to which it reduces for I'; very large) this slope is not only dependent on surface
potential ¥; but also dependent on gate voltage V. This dependency on Vg may be replaced
by that on ¥p by introducing (8.61), giving

n, 1

:WV[

ng (8.70)

2
£ AT - 2] & W -w)

Here again, ¥p may be replaced by ¥ + Vp.

As done without polydepletion, this slope factor may be evaluated at the value of surface
potential ¥ that is best adapted to the mode of operation.

In weak inversion, or close to it, it may be evaluated at ¥s = Wp; (8.70) then becomes

I 1
Ngw = + :
R N7 T 1"%2 (Fov/Pp — 01:Cox)

ng = 8.71)

This variation of ng, with p is plotted in Figure 8.20 with the same numerical values as those
of Figures 8.18 and 8.19.

Condition (8.64) is used to identify the valid part of the curve (shown in thick line) for
each value of Q. Notice that nq cannot be higher than its value for very large /s, that is
independent of Qf. as shown by (8.70). This shows that the charge slope factor nq is always
decreased by polydepletion.
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1.8 |-{N-gate| 1.8 |-{P-gate] 5
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Pinch-off surface potential ¥p /Ut = Vp = Vp+ ¥

Figure 8.20 Variation of slope factor g, with pinch-off surface potential ¥p
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For strong inversion, a better evaluation of nq given by (8.70) may be at ¥s = ¥ + Vp/2,
resulting in

T, . 1
n =
C 2T+ V)2 \/{

ng = (8.72)

2
L Z (VP + Vo — 85)| & Ve

8.4.6 Effect on Q(V), Currents, and Transconductances

The continuous expression of V (Q;) (3.48) and its approximations (3.49) and (3.50) in weak
and strong inversion remain valid if n is replaced by nq given by (8.70) in the normaliza-
tion of Q;. Hence the specific charge (3.42) used for this normalization must be replaced
by

Ospec = —2nqUtCox, (8.73)

The same remark applies to the normalized drain current and its forward and reverse com-
ponents derived in Sections 4.4.1 and 4.4.6 provided that the specific current is redefined
as

Lipec = 2n4BU3. (8.74)

In particular, results (4.25) and (4.39) and the corresponding characteristics in Figure 4.5
remain unchanged.

As explained in Chapter 5, the source transconductance Gy is proportional to the density
Q;s of mobile charge at the source (in normalized form, g,s = ¢s). Symmetrically, the drain
transconductance G g is proportional to the density Q;p of mobile charge at the drain (in nor-
malized form, gng = qq). Therefore, all expressions of G g as functions of Igg or Vp — Vs p
remain valid, provided n is replaced by nq. The specific conductance used for normalization
becomes

G gpec = 2n4BUT. (8.75)

Now, since by definition (8.60) the slope of V(Vp) is ny, the gate transconductance is given
by
Gy = M, (8.76)
ny
instead of (5.9).

It can be pointed out that, since polydepletion reduces ng, it reduces Gy, q (except in
weak inversion at a fixed current). Since it increases ny, G, is further reduced proportio-
nally.

The effect of polydepletion can be combined with that of mobility reduction by simply
applying relations (8.73) to (8.76) in the analysis of Section 8.2.
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8.4.7 Strong Inversion Approximation

According to (3.50) and (8.73), the mobile charge in strong inversion can be approximated by

o
COX

= ny(Vo— V). (8.77)

This approximation is illustrated in Figure 8.21. Assuming constant mobility (no mobility re-
duction), the forward and reverse components of drain current as well as the various transcon-
ductances are also shown on the curve.

As discussed in Section 3.6.3, the surface potential can be assumed to be independent of the
gate voltage and equal to ¥, + V. The (equilibrium) threshold voltage Vo was defined as the
value of the gate voltage for which the mobile charge density is zero at equilibrium (V = 0).
Hence, according to (8.77),

Vio = Vg(Vp = V = 0). (8.78)

Now, since Vp = W¥p — ¥ (3.66), then

Vo = Vo(¥p = ¥o) (8.79)
or, from (8.61),
Qe 1 (O ?
Vio = @ — — + Y Lhwyvyovt—|=—-Tyv¥%)], 8.80
0= Py = + %o + I'v V¥ 7 \Co vV % (8.80)

with the condition that the term in parentheses must be positive for an N-type gate and negative
for a P-type gate. Otherwise no polydepletion occurs, corresponding to an infinite value of I',.

The threshold V¢ can also be found in Figure 8.18 as the value of Vg for ¥p = ¥,. As we
can see, Vo is always increased by polydepletion in an N-type gate. For a P-type gate, it might
be decreased, but only with very large positive values of fixed charge Qy..

n,
=2 (Ve = V7o)
A

-Q;/Cqx

Figure 8.21 Effect of polydepletion on strong inversion approximation
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According to (8.60), ny is the slope of Vg(Vp). Furthermore, Vo = Vg (Vp = 0) as expressed

by (8.78). Therefore, the pinch-off voltage can be approximated by
Vo —V-
Vp =210 (8.81)
ny

This approximation can be used to obtain Vp = ¥p — ¥, instead of (8.67), which was anyhow
valid only for Q¢ = 0.

Introducing (8.81) into (8.77) provides a simple expression of Q;(Vg, V):

9 _ ", <VG —Vno V). (8.82)

Cox ny

Hence, a variation AV of gate voltage results in a vertical shift % AVg < AVg of Q5 /Cox(V)
as depicted in Figure 8.21. This explains the value of gate transconductance in linear mode

g
Gm = n—ﬂ(VD - Vs). (8.83)

8.5 BAND GAP WIDENING
8.5.1 Introduction

In modern deep submicron processes, the oxide thickness is reduced to very small values,
whereas the gate voltage is not reduced proportionally. The electric field at the silicon surface
is therefore increased, and confined states originating from a quantum treatment can no longer
be ignored. As a consequence, the highest allowed energy level for holes is slightly below the
top of the valence band by an amount g A¥,, and the lowest allowed energy level for electrons
is slightly above the bottom of the conduction band by an amount g AY¥,. With this band gap
widening effect, expression (3.5) of the concentration of electrons must be modified to [47,108]

W — dp -V — AY,
Ny = i exp - 7 = (8.84)
T

In inversion, it can be assumed that AY, is primarily a function of the effective vertical field
at the silicon-oxide interface. Since this field is proportional to the charge in the silicon, AY,
can be expressed as [47]

AW, = Agm(—Qp — 07, (8.85)

The physical constant Aqy is given by

A LT YTy Vmt (8.86)
™=\ 2mrq EE_M T Y A2/362/37 ’

where 4 is the Planck’s constant and m™ is the effective mass of the electron (equal to 98% of
its free mass for <100> substrate orientation).
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The constant 1 accounts for the effective value of the surface field. Its value is typically 3/4,
but it can be used as a fitting parameter.

For a uniformly doped substrate, the depletion charge linearized around its value at ¥ = ¥p
is given by (3.54) and is not affected by possible polydepletion. It can further be related to the
inverted charge by means of (3.39) (with n = nq to account for polydepletion), resulting in

n—1

Op = —T,Cox /Wb — 0i, (8.87)

where n is given by (3.34) and ng is given by (8.70). Introducing this expression of Q(Q;)
into (8.85) gives

| — 2/3
AP, = Aqm |:FbC0x Up + ( 77) (_Ql):| > (8.88)

g
or, with the normalized variables defined by (3.41), (3.43), and (8.73),

A

2/3
Y = ?l/gx [Vb\/ Yo+ (1 —n+ nnq)z%}

: (8.89)

which is plotted in Figure 8.22 for several values of the pinch-off potential, n = 3/4, and
ng = n = ny, given by (3.68).

As given by (8.88), AY, is a nonlinear function of both ¥p and Q;. It can be linearized with
respect to Q; around Q; = 0, giving

2/3
AW, = Agn (ToCor /)

AYep

2
+ §Aqmcox(nnq +1-n) (Fbcox V lIIP)

15 0

nqCox

, (8.90)
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Figure 8.22 Dependency of band gap widening A/, on inverted charge g;; linear approximation in
dotted line
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or simply

AV, = AWUp + 5qm%. (8.91)
q“ox

The comparison with (8.89) in Figure 8.22 shows that this linearization is an acceptable
approximation.

8.5.2 Extension of the General Charge—Voltage Expression

According to (8.84), the effect of band gap widening on the electron concentration is corrected
for by adding d¥. to the channel voltage V. With the charge sheet approximation, the same
correction can be introduced in expression (3.38) of Q;(¥;), where the contribution of holes is
neglected, and in equation (3.40) resulting from the linearization around ¥s; = W¥p. Replacing
n by nq to also account for polydepletion, the latter can hence be rewritten as

WP_Z(pF_V _ _Qi(l +5qm) +1In _Qi(l +5qm)
UT 2anTC0X 2anTC0X
AY, 2nq/U —0; b4 i
$ETL g | VT CANIE Y o ST
Ur Fb(l + 6qm) Cobu\/ UT Ur nquxUT

(8.92)

To obtain this form, (1 + 84m) has been introduced in the numerator of the first logarithmic
term and in the denominator of the second logarithmic term for compensation.

The normalized charge ¢; defined by (3.41) can then be introduced, with an extended
definition of the specific charge

Qspec = _2anTC0x/(1 + 6qm)v (8.93)
which reduces to (8.73) if band gap widening is negligible [and to (3.42) if polydepletion is

also negligible].
Equation (8.92) then becomes

2 2nqgi
wp—2¢f—v=2qi+1nqi+1n[ "4 ( Mad

Yo(1 + 8gm) \ »(1 + dqm)
2q;
+21 [ Yy — m) + 0Vep. (8.94)

It has been shown in Figure 3.10 that the second logarithmic term is practically independent
of g;. The terms in g; can therefore be neglected, providing the simplified result

4
2¢; +Ing; +In (% wp> + 5y — In (1 + Sqm) = ¥p — 205 — v, (8.95)

Ush
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which is identical to (3.45) with an expression of voltage shift v, extended to include the effect
of band gap broadening.

The general charge—voltage expression (3.48) does therefore include quantum effects, pro-
vided specific charge Qe (that is used to normalize mobile inverted charge Q;) is extended to
(8.93), and vy, [that relates pinch-off voltage v, to pinch-off potential v, according to (3.47)]
is extended to

4nq
Vgh = In W Yp | 4 0y — In(1 + Sgpm). (8.96)

The correction term 84y, is given by (8.90), and can be expressed by introducing definition
(3.30) of the substrate modulation factor Iy:

2
6qm = §Aqmcox(nnq +1- n)(zqfsiNblpP)_l/6~ (8.97)
For a fixed doping concentration Ny, dqm is approximately proportional to Cox. Even though
Ny, is also increased while scaling-down the process features, the dependency on Cyx dom-
inates. Expression (8.97) is plotted in Figure 8.23 as a function of ¥p for ng = n = ny (no
polydepletion, evaluation of n at pinch-off) and for several combinations of values of N}, and
Cox-
As can be seen, 4, is a very weak function of . It can therefore be considered constant and
evaluated at a particular value of Wp; for example, ¥p = 2®Pg. It is also a very weak function
of Ny. Indeed, for the whole set of values considered in Figure 8.23 and for ¥p > 0.7V,

qm
9% —10to 20m?/F = 1072 to 2 x 1072 um?/fF. (8.98)

0X

For a given value of Vp —V, the inverted charge Q; is reduced since Qgpec is reduced
according to (8.93).

Even for a very large value of Cox, 8qm remains smaller than unity and can therefore be
neglected in (8.96). Hence, the increase AV, of Vi, due to band gap widening is reduced to

0.5 \
0.4
3
qm \\ No | Cox | T
\\
0.3 (em~®) |[(fFFjum2) (V1/2)
02 3.10'7| 30 | 0.106
' 17
\\\ 1.10 10 |0.183
0.1 3.106] 3 | 0.334
_ 1.1016] 1 0.578
0
0 0.5 1.0 1.5 2.0 25

Pinch-off potential ¥p (V)

Figure 8.23 Correction term ¢y, according to (8.97)
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Figure 8.24 Contribution of band gap widening to voltage shift V,

AW.p defined in (8.90). Introducing definition (3.30) of I3, it can be expressed as
AVg = AVp = Aqm (2qesiNblpP)l/3’ (8.99)

which is independent of C .x and depends only on the doping concentration N}, and the pinch-off

potential Wp. It is represented in Figure 8.24 for various values of Ny. It can be noticed that it

still has a nonnegligible value even for the very low doping concentration Ny, = 10! cm~3,
Using nonnormalized variables, (8.96) then becomes

4ng
Vin=Ur In T U | + AVy,. (8.100)
b

Although this increase of Vi, is proportional to (¥p)!/3, it may again be considered as a
constant evaluated at some value of Wp, for example 2Pg.

The effect of band gap widening is to increase the voltage shift Vy,, thereby increasing
Up — Vp and ¥ according to (3.66). Hence the threshold Vo defined by (3.58) is increased,
and the pinch-off voltage Vp is decreased at constant ¥p (or constant V).

8.5.3 Extension of the General Current-Voltage Expression

Due to quantum effects, the electric field experienced by the mobile carriers in the channel is
no longer —d¥/dx but

d(¥, — AY,
E, = -4 =A%) (8.101)
dx
Expression (4.2) of the drain current must therefore be modified to
In=uW | -0 ds — Ao |y, 990 (8.102)
D=HM i dx T dx .
N——
drift diffusion

However, according to (8.84), the same correction must be included in the density of inverted
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charge, so that (4.4) becomes

doi _ 0 (d(ws—ch) ~ d_V>’ 5.103)

dx ~ Ur dx dx

which when introduced in (8.102) gives exactly (4.5).

Hence, all the results derived in Chapter 4 remain valid, provided the value of Vg, used in
expression (3.66) of ¥ is increased by AV, given by (8.99) [increasing thereby the value
of Vo according to (3.58)], and the expression of the specific current defined by (4.14) is
extended with that of the specific charge (8.93), giving

w 2nquCox W
[spec = /’LUTZ(_QSPGC) = #‘Sq: ZU%, (8104)

which reduces to (8.74) if band gap widening is negligible [and to (4.14) if polydepletion is
also negligible].
The same is true for all other results derived so far.

8.6 GATE LEAKAGE CURRENT

Silicon dioxide used to isolate the gate electrode from the channel is an excellent dielectric
material. Due to its large band gap, its intrinsic leakage current is negligible as long as its
thickness #, is larger than 3 nm and the voltage V, across it does not exceed a few volts.

Increasing V,x may result in field-induced (Fowler—Nordheim) tunneling of carriers [109],
even with larger values of 7. This “high-voltage” leakage current is exploited to charge or
discharge an isolated gate in EPROM [110] and E?’PROM [111] nonvolatile memories.

Now, when ¢,y is reduced below 3 nm in aggressively scaled-down processes, a gate leakage
current starts to appear even at low Vo, as the result of direct tunneling of carriers through the
oxide.

For an N-channel transistor operated in inversion (¥ > 0), this intrinsic gate current consists
of electrons tunneling from the inversion layer to the gate (holes for a P-channel transistor).
The resulting current density can be expressed as [112,113]

Kg Vox
Jg = -8

(_Qi)Ptun~ (8105)

GOX tOX

Practical values for constant K are [113] 3 x 107°A/ V2 forelectrons and 4 x 1075 A / V2 for
holes, and Py, is the tunneling probability.

A suitable formulation of this probability, which covers both direct and Fowler—Nordheim
tunneling, is given by [113]

Eglos Vo \ 2
exp DB (12 for V, < Xp (direct)
Vox Xp (8.106)

Egtox .
exp <— Bo ) for Vox > Xp (Fowler—Nordheim).
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Figure 8.25 Tunneling probability for /,x = 2nm

where Xp is the oxide-channel voltage barrier and Ep is a characteristic electric field. Their
values for electrons and holes are given in Figure 8.25, which shows the corresponding plots of
(8.106) for t,x = 2nm. As can be seen, the probability of direct tunneling is a strong function
of Vox. Its dependency on #,x is even stronger, as illustrated in Figure 8.26 for two values of
Vox. Indeed, for small values of Vi, Py, increases by about 12 orders of magnitude when #,x
is reduced from 3 nm to 1 nm.

Using normalized variables ¢; = Qi/Qpec> Vox = Vox/Ur, and & = x /L, the gate current
is obtained by integrating (8.105) along the channel:

1
I = IGO/ qiVox Pun(Vox) d&, (8.107)
0
with
2n KqUAWL
log = =S (8.108)

Since the very thin oxide is always associated with large substrate concentration, polysilicon
depletion must be taken into account and ng is the charge slope factor given by (8.69) or (8.70).
The voltage across the oxide can be obtained directly from (3.19) with Qg = Oy + Qi:

+ 0i + Ok
Viy = Eogtey = — 20 Qi+ Ot (8.109)
Cox
1070 ==
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Figure 8.26 Probability of direct tunneling as a function of 7.
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After normalization of Q; and Q¢ to Qgpec given by (8.73) and introduction of expression
(3.29) of Oy, we obtain

Uox = 2nq(q1 + gtc) + o V Ys, (8.110)

where voltages are normalized according to (3.43).

Now, with the charge—potential linearization introduced in Section 3.6, and using (3.66)
and (3.48),

Ys = ¥p — 2qi = Yo +vp — 2¢i = Yo + v + Ing;, (8.111)

which when introduced in (8.110) finally yields

Vox = 2n4(qi + qic) + Yo/ Yo + v + Ing;. (8.112)

The argument of integral (8.107) is a complicated function of ¢;, which is itself a function
of £ in the general case, and no analytic solution can be found. For the particular case of
v = vy = vq (equipotential channel), the situation is much simpler since all three terms inside
the integral are constant and the integral is just their product:

I,
I—G = qiVox Pun(Vox)  (for equipotential channel). (8.113)
GO

We shall assume that the gate current remains sufficiently small to have no effect on the
potential.

Using g; as a parameter, this product can be calculated to obtain /g(g;), whereas (v, — v)(g;)
is given by (3.48). An example of the resulting plot of Ig(v, — v) is represented in Figure 8.27

108 /s
—v=0 /& —
/G (A) ’l g; % B
10101777 v=40 "I/;;; e
IS - y i K 777777777
: 7
g o2 lox =2 Nnm IF/1O
3 -2
5 Ur=25mV
o —14
G 10 -2
Y=2
fo71e Yg= 10
Gtc = ,
10-18 u= 250 om /VS
—-20 0 20 " - )
VP -V

Control voltage vp—Vv = U_T

Figure 8.27 Gate leakage current for an equipotential channel (v = vy = vq4); the corresponding
variation of forward current /r is also shown for comparison
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Figure 8.28 Variation with oxide thickness of the relative gate current at /C = 1 (equipotential
channel)

for two values of (equipotential) channel voltage v. As can be seen, Ig(v, — v) is slightly
dependent of the value of v, due to the presence of v in (8.112).

For comparison, the forward current, /r(v, — v), has been calculated from parameter g;,
using (4.19) and (8.74). It is also represented in Figure 8.27 after division by 10 to fit in
the same scale. As can be seen, the gate current is approximately proportional to /r in weak
inversion, but it increases faster in strong inversion.

Due to the very steep function Py, (fox), Ig/IF is very strongly dependent on #.. In Fig-
ure 8.28 the variation of this ratio is represented for /g = Ipec (inversion coefficient /C = 1),
for which ¢; = (/5 — 1)/2 according to (4.24). The ratio /g /I for a given value of inversion
coefficient does not depend on the channel width, but it increases with the square of the channel
length (since Ig o< L and Iz o< 1/L).

In weak inversion, ¢; < 1 and ¥ = ¥, = Yo + vp. Equation (8.110) then becomes

Vox = 2nqqsc + Yo/ Vo + Vp. (8.114)

Hence vy and Py, are constant along the channel even if v is not constant (vq # vs). Inthis case,
the gate current is obtained by replacing ¢; in (8.113) by its average value g;. Since in weak inver-
sion ig = —dg;/d& according to (4.21), g; changes with a constant slope between its values g, at
the source and ¢4 at the drain (as long as the gate current remains a small perturbation, I < If),
as illustrated in Figure 8.29. Thus, using (3.49), the average charge density can be expressed as

7= %(e*vs et (8.115)

(1-8) Jg(6)dE <t=|=>€ Jg €)dE

0! \ 4 | ‘zé
0 Position along channel 1

Figure 8.29 Weak inversion: profile of mobile charge and source—drain repartition of local gate
current
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The gate current in weak inversion is obtained by introducing (8.114), (8.115), and (8.106)
into (8.113). The result for vy = vy = v is also plotted in Figure 8.27. In saturation (vg > vy),
the gate current would be divided by 2.

Since in weak inversion V,y is constant, the local density of gate current Jg(€) injected in
the channel is simply proportional to g;. Now, the two parts of the channel may be considered as
separate transistors with normalized channel lengths £ and 1 — £. According to the concept of
pseudo-resistor introduced in Section 4.5.4, the elementary local contribution Jg (&) d¢ of gate
current splits proportionally to the inverse of the channel lengths (assuming constant width),
as indicated in Figure 8.29. Hence the fraction of gate current flowing to the source is given by

Ias _ Jolas( =) +qu§ (1 —§)dE _ 29+
Is (gs + qa)/2 3(gs +qa)’

(8.116)

or, by introducing (3.49) to express the charge densities from the corresponding voltages:

Igs Iep 142 exp(vg — vs)

—:1——:

I I 3[1+expg —vs)]

(8.117)

This result is plotted in Figure 8.30. The gate current splits evenly to source and drain for
vq = v, to reach ratios 2/3 and 1/3 in saturation.

As was pointed out before, the calculation of the gate current in moderate and strong
inversion is much more complicated for vy # v because vox and Py, are then variable along
the channel. No exact analytical solution can be found, but approximations show that the overall
gate current /g does not change much with vq [113]. Its source—drain repartition saturates for
Vg > v to a value of Igs//g that increases with vp.

Since the gate current depends on the pinch-off voltage, it creates a dc gate conductance

G, = 1 %o 8.118
& ny de ’ ( ’ )
which is split into a gate-to-source conductance G, and a gate-to-drain conductance Ggq
proportionally to the splitting of current. We have seen that, in weak inversion, the gate current
is approximately proportional to the drain current; hence, Gy = Ig/(nUr). In strong inversion
G/l decreases, but not as fast as the gate transconductance.
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Normalized drain-to-source voltage vyg

Figure 8.30 Source—drain repartition of gate current in weak inversion
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The gate current also exhibits shot noise of spectral density 2q /g [114]. Its contribution
may dominate at low frequencies, when the gate noise induced from the channel becomes
negligible.

In addition to the gate to channel current discussed above, tunneling also produces a current
in the small areas where the gate overlaps the source and drain diffusions. This component of
gate leakage may dominate for short channel lengths or for large drain voltages [112,113].



9 Short-Channel Effects

In the previous chapters, the channel was assumed to be long, allowing for a one-dimensional
analysis using the gradual channel approximation. This chapter is devoted to the effects appear-
ing when reducing the length of the transistor to dimensions that get close to the depletion width.
In such a situation, the one-dimensional approach is no longer valid and a two-dimensional
analysis is required. Furthermore, since the terminal voltages are not scaled-down proportion-
ally to the device length reduction, the longitudinal electric field increases beyond a certain
critical field above which the carrier velocity starts to saturate. This velocity saturation (VS)
effect is presented in Section 9.1 using different velocity-field relations. Another short-channel
effect that strongly limits the performance (particularly the voltage gain) of analog circuits is
the channel length modulation (CLM) described in Section 9.2. When the device length gets
small the surface potential in the channel region is no longer defined uniquely by the vertical
field, but becomes influenced by the drain (or source) voltage. This effect is called the drain-
induced barrier lowering (DIBL) and is presented in Section 9.3. A pseudo two-dimensional
analysis is used for CLM and DIBL to derive analytical expressions for the channel length
reduction and the surface potential. Short-channel effects such as VS and CLM not only impact
the current, but also impact the thermal noise. A short-channel thermal noise model including
the effects of VS, CLM, but also carrier heating and mobility reduction due to the vertical field
is presented in Section 9.4.

9.1 VELOCITY SATURATION

An important effect that appears when the longitudinal electric field E, within the device starts
to become large is the saturation of the drift velocity. The drift velocity vgyif; of electrons and
holes in bulk silicon is plotted versus E, in Figure 9.1. At low longitudinal electric field, the
velocity is proportional to the electric field with a proportionality factor equal to the mobility
W, at low longitudinal field. When E, approaches the critical field E., the velocity starts to
saturate towards a maximum value vg,. The shape of the velocity-field relation in silicon is
slightly different for electrons and holes. Typical values for E. and vy, at room temperature
for electrons and holes are given in Table 9.1. The critical field E. is related to the saturated

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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Figure 9.1 Dirift velocity in silicon for electrons and holes versus electric field

drift velocity and the mobility at low longitudinal field by

E 2 5 9.1)
1254
As shown in Figure 9.2(a) and discussed in Section 8.2, the mobility at low longitudinal field
W, actually depends on the vertical field E,. The larger the vertical field, the smaller u, and
the larger the critical field, since vy, is constant for a given type of silicon. More generally, any
factor reducing the low longitudinal field mobility w,, pushes the limit of velocity saturation
to higher values of the longitudinal field.
Two other mobilities can be defined as illustrated in Figure 9.2(b). The effective mobility
Wetr combining the effects of reduction due to the vertical field and VS and defined as

Udrifi
et 2 v I (9.2)

WUesr 18 also called the cord mobility, since it actually corresponds to the secant between the
origin and the operating point v(E,), as shown in Figure 9.2(b). Another mobility that will be
used in Section 9.4 is the differential mobility defined as

dv ri
it = dZ" iy 9.3)

Different velocity-field models will be considered below in order to analyze the effect of
velocity saturation on the drain current and on the transconductances.

Table 9.1 Typical values of the saturated drift velocity and
the critical field for bulk silicon at room temperature [67]

vsat EC

Electrons 10° m/s 1 V/um
Holes 8 x 10* m/s 3 V/um
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Figure 9.2 (a) Dependence of the mobility 1, at low longitudinal field with the vertical field E.. (b)

Illustration of the different mobilities

9.1.1 Velocity-Field Models

9.1.1.1 Model 1

The simplest model to describe the velocity-field dependence is to consider the velocity pro-
portional to the longitudinal field with a constant slope up to the critical field, above which it
stays constant and equal to the saturated velocity. This model is described by the piecewise

linear model defined by

u lE¢| for |Ey| < E.
Varit(Ey) =

Usat for |E,| > E,

which can be normalized to the saturation value vy, according to

 Varite e fore<1
vie) = — =

Usat 1 fore>1,

where e is the longitudinal electric field E, normalized to the critical field E.:

a |Ex]
e = .
E.

The corresponding effective mobility p.s is then simply given by

. Vit {/,Lz forE, < E.

Meff(Ex)— E
| Ex| Vsat/|Ex| forEx > E,

or in a normalized form

ue) 2

Mett 1 fore < 1
Mz 1/e fore > 1.

9.4

9.5)

(9.6)

9.7

9.8)
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The main advantage of this model is obviously its simplicity, allowing to get a first under-
standing of the physical phenomenon. But on the other hand, it has discontinuous derivatives
at e = 1 that may induce a bad behavior of the model.

9.1.1.2 Model 2

A continuous model also accounting for the difference between the velocity-field characteristics
of electrons and holes as illustrated in Figure 9.1 is defined by

|Ex|/E; |Ex|
vdrift(Ex) = Usat / T = Mz 19 (99)

()T )T

where o = 2 for electrons and & = 1 for holes. Equation (9.9) can be written in a normalized
form as

a Udrift e

ve) 2 = (9.10)
Usat (1 +€a)‘*

Note that this continuous model has been used in many compact models with the approximation
that o is equal to unity for both holes and electrons. For the sake of simplicity, we will also
make the same assumption in the following development.

The effective mobility is then given by

Udrift Mz
E) 2 = 9.11
Meft(Ey) = E ~ 1+ |E.|/E. (9.11)
which can also be written in normalized form as
1
ue) & Bt _ . (9.12)
1224 C1+e

9.1.1.3 Model 3

Although the continuous velocity-field model given by (9.9) and (9.10) insures the continuity
of the current and the output conductance versus the drain voltage, it requires the electric field
to become infinity at the drain for the velocity and hence the current to saturate, which is not
physical. Another velocity-field model that will also be used subsequently in Section 9.2 for
the derivation of the CLM model is given by

|E.|/E.
Usat for |Ex| < 2EC
Varine(Ey) = T+ 1E:1/(2Ee) (9.13)

Usat for |Ey| = 2E.,

or in normalized form

v(e) =

e
o Vdift _ {1+e/2 fore <2 (9.14)

Usat 1 fore > 2.
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Figure 9.3 The different velocity-field models

The corresponding effective mobility-field model is then given by

(E,) 2 Dt TFE.[/QE) [orlE:l <2E. 9.15)
Meff’ = — = .
NN for |E,| > 2E,,
|E|
or in normalized form
1
fore < 2
I+e/2
u(e) & Hetf | 016
Mz
- fore > 2.
e

This last model does not require the field to become infinity for the velocity to saturate.
Actually, the velocity saturates at Ey £ 2 E.. This allows to define a point in the channel where
the field becomes equal to twice the critical field E. and where the carrier velocity saturates.
The channel can then be split into a nonvelocity saturation region on the direction from that
point toward the source and a VS region on the direction from that point toward the drain where
the velocity is equal to vg,. The length of this VS region will then be used in the CLM model.

The three velocity-field models presented above are plotted in Figure 9.3. Note that the
approximation defined in (9.13) (corresponding to Model 3) is closer to the velocity-field
model of electrons given by (9.9) with o« = 2. Also note that the shape of the velocity-field
curve will strongly affect the current and output conductance versus drain voltage. All three
velocity-field models will be used hereafter to evaluate the effect of velocity saturation on the
profile of the inversion charge, the drain current, and the transconductances.

9.1.2 Effect of VS on the Drain Current

In weak inversion the current is carried by diffusion only and the surface potential gradient
along the channel is zero and therefore the longitudinal electric field is null. Velocity saturation
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Table 9.2 Typical values of the VS parameter A,

L 1 pm 0.5 wm 0.17 um 0.1 wm

Ac 0.05 0.1 0.3 0.5

can therefore be neglected in weak inversion. Although a complete model including both the
diffusion component and drift component including the effect of velocity saturation can be
derived, in the following derivation, the diffusion current is neglected for the sake of simplicity.
Note that this does not introduce a significant error in strong inversion.

The drift component of the drain current is proportional to the velocity and can be written
as

dv,
Ip = W(=0)vaiire = W(= O thesi| Ex| = W(—Oi)hesy o (9.17)

or using the normalized variables defined above

= 2qi— = 2g; % dvs (9.18)
g =2qi— =2qi— =uqi——, .
d q e q e q de
where the normalized variables iq4, gi, ¥, and £ have their usual meaning. The parameter A,
accounts for the VS effect and depends on the transistor length L according to

2,uz UT - 2UT
Vsar L B ECL'

e 2

(9.19)

Note that A tends to zero for very long-channel devices. Setting it to zero corresponds to ignore
the effect of VS. Typical values of A, for different channel lengths are given in Table 9.2.

As discussed in Section 3.6.1 and according to (3.39), the inversion charge can be linearized
with respect to ¥ giving a relation between the surface potential gradient and the inversion
charge gradient

o, 1 dg; 9.20)
dx ~ nCo dx’ ’
or in normalized form
dirg dg;
Vs __, 941 9.21)
dé dé
Replacing (9.21) into (9.18) results in
= —2ug, 4 (9.22)
g = —2uq; —. .
d q de

The main difference between (9.22) and the long-channel model (4.21) (in strong inversion)
discussed in Section 4.4.1 is the field-dependent mobility term # which depends on the chosen
velocity-field model.
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The inversion charge density at the drain — Qjp (or its normalized form gq4) plays a particular
role in the presence of VS. When the drift velocity saturates right at the drain, v = 1 at£& = 1.
The drain current cannot increase anymore and is then limited to the saturation value iq g, given
by (9.18) evaluated at £ = 1 withv = 1 and ¢; = gqsar:

2

Idsat £ T qdsats (9.23)
Ac

where gqsy 1S the value of the inversion charge density at the drain which is required to sustain
the drain current when carrier velocity is saturated at the drain. The main difference compared
to the long-channel situation is that the charge density at the drain does not vanish to zero as
it does at the onset of saturation for long-channel devices when vq = vp, but it has to be finite
in order for the current to flow despite the saturated velocity. To account for this saturation
of the drain charge, the normalized drain charge in strong inversion given by (3.50) has to be
modified according to

Up —

forvg < Vgsa 0.24)

)
oy
Il

ddsat fOI' Vg > Ud sat»

where the drain saturation voltage vqsy 1s the value of the drain voltage at which the current
and the drain charge saturate. It is obtained by replacing gq and vq in g9 = (vp — va)/2 by ggsat
and vq gy respectively, resulting in

Udsat = Up — 2quat~ (9.25)

Note that, due to VS, vqgy is always smaller than the pinch-off voltage v, corresponding to
the saturation voltage when velocity saturation is not present.

9.1.2.1 Model 1

In a first step, the simple piecewise linear velocity-field model given by (9.5) will be used to
derive the current. The latter is obtained by integrating (9.18) or (9.22) from source to drain,
assuming that the drain voltage is sufficiently low for the longitudinal electric field to remain
smaller than the critical field at any point along the channel. The carrier velocity is then not
saturated along the channel and hence v = e and u = 1, resulting in

ia = q3 — 44, (9.26)

where g5 is the inversion charge density taken at the source, which in strong inversion and
assuming there is no velocity saturation at the source is related to the source voltage according
to

v, — U
gs = qi( =0) = pT (9.27)

and qq is the inversion charge density taken at the drain and given by (9.24).
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To ensure current continuity, from (9.26), the drain current in saturation can also be written
as

idsat = 42 — 3 ar- (9.28)

If there was no VS, like in the long-channel case, the drain current would saturate as soon
as g¢ = 0 which occurs when vg = v,. When VS is present, the drain current saturates as soon
as gq reaches gqg., Which occurs when vy becomes equal to vgy.

The saturation current i4sy, Saturation drain charge density gqsa, and saturation voltage
V4sat are depending on the source charge density ¢s. They can be expressed in terms of g5 by
solving equations (9.23), (9.28), and (9.25) for qqsat, idsat» and Vqsat, resulting in

1
ddsat = )»— [\/ 1+ (Ach)z - 1:| , (9.29a)

C

. 2 2
ldsat = )\_quat =5 [\/ 1+ ()MCQS)z - 1] , (9.29b)

¢ AZ

2
Udsat = Up — 2qdsa = Up — )\— [\/ 1+ 0‘0‘]5)2 - ]:|~ (9.29¢)

C

The drain saturation voltage is plotted versus the pinch-off voltage in Figure 9.4(a), which
shows that vg, can be substantially smaller than vy,.

The drain current including VS is plotted versus vq in Figure 9.4(b) together with the
current which does not include the effect of VS. For vy < v4sat, the drain current follows the
current that does not include VS up to vggy, above which it saturates to the value iqgy given
by (9.29b). The output conductance obtained with this model is clearly discontinuous due to
the discontinuity of the derivative of the velocity-field relation given by (9.5). A continuous
model will be derived below (Model 2).

The profile of the inversion charge density can be obtained by integrating (9.18) or (9.22)
with u = 1 from the source to a point x along the channel. This leads to

. 2 2
id€ =q¢ —q;°, (9.30)
100 " 2500 ST
Model 1 Model 1 7
with _ . with
& 80F o %—0\/.« - 2000 v~ 100 o g
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Figure 9.4 (a) Drain saturation voltage versus pinch-off voltage for Model 1 with A, = 0, 0.01, 0.1.
(b) Drain current versus drain voltage for Model 1 with . = 0.05
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Figure 9.5 Inversion charge density versus position along the channel for Model 1; (a) for v, — v, =
200 (g5 = 100), v, — vg = 200, 160, 40, and A. = 0.01; (b) for v, — vy = 200, vg = vp and A = 0,
0.01, 0.1

which can be solved for g;, resulting in

qi(§) = \/q? — id§, 9.31)

where i4 accounts for VS with g4 given by (9.24).

As Figure 9.5 shows, the profile of the inversion charge along the channel is affected by the
VS occurring right at the drain. Indeed, the inversion charge at the drain cannot decrease down
to zero, but remains clamped at g4, When vg gets larger than vy g,,. The higher the product . gs,
the stronger the effect. Figure 9.5(a) shows the inversion charge profile for different values of
vp — vg and for A, = 0.01. When v, — vg = v, — vy = 200 (or vg = vy), the lateral field is zero
and the profile is not affected by VS and hence remains uniform from source to drain. When
vq increases but remains smaller than vgg, (for example, the curve labeled v, — vg = 160
in Figure 9.5(a)), the profile decreases at the drain like in the long-channel case. As soon
as vg becomes larger then vy g, the charge at the drain cannot decrease anymore and remains
clamped to g4y In saturation, i.e., for vg > vq4, the actual charge at the drain is no longer set by
vp — g, but by the current igg, Which has to flow even though the carrier velocity is saturated
close to the drain. Figure 9.5(b) shows the inversion charge profile in saturation (obtained by
setting vqg = vp > Vqsa) for different values of A. and for a constant value of g. Increasing
Ac increases g4y Which tends to gg making the profile become almost uniform from source
to drain, even though the transistor is in saturation. This situation is somehow similar to what
happens when vg = vy, but with the difference that the current is equal to the saturation current
i4sat, Which depends only on g as stated by (9.29b).

Knowing the inversion charge profile allows to also get the longitudinal electric field. Indeed,
setting u = 1 in (9.18) and solving for e, we get

)\cid . )"cid
2 2/q2—idk

In strong VS condition, i.e., for A.gs >> 1, the saturation current given by (9.29b)

e(§) =

(9.32)
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reduces to

quszvp_vs

idsat = TC Ao ’ (933)
which after denormalization simplifies to
IDsat = stat(_QiS) = nWCoxUsat(VP - VS)
(9.34)

= WCoxsa(Vo — Vo — nVs).

Equation (9.34) shows that when the channel is under strong VS conditions, the drain current
in saturation does not depend on the channel length anymore and varies linearly instead of
quadratically with respect to the overdrive voltage. This can be explained by the fact that in
such condition on one hand the inversion charge becomes almost uniform along the channel
from source to drain and equal to the value taken at the source and on the other hand that
the carriers are moving at their maximum velocity which is constant along the channel. The
charge moving from source to drain per unit time corresponding to the drain current is therefore
constant and independent of the channel length L for a given W and Vp — Vs.

9.1.2.2 Model 2

The discontinuity problem inherent to the simple piecewise linear velocity-field model of (9.4)
or (9.5) can be avoided by using the continuous velocity-field model given by (9.9) or (9.10)
with ¢ = 1. The longitudinal field E, can be expressed in terms of the inversion charge density
gradient by using (9.20)

aw, 1 do;

E|=— = , 9.35
|Exl dx nCy dx ( )
or in a normalized form
E, Ur diys 2Ur dg; dg;
ea Bl Ur d¥  2Urdg _, dgi (9.36)
E. E.L d& E.L d& dé
The normalized velocity and mobility can then be written as
, A
TR L —— (9.37a)
Usat 1— X d—?
1
w & He — (9.37b)
[224 1- ACE
Replacing v in (9.18) by (9.37a) or equivalently u in (9.22) by (9.37b) results in
: —2qi  dg;
= 9.38
=TT e (9.38)

Cd§
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Rearranging (9.38) leads to

dg;

E.
Integrating (9.39) from source (where £ = 0 and g; = ¢;) todrain (where £ = 1 andg; = qq)

leads to

ig = — (2q; — Acia) (9.39)

qd
g = —/ (2gi — Acig) dg;

qs
qs qs
= / 2gidg; — )»cid/ dgi (9.40)
qd qd
= qs2 - q(% - )‘cid(qs - qd)~

Solving (9.40) for i4 results in the current expression accounting for VS using the continuous
velocity-field model (Model 2):

92 — 43

=1 1 9.41
1 + Ac(gs — qa) @40

iq
The drain current given by (9.41) is plotted in Figure 9.6(b) and compared to the current with-
out any VS effect. Note that the drain charge density g4 in (9.41) should be taken equal to (9.24)
to account for the saturation of gg t0 gqs When vy > vggu. If gq s taken equal to (vp — vg)/2
instead (without accounting for the saturation), the current reaches a maximum at vq = Vqsat
and then decreases as shown by the dashed line in Figure 9.6(b). Now, the current cannot actu-
ally decrease, but must saturate to 4 s for vq > vqs- The charge at the drain must also saturate
t0 gq = qasa fOr vg > Vg4 Also note that at the onset of saturation, the electric field right at
the drain has to tend to infinity in order for the velocity to tend to the saturation velocity vgy.
The saturation current is obtained by replacing iq and gq in (9.41) by i and gqsar, r€SpeEC-
tively, resulting in

2 2
. ds — 4
g = ——> 9% (9.42)
I+ Ac(gs — qasa)
100 - 2500 —=
Model 2 Ll Model 2 e
with 220 R with .-

Dl— 80 Vve=0 c \"/ 2000 Vp=100 —
— x' 8 Vs = ,

B e0r K - & 1500 %=005 -
a . = .
>~ 2g=0.01 A

I 40 E | 1000+ R
I S AN > [T s R ———
B 2 Ao=0.1 , :

> 20+ - 500+ . ' ]

0 1 1 1 1 0 1 1 :I 1
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Vp = VP / UT Vd = VD/ UT
(@) (b)

Figure 9.6 (a) Drain saturation voltage versus pinch-off voltage for Model 2 with A, = 0, 0.01, 0.1.
(b) Drain current versus drain voltage for Model 2 with A, = 0.05
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Equations (9.23), (9.42), and (9.25) can then be solved for g4 at, idsat, and vqs,t, resulting in

1
qdsat = )\_ (1 + Aegs — v/ 1+ 2A‘CQS)7 (9.43a)

c

. 2 2
iosn = —dasa = 5 (1+Aets = 1+ 2heqs ) (9.43b)

A

2
Udsat = Up — 2qdsat = Vp — )\_ (l + Aeqs — 1+ ZKCQS)- (9.43¢)
c

The drain saturation voltage given by (9.43c) is plotted versus the pinch-off voltage in
Figure 9.6(a) for two different values of A.. It clearly shows the reduction of the saturation
voltage with respect to the pinch-off voltage, due to VS.

The profile of the inversion charge along the channel is obtained by integrating (9.39) from
the source, where ¢; = ¢, to a point in the channel, resulting in

q — q}

Solving (9.44) for g; results in

Ae . o\ L.
qi(§) = 7§Id+ (Qs—?i?ld) — &g, (9.45)

where the current i4 is given by (9.41). Equation (9.45) is plotted in Figure 9.7(a) for different
values of v, — vg and in saturation (i.e., for vq > vqs,) for different values of A in Figure 9.7(b).
The longitudinal electrical field is obtained by solving (9.18) and (9.12), resulting in

Aeld
e§)=————. (9.46)
2gi(§) — Acla
120
120 Vo~ Vg = 200
100 100 de=01 |
80 l 80+ ¢ =0.01 —
— vy =160 —
o 60F Model2 ~ PTYTIL o 60} i
with Y
L Y 2087100 =40 401" Model 2 Ao= o/
| fe=00t .« with =
20+ ho= W 20 v, — Vg = 200 (g5 = 100) |
Gusat = 26-8 A \ vd=vpl I I I
1 1 1 1 0
%0 02z 0s 06 08 10 6o 02 04 06 08 10
E=x/L E=x/L
(@) (b)

Figure 9.7 Inversion charge density versus position along the channel for Model 2: (a) for v, — v, =
200 (g5 = 100), vp, — vg = 200, 160, 40, and A, = 0.01; (b) for vy — vy = 200, vg = vp and A, =
0, 0.01, 0.1
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9.1.2.3 Model 3
Finally, the effect on the drain current can also be evaluated for the velocity-field model given

by (9.13) or its normalized form (9.14). The drain current can be derived in a similar way than
for the Model 2 described above, resulting in

2_ 2
= 44 (9.47)
1 + 5(gs — qa)
for vy < vqsa, Whereas
22
o = g = —— st (9.48)
1+ TL(QS - stat)

for vy > v gar-
Equations (9.23), (9.48), and (9.25) can then be solved for gqsat, idsat and vgsat, resulting in

Ac
dasa = 7—%2, (9.492)
I+ 54
i = 2 s = qii (9.49b)
)‘C 1 + fCIs
req?
Udsat = Up — 2‘1d sat = Up — T%% (9.49¢)

The drain saturation voltage vqg, for Model 3 given by (9.49c) and the drain saturation
current for Model 3 given by (9.49b) are plotted in Figures 9.8(a) and 9.8(b), respectively.

The profile of the inversion charge for Model 3 is obtained in a similar way than for Model
2, resulting in

2
Ae . Ac . .
qi(§) = ZEld +4/1gs — Zétd — &g, (9.50)
100 2500 —
Model 3 . Model 3 -
with _ with
Ny 801 v, -0 )‘c—g\',/ 2000 -y - 100 .
— Lot é Vg =
T 60 K & 1500} Ac=0.05 i
(=] ~
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I 40+ ;10001 . =
© N o
G Ao =0.1
> 20+ 500 e
0 L L L 0 L L L L
0 20 60 80 0 20 40 60 80 100
Vp=VP/UT Vd=VD/U-|'
(a) (b)

Figure 9.8 (a) Drain saturation voltage versus pinch-off voltage for Model 3 with A, = 0, 0.01, 0.1.
(b) Drain current versus drain voltage for Model 3 with A, = 0.05
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Figure 9.9 Inversion charge density versus position along the channel for Model 3: (a) for v, — v, =
200 (g5 = 100), vp — vg = 200, 160, 40, and A, = 0.01; (b) for v, — vy = 200, vg = vp and A, =0,
0.01, 0.1

where iq is given by (9.47). The inversion charge profile for Model 3 given by (9.50) is plotted
in Figure 9.9.
The longitudinal electrical field is obtained by solving (9.18) and (9.16), resulting in

2Xcig

€)= 40®) — reda’

9.51)

9.1.2.4 Model comparison

The drain saturation voltages for the three different velocity-field models are plotted versus
the pinch-off voltage in Figure 9.10(a). The piecewise linear model (Model 1) predicts the
smallest saturation voltage, the continuous model (Model 2) the highest, and the third model
is in between.

The drain currents using the three different velocity-field models are plotted in Fig-
ure 9.10(b). The piecewise linear model (Model 1) gives the highest saturation current, the
continuous model (Model 2) gives the smallest, whereas the third model again lies in between.
Again note that the CLM effect has not been accounted for and hence the currents remain
constant in saturation. The CLM effect will be analyzed in Section 9.2.

The inversion charge profiles in saturation for the three different models are plotted in
Figure 9.11(a). The three models look very similar, starting at g; = 100 on the source and
decreasing to the value of g4y at the drain.

Finally, the longitudinal normalized electric field profiles in saturation are plotted for the
three velocity-field models in Figure 9.11(b). For Model 1, the field reaches the critical field
right at the drain. For Model 2, the field becomes infinity at the drain in order for the velocity
to saturate. Finally, for Model 3, the field reaches twice the critical field at the drain, which for
this model is the value at which the velocity saturates.
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Figure 9.10 Comparison of the drain saturation voltages and of the drain saturation currents for the
three velocity-field models for A, = 0.05
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Figure 9.11 Comparison of the inversion charge and longitudinal field profile in saturation for the
three velocity-field models

9.1.3 Effect of VS on the Transconductances

The transconductances are defined by (5.2). The normalized transconductances can be written

as

Gm aid aid aqs
A LA =— , 9.52
B e dv; dq, Ay ©-32)
G d aid aid aqd
Rt e L 9.52b
§md Gspec avd aqd avd ( )
N Gm o aid o 6id avp N 1 aid
gm = Gpec - v, - dvp, Ov, T n GO
1 /0iq4 0 0ig 0
— o (Za04s | Tl 949d) (9.52¢)
n \0gs 0v,  9qq Ovp
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where Gy is defined as

I
Gypee & 2, 9.53
spec UT ( )

From (9.27) and (9.24), below saturation the partial derivatives of g5 and gq with respect to
vs and vq respectively are given by

Og; _ 1 (9.54a)
=—-, S4a
o, 2
6qd 1
I 9.54b
6vd 2 ( )

and therefore the normalized transconductances in strong inversion are simply given by

1 9i
gm = 5 aqi, (9.55a)
1 dig
Y 9.55b
8md B aqd ( )

Note that the general relation (5.9) between G, G s, and Gpyg still holds, even though due
to VS. the drain current cannot be split into a forward and reverse component that depend only
on v, — vs and v, — vy, respectively. But as long as the source and drain charges ¢ and gq
depend only on the differences v, — vs and v, — vg respectively, the derivatives of the charges
with respect to the pinch-off voltage are then given by

0qs 0qs 1

= - = - 9.56
ovp ov, 2 ( 2)
094 dqa 1
L L 9.56b
ovp dvg 2 ( )

where (9.54) has been used. It can then be shown from (9.52c), (9.55), and (9.56) that the gate
transconductance is given by

g = S Smd, (9.57)
n
even when VS occurs. In saturation, g,q = 0 and hence (9.57) reduces to
ng sal
Smsat = (9.58)

n
9.1.3.1 Model 1

With the piecewise linear velocity-field model, (9.55a) and (9.55b), for vq < vqsy, are then
simply given by the long-channel values

8ms = s, (9.59a)
8md = 4d. (9.59b)
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In saturation, i.e., for vq > vq,, neglecting the effect of CLM, the drain current is clamped
and held constant with respect to vg to the value igq. The drain transconductance Gy is
therefore zero in saturation. The normalized source transconductance in saturation gpmgsa 1S
obtained by differentiation of (9.29b), resulting in

A aidsat . laidsat _ qs
&ms sat aUS 2 aqs 1+()\'0q5)2‘

Due to VS, the simple piecewise model shows that the source transconductance is lowered

1 + (Aegs)? compared to the value without VS. As mentioned above in the case of strong

VS conditions, the saturation drain current becomes linear with g5 and Vp — Vg, resulting in a
constant value of the saturation transconductance g sa inversely proportional to A,

(9.60)

1 L
8 ms sat =—= Doat for Aegs > 1, 9.61)
)"c Zﬂz UT
or in denormalized form
G
Gumssat = Gspec © Gmssat = ;pec =n-Cox W - vgy. 9.62)
C

The transconductance-to-current ratio in saturation can be derived from (9.60) and (9.29b)
as

8ms sat _ )»3% (9 63)
s 214 (heq)? = T+ Gt
For A.gs > 1, (9.63) reduces to
ms sat 1 1
LS (9.64)
Ild sat 2g; Acldsat

which decreases inversely proportional to iqg, instead of v/igsy as it would when VS is not
present.

9.1.3.2 Model 2

The normalized source, drain, and gate transconductances for vg < vqsy in the case of the
continuous velocity-field model (9.9) or (9.10) are given by

o = & + 5 —q0® P52+ e —v)? (©0.652)
T A A =0 1+ e — )]
-5 —q)” 25— —v)? b
8md = [1 +A ( _ 2 — . 2 (965 )
(gs — qa)] [1 + f(vd — Us)]
- 1 - 1
g = b2 WY (9.65¢)

no o l+idlgs—qa)  2n 14 E@g—v)
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Similar to Model 1, in saturation, the drain current iq s is clamped to a constant value with
respect to vg corresponding to its maximum value taken at vy = v4g and remains constant
for vq > vqea. The drain transconductance G4 is therefore zero and the normalized source
transconductance in saturation gussa becomes

2 aidsal _ laidsal _ i _ 1
&ms sat v, 2 0gs A V14 2Acqs 9.66)
24s =L forgos |
= = — or y
1+ 2eqs + /1 + 2Xcqs Ac s
which can be approximated by
gs

= . 9.67
ngSa[ 1 + %A’cqs ( )

As mentioned above for A.gs >> 1, gmssat Saturates to a constant value 1/A.. The normalized
gate transconductance is then simply given by (9.58).

The transconductance-over-current ratio in saturation is then given from (9.43b) and (9.66)
as

Smssat Ac L _ 1
Ldsat 1+ 2heqs — o/1+ 2heqs 2g; Acldsat

which has the same asymptote than for Model 1.

12

for gs > 1, (9.68)

9.1.3.3 Model 3

The normalized source and drain transconductances for the third velocity-field model (9.13)
or (9.14) and for vy < vggy are given by

I e e b kO ©.69)
8ms = ﬁ B 5 = X B 5 s .
[1+ %(qs — q0)] [1+ Ze(vg — vy)]
L qa—%gi— g0 B5R - e —v)? ©0.695)
gmd - ﬂ _ 2 - & _ 2 b .
[1+ 5(g5 — q0)] [1+ % (va = vy)]
- 1 — v 1
om = s — 4qd _ U4 — Us . (9.69¢)

Ae C
no 1+ %(gs — qa) 20 14 % (vg — v)
As for Models 1 and 2, in saturation, the drain current is constant with respect to vg and

hence the drain transconductance is zero. The source transconductance is then obtained by
differentiating (9.49b), resulting in

)

Oigs 10i 1+ 1
a Oldsat ldsat ( A )\’_ for gs > 1. (9.70)
?C c

1 a,
8mssat — v, —2 aqs = ( q)
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The transconductance-over-current ratio in saturation is then given from (9.49b) and (9.70)
as

1+ g, 1 1
Bmssat _ ih o~ forge> 1 9.71)
ldsat qs (1 + ECQS) qu Acldsat

9.1.3.4 Model comparison

The normalized source transconductances in saturation for the three models are plotted versus
the normalized pinch-off voltage in Figure 9.12(a) for A, = 0.1. As mentioned at the end of
Section 9.1.2.1, the drain current in saturation becomes linear instead of quadratic with respect
to the overdrive voltage Vp — Vs (c.f. equation (9.34) and hence the source transconductance
in saturation saturates to a constant value equal to 1/, as soon as velocity saturates.

The degradation of the source transconductance due to VS can be evaluated by defining the
ratio of the source transconductance in saturation to the source transconductance in saturation
without the effect of VS (which actually is simply equal to g;)

Yomssat A 8ms sat _ gmssat- (972)
gmssat|)LC:0 qs

For the first piecewise linear model (Model 1), the degradation is given by

1

Xmssat = s (9.73)
V 1+ (hegs)?
whereas for the continuous model (Model 2), it is given by
_ 2
st = T 2o + VT 2ot
(9.74)
Sl gy T Jhe(vy — )
10 1.0
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Figure 9.12 (a) Source transconductance and (b) source transconductance degradation versus the
pinch-off voltage for the three velocity-field models
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The transconductance degradation function for the third velocity-field model is given by

1+ 2eq,

L & L 9.75)
(154

Xmssat =

Figure 9.12(b) illustrates the degradation of the source transconductance in saturation due to
VS with respect to the pinch-off voltage for the three velocity-field models. They all show quite
a dramatic impact of VS on the transconductance. As an example, for a channel length L =
0.1 pm, corresponding to A, = 0.5, the reduction can be larger than a factor 10 for a pinch-off
voltage of about 1 V (corresponding to v, = 40 and g, = 20). This obviously has a significant
impact on power consumption for a given cutoff frequency. As explained in Section 9.4, it also
has an important impact on the thermal noise.

9.2 CHANNEL LENGTH MODULATION

The CLM effect was already introduced in Section 4.6 using a very simple model that ignored
the effect of VS. But obviously CLM is tightly linked to the effect of VS since carriers enter
into velocity in the high longitudinal field region close to the drain. As shown in Figure 9.13(a),
this effect can be explained simply by splitting the source to drain region into a nonsaturated
region (the channel region) and a velocity saturation region (VSR) close to the drain [115].
The length of the saturation region AL where the carrier travels at saturated velocity depends
on the longitudinal field and hence on the drain and gate bias voltages. The effective length
where the carrier velocity is not saturated is therefore smaller than the length L between the
source and drain junctions.

The first-order model introduced in Section 4.6 ignored VS and estimated the channel length
reduction based on the length of the abrupt depletion regions on the source and drain sides of
the channel. In this section we will derive a more accurate model that also accounts for the VS
effect described in the previous section. To do this, we will use the third velocity-field model
since the continuous model requires the field to become infinity for the carrier velocity to reach
saturation, whereas the piecewise linear model is not accurate enough.

A schematic diagram of the VS region is shown in Figure 9.13(b). The VS region length
can be derived by applying the Gauss’ law to the ABCD box. Following the derivation made

Ex = Esat
V= Vsat
. Eox
oxide addiddblo  Jtox |
L le———px pa — Drain
channel regign T\ Esat:: VSR = |X extension
Lot XAL| % 3 T
> X’
L 0 AL
v

Figure 9.13 (a) VS region and channel region definition. (b) Schematic diagram of the VS region
[115]
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in [115], we will assume that (a) the carriers in the VS region are traveling with a saturated
velocity; (b) the junction on the drain extension region is abrupt and the drain extension is
heavily doped and hence is perfectly conducting; and (c) the current flows no deeper than
the junction depth and is confined in the box. To simplify the derivation, we also change the
coordinate system as indicated in Figure 9.13(b). To apply Gauss’ law, we will further assume
that the field is independent of y and that the field lines crossing the BC boundary contribute
very little. This results in

o
—€iXjW Eg + 6si-)CjVVEx(x/) + 6oxvv/ Eox(x) dx" = Qpox W', (9.76)
0

where E(x’) is simply given by

Vo — Ves — W — V()

on(x/) = 9.77)

tOX

and Qpox £ qnpXj + q Npx;j corresponds to the charge per unit area in the VSR with n,, being
the electron concentration and Ny the fixed charge concentration.

Since the current and velocity are constant in the VSR, n;, is also constant in the VSR and
hence differentiating (9.76) with respect to x’ results in

dE;(x")

o + 6oxon(x/) = Obox- (9.73)

€siXj
Replacing Eox in (9.78) by (9.77) results in

dE,(x")

R + Cox[Ve — Vs — Yo — V(x')] = QOpox- 9.79)

On the left side of the VS region, the gradual channel approximation applies and the gradient
of the longitudinal field can be ignored compared to the gradient of the vertical field. That is, in
this region, all the silicon charges are controlled by the vertical field only. This approximation
also applies to the boundary at x” = 0, where the channel voltage V(x’ = 0) is equal to the
saturation voltage Vpgy. The gradient of the longitudinal field dE,(x")/dx’ in (9.79) can hence
be neglected and (9.79) then simplifies to

onon(x/ = 0) = Cox (VG - VFB - LI,O - VDsat) = Qbox~ (980)

The saturation voltage Vp s normalized to Ur is given by (9.49c¢). Replacing Qpox in (9.79)
by (9.80) results in

dE(x") V(') — Vo

- 5 9.81)

where

€ € X
A = 9.82
\/on o] \/Cox ©-82)
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Differential equation (9.81) can be solved by applying the boundary conditions E(x’ = 0) =
Egq = 2E. and V(x’ = 0) = Vpgy, resulting in

I
E.(x") = Ey cosh (%) (9.83)
and
V(x') = Vi + £Eqy sinh (%) . (9.84)

Equation (9.83) indicates that the field increases almost exponentially close to the drain
where it becomes maximum at the end of the VS region and is given by

, AL
E.(x' = AL) = Eax = Egicosh ~ ) (9.85)
whereas
/ ) AL
V(x' = AL) = Vp = Vpsar + L Egy sinh <7) (9.86)
Equations (9.85) and (9.86) can then be solved for AL and E

AL = £ asinh(u) = £1n (u Vit 1), (9.87a)
Enax = Ega v u>+1, (9.87b)
where

2 VD - VDsat
(Eq

u (9.88)
The channel length reduction normalized to £ is plotted versus u in Figure 9.14.
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Figure 9.14 Channel length reduction AL /£ versus u = (Vp — Vpsar)/ (€ Esa)
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Figure 9.15 Application of Gauss’ law to calculate Qg

9.3 DRAIN INDUCED BARRIER LOWERING
9.3.1 Introduction

With the gradual channel approximation used to develop the long-channel model in Part I, the
second derivative of the channel potential (first derivative of the electric field) was assumed to
be negligible along the channel. As a consequence, the charge density in silicon Qg depended
only on the vertical surface field as illustrated in Figure 3.2. This approximation is no longer
acceptable for short-channel transistors, and the variation of the horizontal field £, must
be included in the calculation of Qg;, as illustrated in Figure 9.15. This figure depicts an
elementary volume of unit width and of length dx. Its depth is #4, the depletion depth (or
depletion thickness), beyond which the potential is assumed to be constant (¥ = 0).

The negative elementary charge Q; dx enclosed in this volume is increased in absolute value
by the difference dE, <0 of the horizontal field created by the drain voltage. Alternately, the
value of E,x needed to obtain a given charge density is reduced, corresponding to an increase of
surface potential. Hence the name drain induced barrier lowering (DIBL) given to this effect.

9.3.2 Evaluation of the Surface Potential

Following the analysis carried out in [116], the application of Gauss’ law to the elementary
volume depicted in Figure 9.15 results in

(Qsi + Ofc) dx = —€ox Eox dx + €4t dE,, (9.89)
where dE, is assumed to be constant across the depletion depth 74, with

dE, d?y,
T 0. (9.90)

By introducing expression (2.3) of E,x and definition (3.22) of Vgg, we obtain a second-order
differential equation of ¥:

d*y, Osi
L gE H = Vo Vit £ (991)
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where L. is a characteristic length defined by

€sild
Cox

L 2 (9.92)

Now, t4 is itself slightly dependent on the surface potential ¥;; hence, equation (9.91) is
nonlinear. This dependency is weak; therefore, we shall assume L. constant in order to integrate
the equation.

When the surface potential is constant along the channel, this equation has the particular
solution,

Qsi(ll/sl)

0oX

U =Wy = Vg — Vig + (9.93)

which is also the solution for a long channel corresponding to (3.19). Constant ¥ is possible
only in weak inversion, or in strong inversion with Vp = Vs.
The general solution of (9.91) is then

fo

sin
W (x) = Wy + [W(0) — ]1 (L) — sz] , (9.94)

nh 7
L L
inh ;- inh 7
where W(0) and ¥(L) are the source and drain potentials. According to Figures 4.12 and 4.13,
these can be expressed as

Ys(0) = P + Vs, Yy(L) = P + Vb, (9.95)

where @y is the junction potential barrier given by (4.55).
By introducing the normalized variables

E=x/L and Xr=1L/L., (9.96)
equation (9.94) becomes
sinh [A(1 — &)] sinh (L&)
U(€) = Wy + (P + Vs — W) —E + @+ Vo —Y¥y) ———— ; . 0997
sinh A inh A

It can be pointed out that the particular solution (9.93) used to integrate (9.91) corresponds
to an equipotential channel (Vs = Vp = V) with ¥, = ¥y = &g + V.
Now, for A larger than a few units, this result can be approximated by
W(§) = Wy + (P + Vs — W)™ + (Pp + Vp — Wy)e 70, (9.98)

LAY (&)

where AW,(&) is the increase of surface potential with respect to the long-channel approxima-
tion.

Although L. given by (9.92) has been assumed to be constant while integrating (9.91), it is
slightly dependent on ¥ through #4. By introducing (9.92) in (9.96) with t4 given by (3.26),
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L Ny C2
a= =Ly T (9.99)
L. 2We;

showing that X is only a weak function of ¥;.
Atthe onset of inversion for Vg = Vp = 0, ¥, = ¥p = ¥, which corresponds to a particular

value of A:
L Ny, C2 Ny  _
ot = =Ly e _ [ 270 g (9.100)
Lo 2¥he; &ilb

For the general case, we shall assume that the depletion depth is essentially controlled by
¥, = ¥p and use the following approximation:

= Loy (B v (9.101)
L\ ) '

we obtain

In reality, even in weak inversion, the surface potential with DIBL is not constant all along
the channel. This could be accounted for by a fitting parameter in (9.101) [116] which we shall
not introduce here.

In weak inversion, the surface potential for a long channel is constant: ¥y = Wp. The
variation of surface potential due to DIBL given by (9.97) is plotted in Figure 9.16 for two
values of pinch-off voltage and two values of drain voltage.

At both ends of the channel, the surface potential drops from @5 4 Vs p to ¥p = ¥y + Vp
within a distance characterized by . For a long channel (L > L.), this distance is negligible,
and the surface potential is equal to ¥p over most of the channel length. On the contrary, for
a short channel, the surface potential never reaches Wp; the barrier for the current carriers is
lowered and the current is increased. Furthermore, the amount of lowering depends on the drain
voltage, as we can see in the figure. Therefore, even if the device is saturated (as is the case
in the figure since Vp — Vs > Ur), the drain current keeps increasing with the drain voltage.
It should be noticed that, for the values of N, and Cyx used in the example of Figure 9.16, a
channel length L = 0.5 um is already too short to avoid DIBL.

120 =80
V(&) || Np=3.10" e / ¢
- 100 —C(ox=§j1 fFum= 1) o =96nm
= Y%= /
S 80| wo=32 — - L=05um Vg = 40
o 4
a ¢g =36 — - L=10pum !
R G L7
3 40 0 v e i B
smin e i ;
E & py --_-_—__4.-—4 ____ R /
T 20 femglon e J
E Vo215
2 0
0 02 0 04 0.6 0.8 1.0

Normalized distance from source & = x/L

Figure 9.16 Surface potential in weak inversion: short channel (L = 0.5 um) compared with long
channel (L = 10 um). All voltages are normalized to Uy
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The increase of surface potential, A%, has a minimum at a position &, that can be calculated
by differentiating (9.98). Neglecting again the variation of A, we obtain

1 1, &g+ Vp— ¥y
=—(l—-——In—MM*= 9.102
S0 2( An%+%—%> (©.102)
which introduced in (9.98) gives
AW, i = 2¢72\/(Dp + Vs — W) (@ + Vp — ¥y). (9.103)

In a long-channel transistor, when the pinch-off voltage Vp = ¥p — ¥ is increased and
approaches Vs, the inverted charge at the source end of the channel is no longer negligible
and the device enters moderate inversion. The local surface potential stops the following ¥p
to finally saturate at ¥, 4+ Vs. As Vp keeps increasing, this saturation (to the local value of
channel voltage V') extends progressively to the whole channel. Hence, an increasing part of the
channel has a variable surface potential (except for Vp = Vs), and the validity of the previous
analysis is progressively lost.

Since (9.93) remains a solution of (9.91) as long as its second derivative is negligible, we
shall extend (9.103) to moderate inversion by limiting ¥; to its value at the source

Ois

Yy =W s
i P+nC0x

(9.104)

or, with normalized variables

Yy = Wp — 245, (9.105)

according to (3.39). The dependency of g, on vy is given by (3.48), the general relation between
voltages and charge. Unfortunately, this relation cannot be inverted to provide the charge from
the voltages, but we can use the following approximation:

o1
qiééhl(l—%expzé——él———>, (9.106)

which is good in strong and moderate inversion, when the charge cannot be neglected, as shown
in Figure 9.17.
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Figure 9.17 Normalized charge—voltage characteristics; (curve a) original relation (3.48); (curve b)
approximation (9.106)
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Figure 9.18 Increase of surface potential due to DIBL

Introducing this approximation in (9.105) with v, = v + v, gives

=1
Yy =vo+v,—21n (1 +exp %) (9.107)

As required, this expression tends to ¥, in weak inversion, and to v + v, in strong in-
version.

The increase of surface potential Ayrg can now be calculated by introducing (9.107) in
the normalized form of (9.98). It is plotted in Figure 9.18(a) with the same parameters as in
Figure 9.16, and for a fixed value of v4 and several values of v, ranging from weak inversion
to moderate inversion.

In Figure 9.18(b), v, is fixed in weak inversion and A is plotted for various values
of Ud.

The increase of surface potential goes through a minimum given by (9.103). This minimum
is plotted in Figure 9.19 for the same numerical values. As can be expected, this minimum
increases with the drain voltage. As the pinch-off voltage increases from very negative values
(corresponding to very small currents), AWy, first increases until it reaches a maximum. It
then decreases as moderate inversion is approached.

4 4
AWsmin — -10 -20
2 ; / \ Parameter vy ; Parameter Y //O
©
[0
g2 40 27
§ 1 \ 20 1
2 0
2 0 0
S 20 -10 0 10 o 20 40 60 80
Normalized pinch-off voltage Y% Normalized drain voltage vy

(a) (b)

Figure 9.19 Minimum of surface potential increase. Same numerical values as in Figure 9.18
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9.3.3 Effect on the Drain Current

In weak inversion, the surface potential for a long channel is constant and equal to Wp. Before
diffusing to the drain, the current carriers must pass a potential barrier of height @g + Vs — ¥p.
As shown in Figure 9.16, when the channel is shortened and L approaches the characteristic
length Lo defined by (9.100), the surface potential cannot reach ¥p and its minimum is A, pin
higher. This corresponds to a lowering of the barrier by AW i, which (in weak inversion)
has an exponential effect on Qj;, the density of mobile charge. The position of the barrier also
moves away from the source, thereby reducing the effective channel length, but this linear
effect can be neglected in a first approximation.

Hence, the effect of DIBL on weak inversion current can be accounted for by adding AY; i,
given by (9.103) to ¥p or Vp in the equation of the current for a long channel.

In strong inversion, the surface field increases with the inversion coefficient; hence, the
relative importance of the lateral electric flux in Figure 9.15 is progressively reduced. Hence,
although the previous analysis loses its validity, we shall also apply it to strong inversion for
the calculation of current, as a very first approximation. The general current—voltages rela-
tion (4.25) and the alternative continuous voltages—current approximation (4.39) then become
respectively:

Vp — Vsd + AY¥smin = /1 + 4, +1In(y/1 +4ig, — 1) — (1 +1n2), (9.108)

(9.109)

— Us A smin
if,rzln2 <1+exp Up v"d;_ L4 )

Using this last equation, the gate-to-drain characteristics in saturation (ig = ir since v, <
vq) are plotted in Figure 9.20(a) for several values of A(. The relative increase of current
is plotted in Figure 9.20(b). It is large in weak inversion and decreases at the approach of
moderate inversion. As mentioned before, the results lose their validity for Vp > 0, although
the qualitative tendency is certainly correct. Furthermore, other short-channel effects (for
example, VS) are then combined with DIBL.
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Figure 9.20 Effect of DIBL on the gate transfer characteristics: (a) drain current for several values
of Lg; (b) relative increase of current
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Figure 9.21 Effect of DIBL on the output characteristics: (a) in weak inversion; (b) in moderate
inversion

As can be seen, the current increases very abruptly with the reduction of length: 1 to 1000
for X reduced from 8 to 4. It would be almost negligible (less than 10%) for Ao > 12.

It must be pointed out that, since AW, is a function of all the bias voltages (Vs, Vp, and
Vi), Ir becomes dependent on Vp, and Ig becomes dependent on Vs. As predicted in Section
4.5.3, the fundamental property is degraded. As a result, the output conductance in saturation
is drastically increased, as we can see in the output characteristics plotted in Figures 9.21(a)
and 9.21(b) for two different values of vj,. Again, this increase is maximum in weak inversion.
As a matter of fact, since Ay iy increases approximately linearly with the drain voltage (see
Figure 9.19(b)), the drain current in weak inversion increases exponentially with the drain
voltage, as was already pointed out in 1973 [10].

The characteristics of Figure 9.21 have been obtained by ig = if — i;, although the super-
position property is no longer valid here. However, it affects only the low-voltage part of the
characteristics (vqg — vs < 5) for which i is not negligible.

Figure 9.22 shows the source-to-drain transfer characteristics also plotted from (9.109)
(the curves correspond to saturation: ig = ir except for vg > vq — 5). As for the gate-to-drain
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Figure 9.22 Effect of DIBL on source transfer characteristics: (a) drain current for several values of
Lo, (b) relative increase of current
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characteristics of Figure 9.20, the current is significantly increased in weak inversion for
)\() < 8.

9.3.4 Effect on Small-Signal Parameters in Weak Inversion

As already pointed out, the previous analysis of DIBL is valid only in weak inversion, where
its effect is maximum. Therefore, the discussion of the related small-signal parameters will
be limited to weak inversion. In addition, we shall consider only the saturated transistor with
iq = i¢. This forward component of current given by (9.109) can be approximated by

if = exp (Up — Vs + AYsmin), (9.110)
where Avgmin is given by (9.103) with ¥y = ¥, = Yo + vp,.

The differentiation of (9.110) with respect to v provides the source transconductance in
weak inversion (normalized to Ggpe. given by (5.6)):

dAYsmi — Yo —
Gms = if (1 N wsmm> — if 1— e_)h/z ¢b I/fo Up + vq ] (9111)
dvs ¢b_w0_vp+vs

Due to DIBL, Ir also depends on the drain voltage. The drain current therefore keeps
increasing in saturation, as shown in Figure 9.21. The corresponding output conductance
(which is actually a component of the drain transconductance that is proportional to Ig) is
obtained by differentiating (9.110) with respect to vg:

dAa smin . - - S
8mdsat = l'fL =1ie A/2\/¢b Vo= v+ v (9.112)

dug o — Yo —vp+va

Finally, the gate transconductance in weak inversion is obtained by differentiating (9.110)
with respect to vp. Knowing that dv,/dv, = n and that A also depends on v, according to
(9.101), we obtain

ngm = if (l + dAwsmin>
dv,
ic |:1 + e }/2 <)\R(Up, Vs, Vq) _ 2(¢pp — Yo — Up) + v + Ud)}’ (9.113)
4(o + vp) R(vpa Vs, V)
where
R(vp, vs, va) = /(b — Yo — vp + v)(@Bp — Yo — vp + va). (9.114)

The three transconductance to current ratios given by (9.111), (9.112), and (9.113) are
plotted in Figure 9.23 as functions of the drain voltage for two values of Aq. Their variation
with the source voltage (at constant v, — v) is shown in Figure 9.24.
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Figure 9.25 Effect of DIBL on maximum voltage gain

Although DIBL may increase the current in weak inversion by several orders of magnitude,
gm/ if and gns/if are reduced only by less than 40%, even with A as low as 4. The reduction
is negligible for Ay > 8. Hence, if the device is biased at a constant current (as should always
be the case in weak inversion), the effect of DIBL on source and gate transconductance is not

very significant.

As could be expected from the output characteristics of Figure 9.21, the main problem lies
in gmdsat> the residual conductance in saturation. For a long channel, the conductance g4, due
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to CLM is much smaller than gy,; therefore, the small-signal voltage gain given by (5.24) can
be very large. With the DIBL occurring in a short channel, the voltage gain is limited to

Gms ms
AV max — - = & (9115)

Gmd sat &md sat

As shown by Figure 9.25, this maximum gain becomes very small for A; = 4. It increases
rapidly for larger values of A to be limited by CLM for A larger than 10-12.

9.4 SHORT-CHANNEL THERMAL NOISE MODEL

The long-channel thermal noise model derived in Section 6.2 assumed that the mobility was
constant along the channel and that the channel length was sufficiently long so that VS and
CLM could be neglected. These assumptions are obviously not valid anymore for short-channel
devices where VS and CLM effects have to be accounted for. Mobility reduction due to the
vertical field also greatly influences the thermal noise and has also to be included. This will be
done in the next sections.

9.4.1 Thermal Noise Drain Conductance

In order to account for the CLM, the region between the source and the drain is split into the
channel region of length L. on the source side, where the carrier velocity is not saturated, and
the VS region on the drain side, where the carrier velocity saturates to v, (Figure 9.26). Since
in the VS region the carrier travel at their maximum saturated velocity, they will not respond
to the local change of the electric field caused by the noise voltage fluctuations. Therefore,
the noise fluctuations generated in the VS region do not propagate to the drain since the
conductance on the drain side is zero [117]. Therefore, the dominant contribution to the drain
noise mainly comes from the channel region between x = 0 and x = L.

Since the effects of VS, mobility reduction due to the vertical field, and CLM are pre-
dominant in strong inversion, we will derive the PSD (power spectral density) of the drain

AX

X ‘Leff - x|\
Leff
L

Gs AR Gy |olp

oln

Figure 9.26 Cross section of the MOS channel with a thermal noise source at position x and with
the VS region to account for the effect of CLM
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current fluctuations assuming that the transistor is biased in strong inversion. The model can
be extended to cover all regions of operation as described in [55].

We will reuse the general approach presented in Section 6.1. The PSD of the drain current
fluctuations due to the single elementary noise source §1;, is given by (6.3), which is repeated
here for convenience:

Ssiz = GG AR Ss 2,
where AR is the resistance across the channel slice and G, is the channel conductance at
point x along the channel and given by (6.2)

Lol + : (9.116)
Gch Gs Gd' '

Conductances G and G4 are the channel conductances seen by the local thermal noise current
source I, on the source and drain sides respectively. They can be derived by splitting the total
transistor into transistor M| and M, on the source and drain side, respectively, as shown in
Figures 6.2 and 6.3. Conductance Gy actually corresponds to the drain transconductance of
transistor M, after having isolated it from transistor M;:

dIp
Gy =Gna = ——, 9.117
S mdl dv ( )
where current I is redefined as the current entering the drain of transistor M;:
w |4
Ip=— [ (=0)pesr dV". (9.118)
X Vs

Notice that for clarity, V' is used as dummy variable for integration in (9.118) to distinguish
it from variable V. In order to differentiate (9.118) for calculating conductance G, we must
remember that 1. is a function of the electric field E, which depends on the position x along
the channel or equivalently on the channel voltage V at that position. In the most general case,
we do not know e as a function of the channel voltage. Even though we would know it, it is
not sure we could integrate (9.118). A work around is to notice that the current I given by

Ip = =W[=0i(V)]tkeii(Ex) Ex 9.119)

is constant along the channel and (9.119) can be solved for E,, which now becomes a function
of V and Ip. Replacing E, = E,(V, Ip) in the expression of pef makes e become a function
of V and Ip and (9.119) becomes

Ip = —W[=0i(V)]ue(V, Ip)E,
qv (9.120)
= WI[-0i(V)Ipesr(V, ID)E~

The current I is then given by a function F(V, Ip) of variables V and I defined by

s W v ’ ’ ’
Ip=F(V,Ip)= . / [—Oi(V)lper(V', Ip) dV". (9.121)
Vs
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The total differential of current I is then given by

dF dF
dlp = dF = ——dV + —— dIp,
p=dF =3y t o r

and the total derivative corresponding to G writes

dly, _dF  OF dI
Gy= = = >

=av " ov T o ave

which can be solved for Gy = dIp/dV as

G._9b _ oy
Tav 1—%'

The partial derivatives of F can be evaluated from (9.121) as

oF w

AR ;(_Qi)l/«eff,

oOF W [V O fheff
LT o av'.
aID X /Vs ( Q ) 61D

Replacing (9.125a) and (9.125b) in (9.124) results in [54]

_ W(—Qi)itett
S =W (=00 v

In order to evaluate 0 e/ 0 Ip, we notice that

Opteft  Oper OE, | OEy
ol 0E, oIy M<"ary’

where

H«/ A 8l’l'eff
eff 8Ex ‘

From (9.120), we have

dolp
0F,

where pqif i the differential mobility defined by (9.3) and which can be written as

dvarie  d(perEx)

Mdiff = = = Metr + Hog B

dE, dE,

= —W(=Q) (et + i Ex) = —W(— Qi) i,

(9.122)

(9.123)

(9.124)

(9.125a)

(9.125b)

(9.126)

(9.127)

(9.128)

(9.129)

(9.130)
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Hence

Ofde !

Hett _ Pett 9.131)

olp  —W(=0)uaisr

Replacing (9.131) in (9.126) finally results in [54]
w
G, = % (9.132)
X+ fVS ,U«:ff dv

Conductance G4 corresponds to the source transconductance of transistor M, and is defined
as

dIp

Ga=Gmo = A (9.133)
with the current Ip defined as
w Vet
Ip = (= Oittetr AV, (9.134)
Ler —x Jy

where saturation at the drain and CLM were accounted for by defining L.g and Vg as

L for Vp < Vpsat
Lo = (9.135)
L — AL for Vp > Vpgar,
where AL is the channel reduction due CLM, and
Vb for Vb < Vpgat
Vet = (9.136)
VDsat for VD > VD sat.
Conductance G4 is then obtained in a similar way than G leading to
w e
Gy = (— Oi)hefr 9.137)

(Leff_x)+fVDcff H’eﬂ' dV/

Mdiff

The channel conductance G, at a position x is then easily obtained from (9.116), (9.132),
and (9.137) as [54]

Gy = W(—O1)idetr (9.138)

Viett K,
ett+f eff Mefi dV/

Ldiff

The channel slice resistance AR can be calculated in a similar way than G4, but integrating
from x to x + Ax instead of L (or L.y in saturation). After noticing that the voltage drop
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between x and x 4+ Ax is simply equal to AV = —E, Ax, we get [54]

1 _ AG = W(=0dpett  W(=0i)uditr
AR Ax — %1 g Ax Ax

HLdiff

(9.139)

Here, we would like to point out that in case of a long-channel MOS transistor, g iS
independent of the electric field E, and hence u.; = 0. Conductance G, and resistance AR
then reduce to

W W(— Qi) et
Gy = (— O =
ch = Metr(—O5) L L
Ax

R=——
W e (— Q1)

which correspond to the expressions (6.9) and (6.10), respectively, which were derived in
Section 6.1 for the thermal noise of a long-channel device.

Calculation of the current noise source between x and x 4+ Ax is a difficult task. This
is because, in presence of an electric field, the segment is no longer in equilibrium and in
nonequilibrium, the Einstein relation is no longer valid. The method to model device noise in
nonequilibrium is to assume that even in nonequilibrium an Einstein-like relation holds between
the mobility and the diffusivity D, (of electrons). One needs to be careful with definitions
when making this transition because it often acts as a source of error. The procedure is to
define [118-121]

) (9.140a)

(9.140b)

_ kT
—

D, (9.141)

where T, is defined as the noise temperature. Since D, is unknown in nonequilibrium, this
relationship in general provides nothing new but a definition of 7;,. Note that in most of the
cases the noise temperature 7, is different from the carrier temperature 7¢ [118].

It is shown in [118] that T, becomes equal to T when the velocity distribution is heated
Maxwellian. It is to be noted that we are considering the inversion layer of the MOS transistor
where the carrier density is in the order of 10'® cm™ and that kind of carrier concentration
thermalize the distribution function and enforces it to be heated Maxwellian (we are assuming
the channel to be nondegenerate) [122—124]. This observation provides a great simplification
by expressing diffusivity D, in terms of known quantities. It allows to write the expression of
Ssr2 as [54,119]

Ssp2 = 4qW(—Qi)& - 4/<Tcui)“diff = 4kTcAG, (9.142)
" Ax Ax
where the expression of AG given by (9.139) has been used.

It is important to point out that many publications about numerical noise simulation [125—
127] as well as [128] use the cord mobility s instead of the differential mobility pqir when
replacing the diffusivity. Ref. [128] has also made an additional assumption that the decrease in
cord mobility is exactly balanced by the increase in temperature leaving the diffusivity about
constant. Device simulations made for a typical 0.18 um N-channel MOS transistor show
that the product of the cord mobility times the carrier temperature is actually not constant
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but increases monotonically from source to drain [54]. This indicates that the increase in
temperature is not fully compensated by the decrease in cord mobility.
In order to define a noise conductance, (9.142) can be written as

Ic
Ssr2 = 4kTy, — AG, (9.143)
n TL

where 71, is the lattice temperature. The PSD of the drain current fluctuations due to §1;, is then
given by

T
Ssi2 = 4kTL7EthAR. (9.144)

Replacing G, by (9.138) and AR by the inverse of (9.139) results in [54]

W Te p?
Sy = kLM —— S Hel 0y Ax, (9.145)
D Lz T taife
where [54]
. |
MA . (9.146)

1 [ Voerr K 2
14+ -1 off Mot 1/
( + Leit JVs  paie

The PSD of the total noise current fluctuation at the drain S 5> can be derived by integrating
the PSD due to an elementary contribution S 12 at position x over the channel assuming that
the contribution of each slice at different positions along the channel remains uncorrelated.
This leads to [54]

w Leit T 2
Sapp = 4kTLM o [ ZC T

(=0 dx, (9.147)
L3 Jo  To paise '

which can be written as
Sarz £ 4 TG, (9.148)

and where G is the thermal noise conductance at the drain given by

w Leg Tc Mgff

G = M—
" L Jo  To paiee

(—Qi)dx. (9.149)
Equation (9.149) is very general and does not depend on a particular velocity-field (or
mobility-field) model. Nevertheless, the relation between the carrier temperature T¢ and the
lattice temperature 71, has to be consistent with the field-dependent mobility model. It can be
shown that the third velocity-field model (Model 3), which is also used for deriving the channel
length reduction AL in Section 9.2, actually arises as an approximation of [122,123,129]

[T
et = iz { | ==, (9.150)
Tc
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which gives the relation between carrier temperature and mobility as

9.151
T ( )

2 (1 n |Ex|)2 for |E,| < 2E
Te _ (M_> _ 2E. o
Meff

2
(%) for |E,| > 2E..
C

Using that same mobility-field relation (9.15), we can deduce the following relations:

est _ Lff, - _ 1 (9.152)
Maiff  Metf T HegEx 2E.
and
2 2
Mefr Hefr — .. (9.153)

Wit Mett T Mo Ex
Note that relations (9.152) and (9.153) are valid only for |E,| < 2E. and can be applied only
in the nonsaturation region comprised between x and L.i where |E, | reaches 2E. and vgyife
becomes equal to vy Anyway, as was pointed out earlier, the contribution of the VS region
to the total drain noise is null since in the third velocity-field model, the differential mobility
is null and therefore, according to (9.139), no noise is produced.
Introducing (9.152) into (9.146), the M factor then simply reduces to

1
M=—— (9.154)

2
1— Vbett—Vs
2LefrEc

whereas using (9.153) in (9.149), G,p becomes

Lest
Gip =M / MZ%(—Qi(X))dX (9.155)
0 L

L
again valid for |E,| < 2E,, i.e. in the non-saturation region. The effect of mobility reduction
due to the vertical field has been discussed in Section 8.2 and is modelled by (8.5). Although
the mobility given by (8.5) is a local mobility and includes g; which depends on the position
x along the channel, an effective mobility can be approximated by replacing g; in (8.5) by an
average charge (g5 + gq)/2. The mobility u, can then be taken out of the integral in (9.155),
leading to

W Legr Tc
— —(—Qi(x))dx
Leff 0 TL

K Legr ( Uy
L2 Jo Ief

GnD = MI’LZ

2
=My, ) (= Qi(x))dx (9.156)

w Lest |E.| 2
=Mu,— 1 o —Qi(x))dx,
Mngff ; ( + 2EC) (= Qi(x))dx

where (9.151) has been used.
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Notice that for along-channel MOS transistor, (¢ is independent of the electric field £, and
equal to the mobility at low longitudinal field ptesr = . and hence ul; = 0 and the differential
mobility is equal to the cord mobility wgisr = er = i, The carrier temperature T¢ is then
equal to the lattice temperature 71, and the effective length L is approximately equal to the
source-to-drain length L. Factor M is then simply equal to unity and (9.149) and (9.155) then
simplify to

W L
Guo = g /0 [—0:(0)] dx, 9.157)

which corresponds to the long-channel expression (6.15) obtained earlier in Section 6.2.

As shown in (9.150), the effect of VS cannot be considered without the effect of carrier
heating. On the other hand, the effect of mobility reduction due to the vertical field and CLM
can be considered separately. This will be done in the next sections.

9.4.2 Effect of VS and Carrier Heating on Thermal Noise

In this section we will assume that the effects of mobility reduction due to the vertical field
and CLM can be neglected and we will concentrate on the combined effect of VS and carrier
heating. This means that ;; = o and Ly = L. To this purpose we will again use the third
velocity-field model (Model 3) defined in (9.15) or its normalized form (9.16).

The drain thermal noise conductance accounting for VS and carrier heating only is given
by (9.155) with Ly = L and 1, = o'

Wt |Eq|\*
Gupvsem = Mo 1 °E [—Qi(x)] dx, (9.158)
or in normalized form
A G e(§)
gpvscm & ZTICTE = M / [l + —] Gi(§) dé. (9.159)
ipec

where e is the normalized longitudinal field defined by (9.6) and

1
M=——. (9.160)
(1 _ V])eff_VS)
2LE,
gnD(vs+cH) can be split into two components gnp(vs) and gnp(chy:

&nD(VS+CH) = &nD(VS) + &nD(CH)» 9.161)

where gnp(vs) accounts for the effects of VS only and is given by
1
gunvs) = M / qid§ = Mq, (9.162)
0

! The fact that only the VS and carrier heating effects are accounted for is indicated by the sign (VS + CH) at the end
of the subscript.
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whereas gnp(cH) accounts for the additional effect of carrier heating and is given by

1
gnpicH) = M /
0

Note that even though the integral in (9.162) is the same expression as obtained for the
long-channel case, the inversion charge distribution along the channel when VS occurs can
be quite different from that without VS as in the long-channel case. Therefore gnpvs) is not
simply equal to M times the long-channel value of g,p as (9.161) might wrongly suggest.

For v4 < vgsa, the normalized noise conductances gnpevs) and gnpchy can be found by
operating a change of variable from £ to g; using (9.22) and (9.36) with the definitions of the
normalized velocity v and mobility u given by (9.14) and (9.16) respectively. This results in
expressions for dg;/d€ and e given by

2
(&) + (?) ] ai(8) de, 9.163)

dg; —ig
_— =, 9.164a
a2~ Ko 104
S
o=l (9.164b)
2gi — Fia
where iq4 is given by (9.47). gnp(vs) then becomes
M qs )“C .
8uD(VS) = T gi | 29 + ~ la dg;
ld qd
M |2 Acld
= |5 (@ —aq) — = (4] —ai) |- (9.165)
ld 3 4

Similarly, gnp(ch is obtained by replacing in (9.163) e by (9.164b) and d by dg; given by
(9.1644a), resulting in

A Al
&uD(CH) = MEC [qsz —qi+ CTd(qS — qq)
B\ 2 /A
+ ( C’d> In <q7/’d) . (9.166)
4 qa — Ac/4iq

For vg > vasat, gnup(vs) = &nDsat(vs)» and gnpcH) = gnDsaycH) Which can be obtained by
replacing iy and gq in (9.165) and (9.166) by (9.49b) and (9.49a) respectively.

The corresponding thermal noise parameter can also be split into two components according
to

SuD(vs+CH) = OnD(vs) + SuD(CH)» (9.167)

where Supvs) = gnpvs)/gs and Spchy = gnp(cH)/Gs-
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Similarly, the thermal noise excess factor including both VS and carrier heating in saturation
is given by

YD sat(VS+CH) = VD sat(VS) T VoD sat(CH)» (9.168)

where yip sat(VS) £ &nD sal(VS)/gmsat and yup sat(CH) £ &nD sat(CH)/gm sat With gmar giVen by
(9.70).

The thermal noise parameter S,pvs) is plotted versus the normalized drain voltage
v 2 Vp /Ut and for vy = 0 in Figure 9.27(a). It clearly shows that for A, > 0, the thermal
noise conductance and therefore the thermal noise parameter is lower than the long-channel

1.0
vg=0
0.8 Ag=0 7
AN 2
o 0.6 13
2 Ag=0.1
a N
= 0.4 -
7
Ag=05
0.0 | | |
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Vd = VD / UT
(@)
4 ~A=05
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g 31 === 3.psat(vs)
§ ~ "nDsat(vs)
S
2 2r ‘/,10 =01
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oo% 10 rd
«Ag=0
. . . . “ilc =0.1
0 5 10 15 20 2,-05
Vp = Vp / UT
(b)

Figure 9.27 (a) Thermal noise parameter §,p(vs) accounting for VS only versus normalized drain
voltage vg. (b) Thermal noise parameter 8,p sag(vs) and noise excess factor ynp sa(vs) in saturation versus
normalized pinch-off voltage v, and accounting for VS only
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value. At first glance, this might be surprising, since there are more inversion charges in the
channel due to VS at the drain. It can be explained by the fact that the noise at the drain is
transferred from the local noise sources in the channel to the drain through the square of the
magnitude of the (trans)conductance, which is proportional to the mobility. Therefore even
though there are more charges in the channel, they produce less noise at the drain compared
to the situation where the transistor is biased at Vps = 0, which is taken as the reference for
the definition of the thermal noise parameter &,p.

Because the transconductance degrades faster than the noise conductance, the situation is
different for the noise excess factor accounting for VS yupsavs). As opposed to dnp sai(vs)s
YnDsa(vs) deteriorates as the product A.gs increases when VS is present. This is illustrated
in Figure 9.27(b), where 8,psa(vs) and yupsa(vs) are plotted versus v, for v; = 0 and for
different A.. For vp =20 (Vg — Vro =400mV) and A, = 0.50 (L = 0.1 um), Yupsavs)
reaches about 4.

SuD sar(vs) and 8yp sagcny are plotted in Figure 9.28(a) versus vy, and for vy = 0. As already
mentioned above, the d,p sa(vs) NOise parameter in saturation is smaller than the long-channel
value 2/3 obtained when VS is not present. On the other hand, the term due to carrier heating
SnDsar(cHy 1S increasing from zero, compensating the reduction of Snpsavs) so that the sum
Snpsarvs+ch finally remains slightly above the long-channel value 2/3.

YaD sat(VS)» YaD sat(CH)> a0 ¥ap sarvs+ch) are plotted versus v, and for vg = 0 in Figure 9.28(b).
On the contrary to 8upsa(vs+chy, the effect of carrier heating does not compensate the effect
of VS, but it deteriorates ynpsavs) even further by increasing it significantly from the value
without carrier heating.

9.4.3 Effects of Vertical Field Mobility Reduction and
Channel Length Modulation

In addition to VS and carrier heating, the reduction of mobility due to the vertical field and the
effect of CLM have also to be accounted for. Mobility reduction due to the vertical field will
affect both y;,p and §,p only through parameter ). because they are expressed as the ratio of
conductances.

The CLM effect is discussed in Section 9.2. The effective channel length used in (9.149)
can be approximated by

Lt = L — AL, (9.169)

where AL is given by (9.87a). CLM will affect y,p and §,p in different ways. It will affect
¥ap only through parameter A., but for é,p, in addition to effecting through A, it will increase
it by a factor of ﬁ.

Some results from the above model are presented in Figures 9.29 and 9.30 for a typical
0.18 um MOSFET (with E. =2 V/um, 6 = 0.3, and £ = 30 nm) with different levels of
approximation. The noise parameter §,p is plotted versus vq in Figure 9.29(a). When CLM is
absent, é,p gets saturated for vqg > vqsc. CLM causes the noise conductance to increase with
respect to the drain voltage because the channel length decreases with the drain voltage. Since
Gy is defined at Vpg = 0, it is not affected by CLM. As a result §,p increases with the drain
voltage. Note that this increase is much less when the effect of mobility reduction due to the
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Figure 9.28 (a) Thermal noise excess factors in saturation versus normalized pinch-off voltage v,.
dup(vs) accounts for VS only, §,p(chy accounts for carrier heating only, and 8,p(vs+cH) accounts for both
VS and carrier heating. (b) Thermal noise excess factors in saturation versus normalized pinch-off
voltage vp. ynp savs) accounts for VS only, ¥up sachy accounts for carrier heating only, and ¥4p saivs+ch)
accounts for both VS and carrier heating

vertical field is also considered. Mobility reduction due to vertical field results in a higher value
of E., hence a smaller value of u in (9.87a) which considerably attenuates the effect of CLM.

Supsat 18 plotted versus v, in Figure 9.29(b) with the same levels of approximation than
those used in Figure 9.29(a). When both CLM and mobility reduction due to the vertical field
are absent, d,psa slightly increases with v, as already shown in Figure 9.27(b). Even when
CLM or mobility reduction due to the vertical field is taken into account separately, 8,p sa Still
increases with vy, It is the combination of both effects which causes np . to decrease with
vp. This behavior and the values obtained in Figure 9.27(b) are in agreement with the earlier
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Figure 9.29 (a) Thermal noise parameter §,p versus normalized drain voltage vq. (b) Thermal noise
parameter 8,p ¢ in saturation versus normalized pinch-off voltage v,. The square and circle symbols
represent measurements taken from [130] and [117] respectively. Curve labeled no VMR, no CLM
accounts for VS and carrier heating only. Curve labeled with VMR, no CLM accounts for VS, carrier
heating, and mobility reduction due to the vertical field. Curve labeled no VMR, with CLM accounts
for VS, carrier heating, and CLM. Curve labeled with VMR, with CLM accounts for all four effects,
namely VS, carrier heating, mobility reduction due to the vertical field, and CLM

results obtained by Scholten [130] and Chen [117] which are represented by the symbols in
Figure 9.27(b).

Finally, yupsa is plotted versus vy, in Figure 9.30 again with the same approximations as
above. The plots indicate that the effect of vertical field greatly modifies y;p so¢. From the high
values obtained earlier when including VS and carrier heating, the effect of mobility reduction
due to the vertical field brings y;psa back to values close to 2. This can be explained by
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Figure 9.30 Thermal noise excess factor y,psy in saturation versus normalized pinch-off voltage
vp. Curve labeled no VMR, no CLM accounts for VS and carrier heating only. Curve labeled with
VMR, no CLM accounts for VS, carrier heating, and mobility reduction due to the vertical field.
Curve labeled no VMR, with CLM accounts for VS, carrier heating, and CLM. Curve labeled with
VMR, with CLM accounts for all four effects, namely VS, carrier heating, mobility reduction due to
the vertical field, and CLM

considering that y,p 5o decreases as the product A.gs decreases and vertical mobility reduction
directly reduces A.. CLM only slightly increases y,psa to a value of about 2.5.

9.4.4 Summary

If only the VS effect is considered, then the noise conductance Gp becomes smaller compared
to the long-channel value. The reason is that the higher noise due to the increase of the inversion
charge in the channel required to sustain the drain current with areduced or even limited velocity
is strongly attenuated by the reduction of the transfer function from the local noise source in
the channel to the drain terminal caused by the mobility degradation due to VS. Since Gy is
not affected by this mobility reduction, the noise parameter §,p also gets reduced. However,
the gate transconductance is strongly affected by VS and hence the resulting y,p s, increases
above unity.

VS cannot be considered without carrier heating. The latter has an opposite effect than VS
on both §,p and y;,p, overcompensating the reduction observed in §,p 55 and further increasing
YD sat- For channel length of the order of 0.1 um, §,ps, approximately goes back to values
slightly larger than the long-channel value 2/3, whereas y,ps, can become larger than 1,
typically equal to about 8—10 for an overdrive voltage Vg — Vg of about 0.5 V.

Mobility degradation due to the vertical field causes both G,p and §,p to decrease slightly
because it affects them only through the ). parameter. But it affects y,p o Very strongly because
of the increase in A.gs, bringing it back to values close to 2. CLM tends to increase all the noise
parameters, especially at higher drain (or lower gate) voltages. In summary, the effect of VS
and carrier heating try to partly balance each other and also the effect of mobility degradation
due to the vertical field and CLM show opposite trends.
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We can conclude from the above discussion that because of the presence of counteracting
effects, it was possible in the past to present compact thermal noise models without accounting
for all the effects simultaneously and accurately. As the above factors affect y,p and 8,p
differently, it is therefore very important to distinguish between the thermal noise parameter
dnp and the thermal noise excess factor y,p. This careful definition of é,p and y,p might
eventually explain the discrepancies observed between values measured by Scholten [130] and
Abidi [131].



10 The Extrinsic Model

The previous chapters were exclusively devoted to the analysis of the intrinsic part of the
transistor, defined as the region comprised between the oxide and substrate on top and bottom,
and the source and drain junctions on each side. Although the fundamental behavior is indeed
dictated by the intrinsic part, the extrinsic part also plays an increasingly important role when
either reducing the dimensions and/or increasing the operating frequency. This chapter looks at
the different components that constitute this extrinsic part. It starts with the access resistances,
which include the source and drain resistances as well as the gate and bulk resistances. They
are all presented in Section 10.2. The regions beyond each end of the intrinsic channel include
the important overlap capacitances and part of the source and drain access resistances. They
are discussed in Section 10.3 with a particular emphasis on their bias dependence. The source
and drain junctions are presented in Section 10.4. Finally, Section 10.5 presents the additional
noise due to the extrinsic components.

10.1 EXTRINSIC PART OF THE DEVICE

Most of the previous chapters were focused on the so-called intrinsic part of the MOS transistor.
It is defined by the inside part of the dashed rectangle shown in Figure 10.1 delimited by the
source and drain junctions on each side, by the gate oxide and gate electrode on the top
and by the substrate on the bottom. This is obviously the most important part of the MOS
transistor, since it represents the active part of the device offering the transconductance and
enabling amplification. To access the source and drain intrinsic terminals (nodes si and di in
Figure 10.1(a)) requires the source and drain extensions (SDE), as well as the source and drain
diffusions which are covered with a silicide and contacted by a via. All these parts add some
parasitic access resistances which are modeled by the source and drain resistances Rg and Rp.
The latter are made of several parts that will be further discussed in Section 10.2.1. The gate is
made of polysilicon which is usually covered by silicide in order to lower the gate resistance.
Although this resistance is small (in the order of a few €2/[1), it might be important to account
for it particularly for RF 7 C design, where even small series resistances can count. The access
to the gate can also be modeled by a simple gate resistance Rg. The modeling of the substrate

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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Figure 10.1 (a) Definition of the extrinsic part of the MOS transistor and the extrinsic components
including the series access resistances, the overlap parasitic capacitances, and the junction parasitic
capacitances. (b) Simple equivalent circuit of the extrinsic part corresponding to (a)

access is a bit more difficult since it strongly depends on the device layout. Modeling it by a
simple substrate series resistance Rp is usually sufficient in most cases. More accurate models
used for RF I C design will be discussed in more details in Section 11.4.2.

In addition to the four series access resistances Rs, Rp, Rg, and Rg, there are also additional
parasitic capacitances. The overlap capacitances between gate and source Cgs, and between
gate and drain Cgp, are due to the overlap of the gate and gate oxide over the SDE. These
overlap arise after forming the SDE, by lateral diffusion of the SDE dopants under the gate.
These overlap capacitances are made of several parts some of which are bias dependent and
will be discussed further in Section 10.3.1. There is also a gate-to-bulk overlap capacitance
Cgpo which is due to the extension of the gate electrode above the field oxide and on top of
the substrate.

In addition, the source and drain junctions and their extensions are modeled by the diodes
Ds between the bulk and the source and Dp between the bulk and the drain. As explained in
Section 10.4, in dynamic operation they are modeled by two junction capacitances Cgs; and
Cgp;j. The latter are obviously bias dependent and are also made of several parts.

Although it is always possible to model the device in great detail taking into account every
little series resistances and capacitances, this results in an accurate but usually very complex
equivalent circuit. Furthermore, all the components of this equivalent circuit can most of the
time not be extracted from experiments in an accurate way, or some not at all. It is therefore
important to find the right trade-off between the accuracy required by the circuit designers,
which always depends on the circuit application, and the complexity of the equivalent circuit
used for the design and the simulations. Also note that most of the parasitic components are
distributed resistances and capacitances, which are then modeled by lumped elements. The
equivalent circuit shown in Figure 10.1(b) modeling the extrinsic part of the MOS transistor
is usually accurate enough for most of the circuit design applications. One exception might be
RF circuits, where an even more elaborate equivalent circuit might be required, particularly
for the substrate network. This will be discussed further in Chapter 11.

The next sections will discuss each extrinsic component in more detail, particularly its
scaling and eventual bias dependence.



ACCESS RESISTANCES 215

L
sal via Reon
T w
\ | / Rjia _salicide
sde '\ con sal Rcon-min
Lyt Source w | .
drain I ,_; 'Lsal
extension dif
(@) (b)

Figure 10.2 (a) Components of the source and drain access resistances (on the right) and approxima-
tive current flow (on the left). (b) Contact resistance per unit width versus the diffusion width showing
that above a certain value Hgj, the resistance does not scale as 1/Lg, because most of the current
flows within the salicide instead of going from the bottom of the salicide to the diffusion

10.2 ACCESS RESISTANCES

10.2.1 Source and Drain Resistances

As shown in Figure 10.2(a), the source and drain access resistances are made of several parts
including the resistance due to the via Ry;,, the resistance of the salicide Rg,, the contact resis-

tance between the salicide and the junction diffusion R.,,, and the resistance of the SDE Rqe.
The source (drain) resistance is then given by the series connection of all these components:

RS(D) = dee + Rcon + Rsal + Rvia = dee + Rcon- (101)

The SDE and salicide resistances are scaling as

Lais

Rye = ar Rsdem, (10.2a)
W
L

R = =2 R, (10.2b)
%

where Lg; is the length of the SDE and L, is the half width of the salicide region as shown
in Figure 10.2(a). Ry and R are the sheet resistances of the SDE and the salicide,
respectively, which have typical values in the k2 range for Ry and in the €2 range for Ryym.
The total via resistance Ry;, depends on the number of via per source or drain diffusion with
a typical resistance of a few 2 per via. As can be seen from the above numbers, the total
resistance is usually dominated by the contact and the SDE resistances.

Note that the contact resistance R, per unit of finger width does not scale with the salicide
length L, above a certain minimum value defined as Hyir as shown in Figure 10.2(b). This is
due to the fact that most of the current flows within the salicide instead of going to the diffusion
because of the latter higher resistivity as illustrated in Figure 10.2(a). Therefore, increasing
the salicide length above Hgyir does not reduce the contact resistance even though the bottom
contact area between salicide and silicon is increased.

As shown in Figure 10.3, the SDE resistance R4 is made of two parts: Rgge.ov, Which is in
the overlap region below the gate and R4y Which is outside the gate overlap region below
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Figure 10.3 SDE resistance splits into the bias-independent part Rgge-sp situated below the spacer
and the bias-dependent part Rsde-ov(VG, Vsp)) located in the overlap region

the spacer:
dee = dee—sp + dee—ov(VGe VS(D))- (103)

As Figure 10.3 illustrates, the resistance Ry oy depends on the inversion state of this gate
overlap region and hence depends on Vg — Vs on the source side and on Vg — Vp on the
drain side. On the other hand, resistance Ryq.-sp can be considered as bias independent. Since
the gate-to-bulk and drain-to-bulk voltages are usually positive and the source-to-bulk is zero
or positive, the overlap regions on the source and drain sides are most of the time biased
in accumulation. Increasing the gate-to-bulk voltage will attract even more electrons on the
surface and hence reduce the overlap resistances. Note that it is important to account for this
bias dependence in order to accurately predict the harmonic distortion [132].

Since the SDE region length Lg; is almost constant, the total source and drain resistances
Rs and Rp scale only with the finger width and the number of fingers according to

N  0.5Raw(Va, Vsmy)
Rsm) = Reon + Ryae(Vi, Vsm)) = Sl WG SO (10.4)

where Rggy is the total source and drain resistance per unit width. Ry is typically in the
k€2 um range.

The bias dependence of the source and drain access resistances is illustrated in Figure 10.4,
where the total source and drain access resistance is plotted versus the gate-to-source voltage
for two different oxide thicknesses [133].

Because of the voltage drop across the source and drain series resistances, the voltages at the
intrinsic nodes are smaller than the applied external voltages. Since the current is determined
by the intrinsic voltages, the transconductances from the external terminals are smaller than
the intrinsic transconductances. This can be easily verified using the small-signal equivalent
circuit shown in Figure 10.5. The effective transconductances are given by

a1 G
Geit & — =0 (10.52)
Volyy, D
dl Gums + G
Gomseft 2 ———2 _ UmtOw (10.5b)
Vs | e v D
a1, Gmi+ G
Grmaett 2 — = M, (10.5¢)
Vo | v ve D
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Figure 10.4 Bias dependence of the source and drain resistance (Reproduced by permission of IEEE
from [133])
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Figure 10.5 Small-signal schematic for calculating the degradation of transconductance due to the
source and drain resistances

where

D é 1 + (Gms + Gds)RS + (Gmd + Gds)RD (106)
=1+ Gps Rs  (in saturation).

As indicated by (10.5), the intrinsic transconductances are reduced by this factor D which is
approximately equal to 1 + G, Rs in saturation.

Similar considerations can be drawn for the drain current which is lowered by the presence
of the source and drain series resistances.

10.2.2 The Gate Resistance

The gate resistance starts to play a role typically when it gets equal or larger than the inverse of
the gate transconductance. It will not only affect the transistor operation at high frequency, but
can also have an effect at low frequency. Indeed, Rg becoming larger than 1/ Gy, will contribute
to noise at both low and high frequency, and will also change the frequency behavior at high
frequency. It is therefore important to account for it when designing very low-noise circuits
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Figure 10.6 Layout of a typical large multifinger device

operating at low frequency, for example sensors front-ends, and at high frequency when
designing for example low-noise amplifiers. The transistors used in such circuits are usually
made very large and are laid out as multifinger devices as shown in Figure 10.6 for a number of
fingers Ny = 4. The gate resistance is made of several parts: the resistance Rgop corresponding
to the part that is on top of the channel (in darker gray in Figure 10.6), resistance Rgex; corre-
sponding to the part that is outside the channel region (in lighter gray in Figure 10.6), resistance
Rgyia corresponding to the vias between metal 1 and the silicided polysilicon and resistance
Rgeon corresponding to the contact resistance between the silicide and the polysilicon [134]:

Rg = RGtop + Rgext + Rovia + Roeon- (107)
The part of the gate resistance that is on top and across of the channel Rg;op is modeled by

1 W
3 Nfo

RGtop = Roo, (10.8)

where Rgo is the gate silicide sheet resistance, W; is the finger length (corresponding
to the channel width of a single finger) and L; is the finger width corresponding to the
drawn gate length. The factor 1/3 appearing in (10.8) accounts for the distributed nature
of Rgop as illustrated in Figure 10.7 in order to correctly predict the maximum oscillation
frequency [135]. Note that the distributed gate resistance along the channel can be neglected
since the finger is usually much longer than wide (W > Ly).

/
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: te ang
- Chan
Istance along the chan?mzll

Figure 10.7 Distributed gate and channel resistances
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The resistance of the part outside the channel region Rgex: depends very much on the geom-
etry and where the gate contacts are placed. In case the gate is contacted along the vertical metal
line as shown in Figure 10.6, Rgex; is simply given by

Wex[
N¢L¢

RGext = Rco. (10.9)

The via resistance Rgyia depends on the number of via Ny, according to

Rvia
Rgyia = —, (10.10)

via

where R.;, is the resistance of a single via.
The silicide-to-polysilicon contact resistance is defined by

pCOH
Rgeon = ——, 10.11
G NeWeLs ( )

where 1/ peo is the silicide-to-polysilicon specific conductance (in A/V m?).
Note that the total gate resistance given by (10.7) can be significantly decreased by connect-
ing the gate on both sides. As shown in Figure 10.8, if the gate resistance is contacted only on
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Figure 10.8 (a) Different parts of the gate resistance; (b) contacting the gate at both ends decreases
the gate resistance by approximately a factor 4
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one side, the total gate resistance is given by (10.7). On the other hand, if the gate is contacted
on both sides and the metal is assumed to have a negligible resistance compared to the other
components, we have

R Rgex Rayi
Rg = 0% + =% 4 =05+ Rooon, (10.12)

which is about four times smaller than the one side contact case corresponding to (10.7). If the
layout constraints allow, it is therefore recommended to contact the gate on both sides in order
to minimize the gate resistance for the given geometry.

In technologies typically older than 0.18 pum, the gate current could be completely neglected.
Hence, the dc voltage drop across the gate resistance could also be neglected and therefore
the gate resistance had no effect on the dc transistor operation. This is no longer the case for
ultradeep submicron technologies, where the gate oxide is so thin that a dc tunneling current
starts to flow through this oxide. In this case, there is also a small voltage drop across the gate
resistance that can also affect the dc operation of the transistor.

10.3 OVERLAP REGIONS
10.3.1 Overlap Capacitances

The different capacitances forming the extrinsic gate-to-source and gate-to-drain parasitic
capacitances are shown in Figure 10.9. They are made mainly of three capacitances: the overlap
capacitance C,y, the inner fringing-field capacitance Cj;, and the outer fringing-field capaci-
tance Cof

Casyp = Cov(Vi, Vs,m)) + Cit(Vg, Vs, ) + Cot- (10.13)

Note that Coy(Vg, Vs (o)) and Ci¢(Vi, Vs,b)) are strongly bias dependent, whereas Cor can
be considered as bias independent.

A simple way to model the bias-dependent overlap capacitance C,y is to define an effective
overlap length L, . corresponding to the part of the total overlap length L, thatis constituting

Salicide
Polysilicon
Spacer T C{ T
\
o
Oxide if

Cov Cot

Figure 10.9 Different parts of the total overlap capacitances: the inner fringing-field capacitance
Cis, the overlap capacitance C,y, and the outer fringing-field capacitance Cos. Note that there is also a
fringing-field capacitance Cy between the gate electrode and the via
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Figure 10.10 Bias dependence of Ci; and C,, when the SDE is (a) in inversion, (b) in depletion, and
(c) in accumulation

the bottom plate of Coy as shown in Figure 10.10 [56]:
Cov(VG) = w Lov—eff(VG)Cox' (1014)

Depending on the gate voltage, the overlap region can be either in accumulation when the
gate voltage is larger than the flat-band voltage of the SDE region Vegspg) (Which is close
to zero volt [56]) (Figure. 10.10(c)), or in depletion when Vg<Vgpspg) (Figure. 10.10(b)), or
even in inversion when Vg < Vgpspg) (Figure. 10.10(a)).

As shown in Figure 10.10(c)), the overlap capacitance is maximum in accumulation (Vg >
Ver(spg)) for which the effective overlap length L,..fr is about equal to the total overlap length
Loy:

COV(VG > VFB(SDE)) = Cov—max = w Lov Cox' (1015)

For Vi < Vrp(spg), the overlap capacitance is smaller than Cyy-max and can be modeled
empirically by

Covmax  for Vg > Vep(spE)
Cov =4 Corms (10.16)
ﬁ for Vg < VEeB(sDE)s

VGou

where Coy.max 18 given by (10.15) and Vg, is a fitting parameter that can be extracted from
measurement as explained in [56].

The inner fringing-field capacitance is also bias dependent. When the gate voltage is lower
than the channel flat-band voltage, the device is in accumulation and the layer of free holes in
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the channel region is electrically disconnected from the n*t SDE regions and shields the fringing
capacitances reducing them to zero. When V(; increases, the device enters the depletion regime
where Cjr reaches its maximum. As Vg increases further, the device enters in strong inversion
and an inversion layer is formed. The inner fringing-field capacitance is again shielded by the
inversion layer and decreases down to zero. This behavior is modeled by [56]

Vo — Vi — P/2\°
Cit = Cit-max — , 10.17
£ f-max EXP [ < 30:/)2 ( )
where Cif.max 1S given by
A €si xj . T €px
Cimax =W —In|l4+ —sin| = — ||, (10.18)
37'[ 0X 2 €si

where x; is the depth of the SDE (not the junction).
Finally, the outer fringing-field capacitance can be considered as bias independent and is
approximated by [56]

2o ‘
Cop= W % In (1+ﬂ). (10.19)
T

OoXx

The above model for Cgs(p), is plotted in Figure 10.11(a) versus Vg for Vp = Vs = 0 and
for two different values of the SDE region doping Ng4.. It shows that the overlap capacitance
C,y dominates the extrinsic capacitance Cgs(n)o. Also note the effect of the inner fringing-field
component which introduces a little bump in the characteristic. Figure 10.11(b) shows the total
gate-to-source (gate-to-drain) capacitance including both the intrinsic and extrinsic parts. It
shows that the extrinsic component dominates in the weak and depletion regions, whereas the
intrinsic dominates in the moderate and strong inversion regions.
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0.45F Lg=0.2um gt 0.8F x=45nm
5 - >< Ng=45x10" cm™
O 040 Ngyo=1x10%cm™_= / S N,=4x10"® cm™
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@ ) dominate
S 0.30- oPis & 04r Intrinsic
0.25 F Ny = 2 x 10™cm Lg=0.2um dominate
= 0.2
0.20 Lg=1um
1 1 1 1 1 + I L L
25 —20 -15 -10 -05 00 3 2 a4 o 1 > 3
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Figure 10.11 (a) Effect of the inner fringing-field capacitance given by (10.17) on the total overlap
capacitance gate voltage bias dependence. (b) Bias dependence of the total gate-to-source (gate-to-
drain) capacitance for different channel lengths (Reproduced by permission of Elsevier Ltd. from [56])
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There is also an overlap capacitance Cgp, between the gate and the substrate. It is due to
the gate extending outside the channel, Since it is along the channel, it is proportional to the
gate length

Coeo = CGBO Lg, (10.20)

where CG B O is a capacitance per unit length and L is the gate drawn length.

10.3.2 Overlap Gate Leakage Current
In addition to the gate leakage current between the gate and the channel region as discussed

in Section 8.6, the source and drain overlap regions also contribute to the gate leakage current
and may dominate in some bias conditions [112].

10.4 SOURCE AND DRAIN JUNCTIONS
10.4.1 Source and Drain Diodes Large-Signal Model
As shown in Figure 10.1, the source and drain junctions are simply modeled by two diodes

Dg and Dp connected between bulk and source and bulk and drain, respectively. They are
characterized by the classical current—voltage relation

-V
I =—I (exp UR - 1) , (10.21)

nur

where Wy is the reverse voltage applied across the junction, i.e., Vg = Vsp on the source side
and Vg = Vpg on the drain side and I; is given by

D D,
I, = qApn} < P+ ) , (10.22)
L,Ngitr  LyNy

where Dy, D, and L,, L, are the diffusion coefficients and diffusion length of electrons and
holes, respectively. Ny and Ng are the doping concentrations in the P-type substrate and
in the N-type source and drain junctions, respectively. The ideality factor 7 is ideally equal
to unity when the current is dominated by the diffusion current and gets larger than 1 when
accounting for recombination and high injection. In reverse mode, equation (10.21) indicates
that the current saturates to I as soon as Vg > 5nUr. But this is without accounting for the
generation current due to generation of electron—hole pairs in the depletion region. Actually,
in reverse bias, the current is dominated by this generation current which is given by

Apmid
[gen = 1221 (10.23)
Tg

where Ap is the diode cross-sectional diode area, 7, is the generation time constant of the
carrier in the depletion region, and d is the depletion width which depends on the reverse
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voltage VR according to

ey No + Ny
d= |25 Mot Nair o g (10.24)
q Ny Naigr

where @p is the built-in potential

Ny Ngige

R
n;

(pB = UT In

(10.25)

In most cases the junctions are N*-P type with Ny >> Ny and (10.24) simplifies to

2¢
4=/ jv Vi + Ps. (10.26)
q Np

The current flowing in the reverse-biased source (drain) junction is then given by

IS(D)B = Is + Igen (1027)

and depends on the bias voltages mainly through the generation current /gey.

If the reverse bias voltage is increased further, so does the electric field in the depletion
region until it reaches a critical value Ej. corresponding to the avalanche breakdown voltage
Vbr

L < by ! ) (10.28)
= — 4 . .
o 2q Ny Nuigr-

Equation (10.28) shows that the breakdown voltage decreases when increasing the doping on
either side of the junction. As shown in Figure 10.12(a), as soon as Vi gets slightly larger than
Vir, the reverse current starts to increase sharply.

The small-signal equivalent circuit of the diodes is shown in Figure 10.12(c), where the
junction capacitances are described in Section 10.4.2 and the differential conductances in
Section 10.4.3.

10.4.2 Source and Drain Junction Capacitances

The source and drain junction capacitances Cgsj and Cpp; of Figure 10.12(c) model the vari-
ations of the depletion charge due to a change of the depletion width. A junction capacitance
can be simply modeled as a parallel plate capacitor with silicon as dielectric and separated by
a distance d

¢ =9, (10.29)
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Figure 10.12 Modeling of the source and drain junctions: (a) current—voltage characteristic; (b)

large-signal model; (c) small-signal equivalent circuit

where Cj is actually a capacitance per unit area. Note that even though (10.29) is usually derived
assuming an abrupt junction (or step profile), it is actually valid for any doping profile. On the
other hand, the voltage dependence given in (10.24) assumes abrupt junctions. The junction
capacitance can be rewritten as

G
Vit s

where Cjo is the value of the capacitance (per unit area) at equilibrium (i.e., for Vg = 0)

€si Np N €iq N
CjO A sid b IVdiff ~ siq b' (10.31)
2®p Np + Nis 2dp

G = (10.30)

Note that the above equation holds only for Vg > —@&g, which is usually the case since
the junction have to be reverse biased in order to maintain the diode leakage current small
compared to the drain current.

In real diodes, the doping profile is not abrupt as assumed in the derivation of (10.30).
For practical diodes the one-half exponent in (10.30) is replaced by the grading coefficient m,
resulting in the following expression for C;

(10.32)

where m typically ranges between 0.2 and 0.5.
Since the doping levels are very different on top and on bottom of the junctions and in the
SDE regions, the junction capacitances have to be split into several parts:

Cism)j = Asm) Cipw + (Ps) — Weir) Cisw + W Ciswg, (10.33)
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where Cjyy, refers to the bottom-wall capacitance per unit area, Cjsy to the side-wall capacitance
per unitlength of the perimeter thatis on the isolated sides, and Cjqy, to the side-wall capacitance
per unit length of the part of the perimeter that is along the gate and the SDE region. Ag (Ap)
is the total source (drain) diffusion area, Ps (Pp) is the total source (drain) diffusion perimeter,
and W is the total transistor width.

Note that for devices that are inside a well, an additional junction capacitance Cpp/; between
the well and the substrate has to be considered. The latter is decomposed into

Cerj = Aw Cibww + Pw Cjswws (10.34)

where Cjpwyw refers to the bottom-wall capacitance per unit area and Cjsyy to the side-wall
capacitance per unit length of the well. Aw corresponds to the total well area, whereas Py is
the total well perimeter.

10.4.3 Source and Drain Junction Conductances

The source and drain junctions small-signal schematic should be completed with two differen-
tial conductances Ggs; and Ggp; that are connected in parallel with the junction capacitances
as shown in Figure 10.12(c). The conductances are obtained by differentiating the expression
of the leakage current (10.27) resulting in

Apn; Ny + Naigr C o~ Apn;
Tg Nb Ndiff ! ‘L'ng

Gpsm) = Gj. (10.35)

These conductances can often be neglected since they are usually much smaller than the
intrinsic (trans)conductances and output conductance Gq4s. However, they may become non-
negligible at very low channel current, for which the intrinsic (trans)conductances become
very small, or if the effect of G4 has been canceled as is the case in a cascode configuration.

10.5 EXTRINSIC NOISE SOURCES

The different noise sources appearing at low frequency in a MOS transistor are represented
in the small-signal schematic of Figure 10.13.! The overall noise is usually dominated by the
intrinsic part of the device representing the active part and corresponding in Figure 10.13 to the
noise source I,p [114,134]. It comprises both the flicker and thermal noise due to the channel,
which were already presented in Sections 6.2 and 6.3. In addition, all the access resistances,
namely the source and drain resistances Rs and Rp but also the gate and the substrate resistances
R and Ry are also noisy and contribute to the thermal and to some extend also to the flicker
noise (see Section 6.3.3). They are represented in Figure 10.13 by the noise current sources
Iirs, Inrp, Inrg, and Irp respectively. If their contributions to the flicker noise is neglected,

! This small-signal equivalent circuit does not include the noise appearing at high frequency. The latter are discussed
in Chapter 13.
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Figure 10.13 Low-frequency small-signal equivalent circuit with the main noise sources, including
the sources coming from the extrinsic part of the transistor

they show only thermal noise and have power spectral densities (PSD) given by

4kT

SI:?RS = R—S, (10363)
4kT

P = R (10.36b)
D
4kT

S’nZRG = R—G, (1036C)
4kT

Sp, = R (10.36d)

The leakage currents Isg and Ipg of the source-to-bulk and drain-to-bulk junctions also con-
tribute as shot noise. They are represented in Figure 10.13 by the noise current sources I,gs
and I;gp which have PSD given by

Sp. . = 2qlss, (10.37a)
S = 2qIos, (10.37b)

where ¢ is the elementary charge.

As discussed in Section 8.6, in deep submicron technologies the gate oxide is so thin that a
tunneling current is flowing in the gate. This current is split between the source and the drain,
giving rise to a current /gs flowing from the intrinsic gate (gi) to the intrinsic source (si) and
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another current Igp flowing from the intrinsic gate (gi) to the intrinsic drain (di). Both of these
currents show shot noise. They are represented in Figure 10.13 by the noise current sources
I,gs and I,gp having PSD

Sp. . =2qls, (10.38a)
Sp2 = 2qlap. (10.38b)

The conductances Ggs and Ggp in Figure 10.13 represent the small-signal differential con-
ductances corresponding to these leakage currents.



Part lll
The High-Frequency Model

The aggressive scaling of CMOS technologies which is going on since more than 25 years has
allowed to increase the number of transistors per chips and hence extend the functionality and
in the same time dramatically push the speed performance. Although these tremendous speed
improvements have been mainly driven by the requirements of VLSI digital chips, they can
also be exploited for analog RF circuits. Today, ultradeep submicron (UDSM) technologies
have catched-up or even surpassed the transit frequencies achieved by bipolar transistors. This
clearly opens the door to full CMOS highly integrated solutions for wireless applications.
After several years of intensive research that has demonstrated the feasibility of using CMOS
technologies for RF applications, real products using CMOS also for the RF portion of a chip
are now emerging. Several examples of single-chip systems, including the radio transceiver
together with the baseband digital processor and fully integrated in CMOS, are on the market
today. Nevertheless, the design of RF / C's for real products remains a challenge due to the strong
constraints on power consumption and noise that leave little margins for the RF 7 C designer. Itis
therefore crucial to be able to accurately predict the performance of CMOS RF circuits in order
to improve design efficiency and reduce time-to-market. This requires MOS transistor models
that are accurate over a wide range of bias, from dc to RF and for a large set of geometries.
Part III presents an overview of the high-frequency aspects of MOS transistor modeling for
RF IC design. Chapter 11 presents the equivalent circuit at RF, whereas Chapter 12 focuses
on the small-signal circuit. RF thermal noise is finally presented in Chapter 13.

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.






11 Equivalent Circuit at RF

This chapter first presents the structure and layout of a typical RF MOS transistor. It then
briefly looks at what is really changing when moving to higher frequency. Several figures
of merit widely used to evaluate and compare different devices and technologies are defined
in Section 11.3. They include the transit frequency, the maximum frequency of oscillation,
and the minimum noise figure. Section 11.3.4 points out that the moderate inversion offers a
good trade-off between the power consumption, the low-voltage operation, the noise, and the
linearity, all being of major importance for designing RF circuits. Section 11.4 then presents
the equivalent large-signal circuit valid at RF. It highlights the importance of a correct modeling
of the substrate.

11.1 RF MOS TRANSISTOR STRUCTURE AND LAYOUT

RF MOS transistors are usually designed as large devices in order to achieve the desired
transconductance required to meet the RF requirements. As shown in Figure 11.1, they are
usually laid out as multifinger devices, because in deep submicron CMOS processes, the
maximum finger length (corresponding to the unit transistor width Wy) is limited. This is
due to the so-called “narrow-line effect” increasing the silicided polysilicon sheet resistance
as the finger width (corresponding to the transistor gate length L) decreases due to grain
boundary problems [136]. Typical devices have up to 10 or more fingers. The total transistor
effective width is then simply W = N¢W.

11.2 WHAT CHANGES AT RF?

When increasing the operating frequency for a given transistor, the characteristics such as the
gain or the transconductance (or more precisely the transadmittance) start to degrade. The
sources of this degradation must be distinguished between those coming from the intrinsic part
of the device (the channel region) and those related to the extrinsic part of the transistor (i.e.,
all the parasitic components discussed in Chapter 10). The frequency limit of the intrinsic part

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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Figure 11.1 Layout of a typical RF MOS transistor

is set by the frequency wgys delimiting QS and NQS operation given by (5.32) which is repeated
here for convenience

Wqs = Wspec Qqs(‘]m qa)s (11.1)

where wgpec is defined in (5.33) as wgpec = wUr/L? and $245(gs. qa) is the normalized QS
frequency, which is bias dependent according to (5.32). In strong inversion and saturation,
(5.32) reduces to (5.34) which is repeated below

12

15 15 ~ 15Ve—V.
25 gqs=7\/ﬁ=—" 5 (11.2)

4 Ur

In order not to have any degradations due to NQS operation, the QS frequency wgs has to
be higher than the operating frequency (typically by a factor 5-7). This condition is achieved
by increasing 245 either by choosing a sufficiently high bias for a given channel length or by
increasing wgpec by reducing the channel length at a given bias or both. Note that, as stated by
(5.33), the QS frequency at a given operating point is inversely proportional to the square of
the channel length, as long as there is no velocity saturation.

The limitations due to the extrinsic part are strongly related to the layout, but in general
the frequency limitations are mainly due to the extrinsic capacitances and particularly the
capacitance at the drain, namely the drain-to-bulk junction capacitance Cgp; and the gate-to-
drain overlap capacitance Cgp,. The latter also affects the signal coupling between the gate
and the drain.

Some of the limitations described above are characterized by several figures of merit which
evaluate the ability of a device to operate at RF. They are discussed in Section 11.3.

11.3 TRANSISTOR FIGURES OF MERIT
11.3.1 Transit Frequency

A very common way to characterize the high-frequency performance of an active device
is to look at the frequency at which the extrapolated current gain /,; of a small-signal
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Figure 11.2 Small-signal common-source amplifier as a two-port network

common-source amplifier stage falls to unity. The current gain /5, of such a two-port shown
in Figure 11.2 is given by

h éI_Z _Q_Gm_jw(cm‘i‘cGD)2 Gm _& (113)
T Lo Yo jCq T joCs  jo '

where I, corresponds to the small-signal current entering the gate terminal (Port 1) and I,
corresponding to the small-signal current entering the drain terminal (Port 2).
Frequency oy is the unity gain transit frequency given by

Gn Gn 8m
"7 Cc Cai+Cao P c6i + CGo s
where Cg; is the total intrinsic capacitance at the gate defined by
Cai £ Cox cai = Casi + Capi + Cai, (11.5)

where Cox 2 W LiCo. According to (5.51a) and (5.52), the total gate capacitance Cg; sim-
plifies to

C
Cgi = %(ﬂ — 1+ ccsi + copi)s (11.6)

where cgsi and cgp; are the normalized intrinsic gate-to-source and gate-to-drain capacitances
given by (5.50). In strong inversion and saturation, according to (5.53) ¢gs; = 2/3 and cgp; = 0,
resulting in

1

Cagi = Cox (1 — —> 1.7
3n

Cgo, 1s the total overlap capacitance at the gate (see Figure 10.1):
Cao = Cox o = Caso + Capo + CaBo- (11.8)

Neglecting the fringing-field components of the gate-to-source and gate-to-drain overlap
capacitances, they can be approximated by

Caso = Cgpo = WL Cox. (] 19)
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Usually Cgpo < Cgso + Capo and Cg, can be roughly approximated by

CGo = 2W LoyCox. (11.10)

The transit frequency in strong inversion and saturation is then approximately

2

Wspec n(Vp — Vs)

=7 _ 1 | 2Ly
=5+ Ly Ur

(11.11)

Wy

Equation (11.11) shows that w is actually a fraction of the QS frequency wqy given by

Wy

4
Wgs 151—ﬁ+2£?'

n

12

(11.12)

For a minimum length device, the overlap length can be a significant fraction of the gate length.
Assuming for example that Lo, /L = 0.2, n = 1.2, w; is about 3.5 times smaller than wys.

This transit frequency can be fairly high (typically above 100 GHz) and sometimes cannot
be measured directly. It can nevertheless be extracted from a lower frequency measurement of
hy; according to

oy = I{ha1}ospor, (11.13)

where wgp 18 a sufficiently low frequency (typically 1 GHz) at which the current gain 415 shows
a—20dB/dec slope. An example of measured current gain 4 calculated from the de-embedded
Y-parameters of an RF N-channel MOS transistor is plotted in Figure 11.3(a) for a specific
bias. The curve labeled “analytic (full)” corresponds to the gain /,; calculated from (11.3)
directly with the Y-parameters, whereas curve labeled “analytic (simple)” is obtained from the
approximation given in (11.3). It shows that the analytic expressions and the simulations are
very close to the measured results.

Since G, and Cg are both bias dependent, f; is also. This is illustrated in Figure 11.4 which
plots the transit frequency versus the inversion factor for two devices in saturation having
two different channel lengths and for three different drain bias voltages. Figure 11.4(a) has a
lin—log scale and clearly indicates that f; reaches a maximum called the peak f; fipcac. This
maximum corresponds to the situation where the gate voltage starts to become large enough for
the transistor to leave saturation and enter in the linear region. When entering the linear region,
the drain transconductance G4 starts to increase and hence the gate transconductance G, =
(Gms — Gma)/n starts to decrease since the source transconductance G,s remains constant.
Also, the intrinsic gate-to-drain capacitance starts to increase from nearly zero to a value
close to that of the gate-to-source capacitance. The combined effect of G, decrease and Cgp;
increase results in a sharp f; drop. Note that it is very important to correctly model the bias
dependence also of the overlap capacitances and particularly Cgp, to accurately model f; in
this region.

Figure 11.5 shows how the peak f; scales with the transistor length. From (11.4), w; is
proportional to wspe Which is inversely proportional to L7. w should therefore scale as 1/L?
which is about the case in the regions above 0.25 um. Below that, fi.pea tends to increase slower
than at the 1/L? rate. This is due to the effect of velocity saturation. Indeed, at high bias and
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Figure 11.3 Measured, simulated, and analytic results for the current gain /5;: (a) for the extraction
of the transit frequency f; and the unilateral power gain U; (b) for the extraction of the maximum
frequency of oscillation

for short-channel devices, the carriers enter velocity saturation. As explained in Section 9.1.3,
when the carrier velocity is saturated, the transconductance in saturation does not depend on
the channel length anymore as stated by (9.62). The gate transconductance is then given by

Gm sat = Wcoxvsat’ (1114)

resulting in a transit frequency given by

Usat

= Lf(l _ % + ZILJ?V),

¢

(11.15)

Wy

which scales only as 1/L¢. This explains the —1 slope followed by the points that are below
0.25 pm in Figure 11.5.
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Figure 11.4 Transit frequency versus inversion factor for two channel lengths and three drain bias
voltages: (a) lin—log scale [49]; (b) log—log scale [52] (Reproduced by permission of IEEE from [49]
and [52])

Figure 11.5 also shows that sub 0.1 pm devices can reach transit frequencies higher than
100 GHz.

11.3.2 Maximum Frequency of Oscillation f, .,

The transit frequency is only a very simple and partial way to characterize the ability of a
device to operate at RF. Another figure of merit that also accounts for the gate resistance
R¢ and the drain-to-bulk capacitance Cgp can be defined from the unilateral power gain U
corresponding to the maximum available gain of a two-port (corresponding to the transducer
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Figure 11.5 Peak transit frequency versus gate length (Reproduced by permission of IEEE from
[137])

gain with matched source and load impedances, i.e., Yo = Y| and Y, = Y;) with its feedback
transadmittance neutralized (i.e., Y1, = 0) [138]. The advantage of using the unilateral power
gain is that it can be defined even if the two-port is unstable in matched condition. The unilateral
power gain can be expressed from the Y-parameters as [138]

_ Y21
4(G11Gn — G12Gay)’

(11.16)

where Gy £ R{Yy} with k, [ € {1, 2}. Deriving the Y-parameters from the simple QS small-
signal model presented in Figure 5.14 leads to

12

G? G ax\ 2
U m o~ m - (‘”"“ ) , (11.17)
4RcC6(GpsCs + GmCop)w?  4RGCGCopw? w

where wn,y is the frequency at which the extrapolated unilateral gain reaches unity. It is given

by
N Gn N 1
Dran ~ - (11.18)
2J/RcCs(GpsCs + GmCap) RGCGCGD 2 RGCGD

Equation (11.18) shows that the smaller the RgCgp product the higher w,x. Therefore, the
R Cgp product is sometimes also used as a figure of merit.

The unilateral power gain is plotted in Figure 11.3(b) versus frequency for the same device
and bias point used for calculating the current gain and the transit frequency. Unlike the current
gain, the unilateral power gain shows some resonance after which it decreases faster than
—20dB/dec. This higher slope region is not shown in Figure 11.3(b) because the measurements
were performed only up to 10 GHz. The value of wp,x extrapolated from the —20 dB/dec slope

12
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can therefore be significantly higher than the actual value of @ at which U becomes unity. It
is therefore important to specify how fi,.x has been obtained from the measured data, either
by the point at which U is equal to unity if the measurements go at sufficiently high frequency
or by extrapolation with a —20 dB/dec slope in case fi.x cannot be measured directly. Note
that the latter method is more advantageous and usually preferred since it gives higher (but
erroneous!) values of fix.

11.3.3 Minimum Noise Figure

Having a sufficiently high f; and fi.x and hence a high gain is not the only requirement for
RF active devices. They should also have as little noise as possible. This feature is measured
by the noise factor F or noise figure NF = 101log F. The noise factor is defined as the ratio
of the total noise power measured at some point along the amplification chain (usually at the
output) to the noise produced by the input generator only and measured at that same point. We
will come back to these definitions in more details in Section 13.1. The noise factor depends
on the generator admittance and becomes minimum for a particular value of this generator
admittance. This situation corresponds to noise matching. The minimum value of the noise
factor Fii, (or minimum noise figure NFp,;,) represents what the device can ultimately achieve
in terms of minimum thermal noise contribution and is therefore often used as a figure of merit.
It is not that easy to find a simple analytical expression for the minimum noise factor of an RF
MOS transistor that is accurate. Nevertheless, some approximations discussed in more details
in Section 13.3.2 lead to the following very simple expression

Fon =1+ 2, (11.19)

Wy
which accounts for all the dominant noise contributions. Equation (11.19) shows that the noise
factor is a function of frequency and is directly linked to the transit frequency. It actually starts
to degrade proportionally to frequency when the operating frequency gets higher than the
transit frequency. This is illustrated in Figure 11.6(a) which plots the available power gain and
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Figure 11.6 (a) Minimum noise figure N Fy, and available power gain G, versus frequency at a
given operating point; (b) minimum noise figure N Fp, versus drain bias current density for three
different operating frequencies (Reproduced by permission of IEEE from [137])
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the minimum noise figure verus frequency for a given operating point. This plot also illustrates
the fact that the minimum noise figure is obviously minimum when the gain is maximum.

Since the minimum noise figure depends on the transit frequency, it also depends on the
bias. Figure 11.6(b) shows the minimum noise figure versus the drain bias current density
(current per transistor width) for three different operating frequencies. It clearly shows that
there is an optimum bias point where NFy,;, is minimum. Note that this optimum bias occurs
about at the same current density for the three different frequencies.

11.3.4 Moderate and Weak Inversion for RF Circuits

The high transit frequency of ultradeep submicron (UDSM) CMOS processes can be traded
with power consumption to implement RF circuits operating in the gigahertz frequency range.
This can be done by moving the operating point from strong inversion to moderate or even
weak inversion, in order to spend just the required power to achieve the desired performance.
There are several advantages to bias the transistor in moderate or weak inversion. The first
advantage is the increase of the current efficiency (measured by the G,/ Ip ratio) which results
in a further reduction of the power consumption. Secondly, the decrease of the bias voltages
results in lower electrical fields within the device. This avoids velocity saturation and hot
electron effects. Having no velocity saturation results in f; scaling as 1/L? compared to only
1/L¢ when velocity saturation is present. This means that scaling is more effective for devices
biased in the weak and moderate inversion region than in strong inversion. Thirdly, having no
hot electron effects avoids the increase of the noise excess factor.

Finally, the reduction of the bias voltages better accommodates the use of low supply
voltages that are imposed by the scaling of UDSM technologies.

On the other hand, moving toward weak inversion changes the Ip — Vi characteristic from
a quasi-quadratic to an exponential function, which clearly degrades the device linearity. Mod-
erate inversion therefore represents a good trade-off between power consumption, noise, and
linearity.

Part of the power is just used to fight against the extrinsic components such as the overlap
and junction capacitances. There might be a concern that the time constants in moderate and
weak inversion might be completely dominated by these extrinsic components and therefore
counterbalance the advantage of the current efficiency increase. A way to investigate this issue
is by looking at the total transit time 7, defined as t; £ /(2m f), which can be decomposed
into 7, £ 1, + 7., where 7, = Cg; /G corresponds to the transit time of the intrinsic part with
Cgi being the total gate intrinsic capacitance Cg; = Cgsi + Cgpi + Cgi- The time constant
7; ultimately represents the lowest time constant the device can achieve for a given operating
point. The time constant 7, corresponds to the additional delay introduced by the extrinsic part
of the device due to the overlap capacitances and the series resistances:

I = CGO
e G

n—1
+ Rp Cgp +nRs <CGB +Cop + . CGS), (11.20)

where Cgo = Cgso + Capo + CaBo 1s the total gate overlap capacitance. Usually the con-
tributions of the source and drain series resistances can be neglected and hence 7. = Cg,/
Gn.
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Figure 11.7 Transit frequency versus inversion factor in saturation for two channel lengths and three
drain bias voltages (Reproduced by permission of Springer from [48])

The transit times 7, 7., and t; are plotted together with the transit frequency f; in Fig-
ure 11.7(a) versus the inversion factor. The ratio between the extrinsic and the intrinsic transit
times is plotted in Figure 11.7(b), which shows that extrinsic parasitics account for about 40%
of the total transit time in strong inversion and about 50% in moderate inversion. This means
that the ratio of parasitic to intrinsic time constants does not degrade dramatically when mov-
ing the operating point from strong to moderate inversion. This is another good reason for
moderate inversion to be considered for RF operation with deep submicron devices in order to
meet the low-voltage and low-power requirements.

11.4 EQUIVALENT CIRCUIT AT RF
11.4.1 Equivalent Circuit at RF

A cross section of a single-finger MOS transistor is presented in Figure 11.8(a). Although it is
always possible to have a detailed equivalent circuit that accounts for all the physical elements
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Figure 11.8 (a) Single finger RF MOS transistor cross section with box representing the substrate
network connecting the intrinsic bulk node bi and nodes sb and db to the actual bulk terminal B. (b)
Equivalent RF circuit with substrate network box

that are part of the RF MOS transistor, it is often too complex to be implemented as a compact
model or a subcircuit for circuit simulation purpose. Moreover, many of the component values
would be difficult or even impossible to extract and the subcircuit would contain too many
internal nodes which would significantly reduce the simulation efficiency. Like it is often
the case in modeling, a trade-off has to be found between accuracy and efficiency. A good
compromise is obtained when simplifying the complete detailed equivalent circuit to the one
presented in Figure 11.8(b). This equivalent circuit is made of the intrinsic part of the MOS
transistor, corresponding to the active part of the device and represented in Figure 11.8(b) by the
MOS transistor symbol. All the other elements are only parasitic components corresponding to
the extrinsic part of the device. They are made essentially of capacitances and resistances that
play an increasingly important role as the operating frequency rises. Both the intrinsic model
and the extrinsic components have already been described in details in previous chapters. The
substrate network box represents the part of the substrate that connects the intrinsic substrate
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terminal bi, the bottom terminals of the Dgg and Dgp diodes as well as the bottom terminal
of the gate-to-bulk overlap capacitance Cgg, to the actual substrate terminal B. The latter will
be discussed in more details in the next section.

Note that the equivalent circuit of Figure 11.8(b) does not include the parasitic components
related to the test structure, such as the pad capacitances, the lead series resistances, and
inductances. The latter will have to be carefully de-embedded from the measurements to bring
the reference planes close to the useful device. For example, all the measurements presented
afterward have been cautiously de-embedded using a two-step procedure [139, 140].

11.4.2 Intradevice Substrate Coupling and Substrate
Resistive Networks

At high frequency, the impedances of the junction capacitances become small enough for the
RF signal at the drains to couple to the nearby source diffusions and to the bulk contact through
the junction capacitances and the substrate as illustrated in Figure 11.9(a). The doping levels of
UDSM CMOS processes are sufficiently high so that the substrate can be considered as purely
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W
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G
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Figure 11.9 (a) Intradevice substrate coupling and equivalent substrate network. (b) Equivalent
circuit with resistive substrate network [136, 141]. (c) Equivalent circuit with simplified I7 equivalent
resistive substrate network [48,49,52]
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resistive and hence this coupling can be modeled by a simple resistive network. Depending on
the technology and on the frequency range to be covered, this network can reduce to a simple
resistance or may need to be more complex. Many different substrate resistive networks have
been proposed in the literature. A good compromise is to use the I7 resistive circuit made of
resistances Rspp, Rpss, Rps, and Rgp as shown in Figure 11.9(b) [141]. Resistances Rspp
and Rpsp represent all the coupling occurring from drains to sources, whereas Rgs and Rpp
correspond to the coupling from source and drain to bulk. The partitioning of the total resistance
Rspp + Rpsp between Rspg and Rpgsp by choosing the location of the intrinsic substrate node
bi is not straightforward. On the other hand, the total resistance Rspg + Rpgp is usually small
compared to Rgs and Rgp and simulations have shown that connecting the intrinsic node bi
either to the left or to the right of these resistances has very little influence on the Y-parameters.
Therefore, the intrinsic substrate node bi can be connected to the source side, and series
resistances Rgpp and Rpgp can be replaced by a single resistance [48,49,52]. This is done in
Figure 11.9(c) where only resistance Rpsp has been kept while Rgpp has been set to zero. This
is advantageous for circuit simulation since it simplifies the circuit by saving one component
and one node, but it makes the circuit slightly unsymmetrical. It is however a good trade-off
which from experience has shown to be sufficient for most RF circuit simulations [48,49,52].

Figure 11.10 shows the cross sections of multifinger RF MOS transistors where only the
most important substrate resistances have been drawn. In order to match the equivalent circuit
shown in Figure 11.9(c), the equivalent capacitances and resistances have to be calculated from
the individual capacitances and resistances shown in Figure11.10. Since all the source (drain)
diffusions are connected together via metal layers (assumed to have negligible resistances
compared to the substrate resistances), the junction capacitances Cgs;j and Cpp; can reason-
ably be approximated as the parallel connection of all individual source and drain junction
capacitances:

Ny

Cgsj = ZCBSjk» (11.21a)
k=1
Ny

Copj = Y Cepjk, (11.21b)
k=1

where Ny and Ny are the number of source and drain diffusions, respectively and Ny = Ny 4+ Nq4
is the total number of fingers. The same applies for the substrate drain-to-source, source-to-
bulk, and respectively drain-to-bulk resistances:

1 1
= ) (11.22a)
Rpss 1= Rossk
(N
I - (11.22b)
Rps 1= Resk
I &
— = . (11.22¢)
Rep = Repk

By symmetry, all the individual source (drain) junction capacitances are equal to the one
of a single source (drain) diffusion Cpsjx = Cgsjr (Cpjx = Cppjr)- The same is valid for the
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Figure 11.10 Substrate resistances for (a) even and (b) odd number of fingers

individual drain-to-source substrate resistances, leading to

Cgsj = N; Cssit, (11.23a)

Cgpj = N4 Crpjt, (11.23b)
L

Rpsg = N If/V RpsB-shs (11.23c)
t Wi

where Cgs;jr and Cppjr are the junction capacitances of a single source and drain diffusion and
Rpsg-sh is the drain-to-source substrate sheet resistance.
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The calculation of the source-to-bulk and drain-to-bulk substrate resistances needs to dis-
tinguish between even and odd number of fingers as shown in Figure 11.10. For the even
number of fingers transistor (c.f. Figure 11.10(a)), Rgs; < Rps and Rps4 < Rps3 since the
outer source diffusions are closer to the bulk contact than the inner source diffusions and by
symmetry Rgs; = Rps4 and Rpp; = Rppy, resulting in

L I, 1o 2 (11.24a)
_— = = s . a
Rgs  Rpsi  Rpsa  Rgsi

1 1 1 2

= 4 ~ , (11.24b)
Rgp  Rppi Rep2  Rgpi

for N even.
For an odd number of ﬁngers (Cf Figure 1110(b)), RBSI < RBSZ, Rpp1 < Rep2 and
Rgs1 = Rgpi, which results in

Rps = Rpp = Rpsi. (11.25)

From (11.24) and (11.25), resistances Rps and Rpp are basically dominated by the source
(drain) diffusions which are the closest to the substrate contact. Their scaling strongly depends
on the geometry of the bulk contact. For example, if there are only bulk contacts at each end
of the device as shown in Figure 11.11(a), Rgs and Rpp are determined mainly by the source
and drain diffusions that are the closest to the substrate contact, resulting in a scaling with the
finger width

1 2W,
o 2T (11.26a)
Rs  IBS-end
1 2W,
o~ 27 (11.26b)

9
Regp  7BD-end

Figure 11.11 (a) Intradevice substrate coupling and equivalent substrate network; (b) equivalent
circuit with resistive substrate network
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for N¢ even and

1 We

o~ , (11.27a)
Rps  TBs-end

1 1
B (11.27b)
Rep  Rsgs

for Nt odd, where rgs.eng and rgp.eng are the source-to-bulk and drain-to-bulk substrate resis-
tances for a unit width.

The scaling law becomes much more complex in the more realistic case where the substrate
contact partly surrounds the diffusions (“horseshoe” substrate contact of Figure 11.11(b)). In
this case, part scales with the finger width and part depends on the length of the lateral substrate
contact which is proportional to the number of fingers

1 _ 2W; N,

.~ + —, (11283)
Rgs  7BSend  Tlat
1 2W. N,
o ZP (11.28b)
RBp  7BDend  Tlat
for Ny even and
1 (4 N, 1)/2
Lo W et D2 (11.292)
Rps  7BS-end Tlat
11
PV (11.29b)
Rgp  Rss

for N¢ odd. iy is the lateral source-to-bulk and drain-to-bulk substrate resistances per source
and drain diffusion.

The substrate resistances Rps, Rpp, and Rpgp are in principle also bias dependent due to
changes of the depletion width around the diffusions which affect the length of the resistive
path. As stated by (11.23c), for a large number of fingers, Rpsg becomes much smaller than
Rps and Rpp so that it can be ignored. Resistances Rpg and Rpp can then be considered as
being connected in parallel and can be replaced by a single substrate resistance Ry as shown
in Figure 11.12(d). This substrate resistance shows only a weak bias dependence [142].

Other substrate networks have been published in the literature [143,144]. Some of them are
reproduced in Figure 11.12. Those presented in Figures 11.12(a) and 11.12(b) have already
been discussed above. The one presented in Figure 11.12(c) [143] was derived for an epitaxial
process. The two top horizontal resistances model the coupling within the epitaxial layer,
whereas the three vertical ones model the coupling to the substrate. The last one presented
in Figure 11.12(d) [144] is valid for RF transistors having many fingers. Indeed, since Rpsp
scales as 1/ Ny, for a large number of fingers Rpsg becomes much smaller than Rgg and Rpp
and can therefore be neglected. The IT network reduces to a simple resistance corresponding
to parallel connection of Rgg and Rpp.
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Figure 11.12 Several resistive substrate networks: (a) from [141], (b) from [49], (c) from [143], and
(d) from [144]

11.4.3 Practical Implementation Issues

The MOS compact models available in circuit simulators such as Spice have four terminals
but usually do not include the gate resistance and the substrate network. In order to have
access to the internal nodes of the RF MOS transistor and implement the equivalent circuit of
Figure 11.9(c) in a Spice simulator, most of the time a subcircuit approach is used. Note that
not all the extrinsic components that are already available in the compact model (i.e., source
and drain resistances, overlap capacitances, and junction diodes) can be used. For example, the
source and drain series resistors in most compact models are only “soft” resistances embedded
in the expression used to calculate the drain current. They account for the dc voltage drop
across the source and drain resistances and its effect on the static drain current, but they do
not add any poles. They have therefore to be added outside of the compact model as “real”
resistors. Also, the source-to-bulk and drain-to-bulk diodes of the compact model have their
anodes connected to the same node. Depending on the substrate network, their anodes have to
be connected to two separate nodes (as shown in Figure 11.9(c)). In this case, the diodes internal
to the compact model have to be turned off (by setting some appropriate values of the diode
parameters) and two external diodes Dgg and Dgp have to be added in the subcircuit as shown
in Figure 11.9(c). The overlap capacitances Cgso, Ccpo, and Cgp, are usually also part of most
compact models, but not all provide good bias-dependent models. This bias-dependence has
imperatively to be accounted for in order to obtain a RF MOST model that is valid over a large
bias range. Note that before even looking at the RF operation it is important to have a good dc
model, since all the small-signal parameters are derived from it.






12 The Small-Signal
Model at RF

After deriving the large-signal equivalent circuit in the previous chapter, this chapter focuses on
the small-signal equivalent circuit at RF. The Y-parameters are derived in Section 12.2 directly
from the quasi-static (QS) RF small-signal circuit. They are then compared with measurements
highlighting the effect of the substrate network on the output admittance Y,,. The extension
of the quasi-static model to include non-quasi-static (NQS) effects is also presented. Finally,
the large-signal operation is briefly discussed and it is concluded that distortion mainly arises
from the static / — V characteristic, the contributions coming from the nonlinearity of the
bias-dependent capacitances, and access resistances being negligible.

12.1 THE EQUIVALENT SMALL-SIGNAL CIRCUIT AT RF

The QS small-signal equivalent circuit including the substrate network corresponding to
Figure 11.9(c) is shown in Figure 12.1(a) for operation in the linear region and in Fig-
ure 12.1(b) for saturation. Note that the capacitances include both the intrinsic and extrinsic
capacitances:

Ccs = Casi + Caso» (12.1a)
Cop = Cgpi + Cgpo, (12.1b)
Ccp = Cggi + CaBo: (12.1¢)
Cgs = Cgsi + Cgs;, (12.1d)
Cgp = Cgp; + Cppj, (12.1e)

where the intrinsic capacitances are given by (5.50a) and (5.51a), the overlap capacitances by
(10.13), and (10.20), and the junction capacitances by (10.33).

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
© 2006 John Wiley & Sons, Ltd.
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Figure 12.1 Equivalent RF small-signal circuit: (a) in the linear region; (b) in saturation

The voltage-controlled current sources (VCCS) are defined by

Im 2 Y [V(gi) — V(bi)], (12.2a)
Ins 2 Yis [V (si) — V(bi)], (12.2b)
Ind 2 Ya [V(di) — V(bi)], (12.2¢)

where V (k) withk € {gi, si, di, bi} stands for the potential at node k. The transadmittances Yy,
Yis and Yyq are given by (5.58), (5.56), and (5.57), which are repeated here for convenience:

Yn=Gn(1—-joty) =Gn— joCpy, (12.3a)
Yig = Gms (1 — j 0Tgs) = Gy — j @ Cryg, (12.3b)
Yida=Gna(l—j (J)qu) =Gmg — j 0 Cpy. (12.3¢)

Remember that the gate transadmittance, transconductance, and transcapacitance are related
to the source and drain transadmittances, transconductances, and transcapacitances according
to (5.37), (5.9), and (5.59):

Yms_ md
Y, =2 md (12.4a)
n
Gms — Gm
Gy = s — Pmd (12.4b)
n

(12.4¢)
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12.2 Y-PARAMETERS ANALYSIS

The small-signal behavior of RF MOS transistors at high frequency is validated by measuring
the S-parameters versus frequency at several operating points of a single transistor connected
in common source as shown in Figure 12.1 by the dashed line. The S-parameters are usually
measured directly on wafer using probes connecting the pads. Most often the input and output
ports are connected by ground-signal-ground or GSG probes. The measured S-parameters
therefore also include the effect of the RF pads used to connect the device. The effects of
the pads have then to be de-embedded from the measured S-parameters using either a one-,
two- or even a three-step procedure [139, 140] in order to move the reference planes from the
end of the tips to the gate and drain nodes. The measurements shown below used a two-step
de-embedding procedure which is usually sufficient for measurements up to 10 GHz. The two-
step de-embedding procedure requires the measurement of the open and short structures. The
open structure is simply the same as the RF MOS transistor except that the RF MOS transistor
is taken out leaving the gate and drain open. The short structure is the same but now the RF
MOS transistor is replaced by a short circuit between the gate and the drain.

For convenience, the de-embedded S-parameters can then be transformed into Y-parameters
which are often easier to analyze [138, 145, 146]. The measured Y-parameters can then be
compared either to the analytical or eventually the simulated Y-parameters corresponding to
the equivalent circuit shown in Figure 11.9(c).

The equivalent small-signal circuit in saturation of Figure 12.1(b) will be validated by first
deriving the corresponding analytical Y-parameters and comparing them to the de-embedded
measurements. Since the capacitances are all approximately proportional to the total gate width
W = N¢ Wy and since the source and drain terminal resistances are inversely proportional to W
(see (10.4)), the time constants due to the terminal resistances depend only on the gate length
Ly, the overlap length Ly, or the diffusion width Hg;¢. The latter dimensions are usually taken
as minimum to achieve the highest cutoff frequency. Therefore the poles due to the terminal
resistances are at a much higher frequency than typically the transit frequency, so that they can
be basically neglected when calculating the Y-parameters and the related quantities. Neglecting
the substrate resistances also in the small-signal circuit of Figure 12.1(b) (i.e., assuming that
they are zero) allows to derive the following analytical expressions for the Y-parameters in
saturation:

~ JoCg
Yng2 ——-—, (12.5a)
14+ jwRsCg
—iwC
O et (12.5b)
1+ jwRsCg
Gm— Jo(C C
Yy = m ]w( GD + m)’ (1250)
14+ jwRsCg
G 2RGCopCnm + j w(C C
Yy = ds + 0" RgCopCin + j (Cap + BD)’ (12.5d)

1+ jwRsCq

where it has been assumed that G, Rg < 1 and G43 < Gy,. Capacitance Cg is the total ca-
pacitance at the gate

Cg = Cgs + Cep + Cag, (12.6)
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which includes both the intrinsic and extrinsic capacitances. Equation (12.5) can be further
simplified assuming that w RgCg K 1:

Y11 = 0*RgCS + j wCo, (12.7a)
Yir = —w?RGCopCs — j wCap, (12.7b)
Y21 = G — @*RgCo(Cop + Cm) — j (Cop + Cry), (12.7¢)
Y2 = Gs + @* R(CCrp + C6Cap + CopCin) (12.7d)

+j w(Cep + Cgp).

One of the advantage of having the simple analytical expressions for the Y-parameters
given by (12.7) is that they can be used for a direct extraction of the RF model parameters
from measurements as presented in [147, 148]. For example, Cg can be extracted as 3{Y},}/w
and Cgp as [J{Y12}|/w. Cgs can then be extracted as

Cgs = Cg — Cgp — Cgg = Cg — Cgp, (12.8)

since in strong inversion and in saturation, Cgp is usually much smaller than Cgs. The gate
resistance can be extracted from (12.7) as

9
G = .
NiE

(12.9)

The extraction of the capacitances in saturation and of the gate resistance in the linear region
are illustrated in Figures 12.2(a) and 12.2(b) respectively. The fact that the extracted values
of the components are constant over frequency indicates that the equivalent circuit and the
simplified analytical expressions are correct in the frequency range considered.

The Y-parameters given by (12.7) are plotted in Figure 12.3 (dashed line) and compared
to the measured values (symbols) obtained from a two-step de-embedding process. As can be
seen from Figure 12.3, the analytical expressions match the measurements very well even up to
10 GHz except for Y. This discrepancy is due to the substrate coupling effect which has been
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Figure 12.2 Direct extraction of some of the components of the small-signal circuit of Figure 12.1(b):
(a) gate capacitances Cg, Cgp, and Cgp + Cgs; (b) gate resistance Rg (Reproduced by permission of
IEEE from [147])
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Figure 12.3 Comparison between the measured, simulated, and analytical Y-parameters versus fre-
quency [48,49,52]. The simulated results are obtained from an ac simulation corresponding to the QS
small-signal circuit presented in Figure 12.1(b), whereas the analytical results are obtained directly
from (12.7) (Reproduced by permission of IEEE and Springer)

ignored in the derivation of (12.7). Including the substrate network leads to very complex ex-
pressions of the Y-parameters that are not easy to use. The substrate network has been included
in the model used for simulation as described by the complete QS circuit of Figure 11.9(c)
using the EKV v2.6 compact model for the intrinsic part. Most parameters specific to the RF
part have been extracted using the methodology presented in [147,148]. The simulations with
the complete QS model of Figure 12.1(b) are also presented in Figure 12.3 (straight lines).
They show a very good match with measurements including the output admittance Y,. Note
that the discrepancies in N{Y},} are not critical since Y, is dominated by its imaginary part
corresponding approximately to wCgp which is about 10 times larger than 9i{Y},}. Similar
results have been obtained for other operating points and other device geometries using the
same scalable model [48,49,52].

Figure 12.3 also shows that there may be a big discrepancy in 3{Y3, } if the transcapacitance
Cp, is neglected in the expression of Y»; given by (12.7).

Note that the results of 2{Y}; } are particularly sensitive to the de-embedding procedure. Also
note that accurately modeling the bias dependence of Cgp, is crucial to fit J{Y;,} at high bias.

The extraction of the substrate resistances requires a more complicated procedure. After
having extracted Rg and Rp, they are de-embedded from the Y-parameters, resulting in the
prime Y-parameters corresponding to the circuit of Figure 12.4(a). The Y, parameter of Fig-
ure 12.4(a) is obtained by grounding the intrinsic gate node gi. The resulting circuit can be
further simplified by assuming that wRsCgs < 1 (i.e., replacing resistance Rg by a short cir-
cuit) resulting in the circuit of Figure 12.4(b). The Y,, parameter of the circuit of Figure 12.4(b)
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is then given by
Y3, = Yap + Gas + j @Cop, (12.10)

where Y, corresponds to the admittance of the circuit shown in Figure 12.4(c) which includes
the substrate network. It can be obtained from the Y, parameter as

Yoo = Y3, — Gas — j @Cap, (12.11)

where G; is extracted from Y}, as

1 1

— = —Rq, (12.12)
Gas MY} o °

A
Rys =

since Ygp = 0 at w = 0. An example of an extraction of Y, from measured Y-parameters is
shown in Figure 12.4(d). Resistances Rpsp, Rps, and Rpp can unfortunately not be extracted
directly but require some optimization on the circuit shown in Figure 12.4(c). The result of this
fitting is shown in Figure 12.4(d) with the values of the components of the Yy, circuit where
it has been assumed that Rgs = Rpp.

When nonminimum channel length devices are used (particularly P-channel transistors
since their mobility is much lower than that of N-channel devices), they might operate in NQS
regime. This is illustrated by Figure 12.5, showing the measured de-embedded Y-parameters
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Figure 12.5 Comparison of the Y-parameters versus frequency measured on a nonminimum length
P-channel device with the results obtained from the simple QS static model (dashed lines) of Fig-
ure 12.1(b) and from the first-order NQS model (Reproduced by permission of IEEE from [49])
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of a P-channel RF MOS transistor having a length of 0.75 um. The Y-parameters of the QS
model are plotted in Figure 12.5 as dashed lines. A large discrepancy can be observed, par-
ticularly in the Y}; and Y, parameters since the device is biased in saturation. As shown
in Figure 12.5, the fit can already be significantly improved by using a first-order NQS
model. The latter uses the circuit of Figure 12.7, where the intrinsic transadmittances and
admittances are replaced by their first-order approximation expressions (5.42) and (5.49),
respectively.

A good fit of the Y-parameters over frequency at a particular operating point is not that
difficult to obtain. On the other hand, having the simulated Y-parameters fit the measurements
over a wide range of bias at a given frequency is much more difficult to achieve. It not
only requires an accurate intrinsic compact model but also requires accurate bias-dependent
models for the extrinsic components. The bias dependence of the equivalent circuit shown in
Figure 11.9(c) has been checked at a frequency of 1 GHz over a wide bias range by sweeping
the gate voltage. The measured and simulated Y-parameters are plotted versus the inversion
factor i in Figure 12.6 for the same device used in Figure 12.3. An excellent fit is obtained over

N-channel, N, =10, W, =12 um, L, = 0.36 um, f=1GHz, V;=0.5,1,1.5V, EKV v2.6
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Figure 12.6 Comparison between the measured and simulated Y-parameters versus inversion factor
for Vp =0.5,1,1.5V [48, 49, 52]. The simulated results are obtained from an ac simulation
performed for each bias point and corresponding to the QS small-signal circuit presented in Fig-
ure 12.1(b) (Reproduced by permission of IEEE from [52])
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Figure 12.7 Full RF NQS small-signal equivalent circuit in saturation

more than three decades of currents, which also validates the bias dependence of the intrinsic
and extrinsic parts.

The full NQS effects can be included by replacing the intrinsic part by the NQS model
discussed in Section 5.2 resulting in the circuit shown in Figure 12.7 for operation in satura-
tion. The admittances Ygg, Ygs, Yop, Ys; and Ypp of Figure 12.7 include the intrinsic NQS
admittances plus the extrinsic components:

Yo £ Ycai + CaBos (12.13a)
Yos £ Yasi + Cason (12.13b)
Yop £ Yopi + Capos (12.13¢)
Ygs = Ygsi + Cas;j. (12.13d)
Yep £ Yapi + Chp;. (12.13¢)

The small-signal circuit of Figure 12.1(a) should be completed with the different noise
sources. This will be done in Chapter 13. The next section will look at the large-signal model
at RF.

12.3 THE LARGE-SIGNAL MODEL AT RF

The small-signal circuit discussed above is useful for the design and simulation of RF blocks
that operate in small-signal such as low-noise amplifiers (LNA). On the other hand, many other
RF circuits such as mixers or voltage-controlled oscillators (VCO) often operate in large signal.
The device nonlinearities are generating harmonic frequency components and intermodulation
products that have to be accurately predicted. To this purpose, it is important to identify all the
possible sources of nonlinearity in the device. Looking to the large-signal equivalent circuit of
Figure 11.9, the intrinsic part is obviously nonlinear, but as discussed in Chapter 10, actually
all the extrinsic components are nonlinear as well, since they are bias dependent.
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Figure 12.8 Comparison between the measured and simulated output power of the fundamental,
second and third harmonics of a common-source RF amplifier at 900 MHz versus the power of the
input signal at the gate, for a low-bias condition (a) and medium bias condition (b)

The low-frequency large-signal behavior is mainly captured by the static nonlinear / — V
characteristics, whereas at RF, the nonlinearities of the capacitances may also contribute.
The large-signal equivalent circuit given in Figure 11.9 has been evaluated and compared to
measurements performed at 900 MHz. The simulation have been performed with a harmonic
balanced simulator on a common-source device. Note that the subcircuit parameters have
been extracted from dc and Y-parameter measurements and no additional fitting was required.
Figure 12.8 shows the fundamental, second, and third harmonics versus the input power for
two different bias points. The match between simulations and measurement is very good for
both the low and medium bias condition. The main contributor to the nonlinearities remains
the intrinsic nonlinear / — V characteristic. Indeed keeping all the capacitances (extrinsic and
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Figure 12.9 Comparison between the measured and simulated output power of the fundamental,
second and third harmonics of a common-source RF amplifier at 900 MHz versus the bias current for
two different input signal power and bias conditions (Reproduced by permission of IEEE from [52])
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intrinsic) and the access resistances constant does not significantly change the results presented
in Figure 12.8.

Figure 12.9 presents the fundamental, second and third harmonics as a function of the bias
drain current for a given input power and frequency. The match between measurement and
simulation is again very good. The model even captures the different nulls appearing in the
second and third harmonics of Figure 12.9. Again, the main nonlinear contribution comes from
the I — V characteristic, the capacitances and access resistances playing only a secondary role.

The above measurements evaluated only the equivalent circuit looking at the power spectrum
without consideration for the phase. More advanced RF nonlinear measurement techniques
including both amplitude and phase can be performed [149].






13 The Noise Model at RF

The chapter starts with the theory of noisy two-port networks where it is shown that two noise
sources (for example, a series voltage source and a shunt current source at the input) as well as
their correlation admittance are required to fully characterize the noisy two-port. The important
definition of noise figure is introduced and it is shown that this noise figure can be minimized
by setting the source admittance to an appropriate value. It is shown that the noisy two-port
can be characterized by a total of four noise parameters, including the minimum noise figure,
the input-referred noise resistance, and the real and imaginary parts of the optimum source
admittance that minimize the noise figure. The noise model discussed in the previous chapters
was exclusively looking at the noise produced at the drain. At high frequency, the capacitive
coupling between the channel and the gate on one hand and between the channel and bulk on
the other hand induce noise currents to flow in the gate and bulk terminals in addition to the
noise produced at the source and drain. A complete non-quasi-static thermal noise model is
then presented in Section 13.2, where the induced gate and substrate noise and their correlation
to the drain noise are derived. The chapter ends with the noise analysis of a common-source
amplifier, deriving the four noise parameters with different levels of approximation.

13.1 THE HF NOISE PARAMETERS
13.1.1 The Noisy Two-Port

The noise at the output of an amplifier arises from the noise generated within the amplifier
plus the noise already present at the input and amplified by the amplifier. Such a small-signal
noisy amplifier can be represented by the noisy two-port network shown in Figure 13.1(a). The
output noise current /o, includes both the noise coming from the amplifier and the amplified
input noise. Note that we look at the short-circuited output noise current because we will
characterize the two-port using the Y-parameters which are defined in short-circuit conditions.
The noisy two-port of Figure 13.1(a) can be represented by a noiseless two-port to which two
noise sources have to be added (actually one noise source per port) [145, 146]. Figure 13.1(b)
shows one possible representation where two current noise sources have been added to the

Charge-Based MOS Transistor Modeling: The EKV Model for Low-Power and RF IC Design C. Enz and E. Vittoz
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Figure 13.1 Different equivalent representations of a linear noisy two-port [145, 146]. (a) Noisy
two-port network. (b) Admittance representation of the noisy two-port network with noiseless two-port
in the middle. (c) Chain matrix representation of the noisy two-port network with noiseless two-port
in the middle

noiseless two-port, one at the input port (/,;) and one at the output port (/2). The two-port
equations are then modified according to

L=YuVi+YnVoa+ Iy

(13.1)
L =Y Vi+YnVo+ Iy,
where the complex currents and voltages are phasors defined by I £ Tel® and V2 Vel
with 7 and V being the current and voltage amplitudes. The current noise sources I,,; and I;,»
can be evaluated from the noisy two-port internal noise sources by short-circuiting the input
and output ports:

I = hLly,=v,=0, (13.2a)
Iy = bly,—y,=0- (13.2b)

This representation is useful for example for including the induced gate noise and the drain
noise. Noise current source I,; then represents the induced gate noise, whereas I, represents
the drain noise.

For the calculation of the noise figure, it is more convenient to refer both noise sources
directly at the input of the two-port, as shown in Figure 13.1(c), and use the ABCD matrix
representation:

Vi=AV,—BL+V,
: : : (13.3)
L=CVo—DIL+1I,

where V,, is a noise voltage source that represents all the noise of the device referred to the
input when the source impedance is zero (input short-circuited) and 7, is a noise current source
that represents all the noise of the device referred to the input when the source admittance is
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zero (input open circuited):

1

Vn =B 12|V1=V2=0 = —Y—zl 12|V1=V2=0’ (1343)
Y
I,=D 12|1,=V2=0 = _Y_21 12|1|=v2=0~ (13.4b)

Vi is calculated using (13.4a) by first evaluating the Y-parameters, calculating the output
current /; with the input and output in short circuit, and dividing this value by —Y>,. Similarly,
I, is calculated by first evaluating the output current I with the input open and the output in
short circuit and multiplying this value by —Y;;/Y>;. Examples of V; and [;, noise sources are
presented in Section 13.3.

The two noise sources V; and I, of Figure 13.1(c) are related to the noise sources I;,; and
I, of Figure 13.1(b) by

Vo=——-, (13.52)

Iy =1 — —Ip. (13.5b)

13.1.2 The Correlation Admittance

Since both of the noise sources V, and I, (or equivalently I,; and /) are due to the same
physical noise sources within the two-port, they are usually correlated. To account for the
correlation existing between sources I, and V;, noise source I, can be written as

Iy = I+ Ine = Ty + Ye Vi, (136)

where I, stands for the uncorrelated part of I,,, and I, represents the part of I, that is fully
correlated to V,,. The definition of the correlation admittance Y. is obtained by multiplying
(13.6) by V and averaging. This results in

LVy = LuVE+Y [Vol? = Yo Va2 (13.7)
N——

=0

where the first term of the right-hand side of (13.7) is zero since by definition I, is not
correlated to V. Y, is then given by

~
=%

n

Y. = T (13.8)

The mean-square value of source I, is given by

|2 = [T + Y ? [Vl + Y7 Ty VE+ Y Vi I
N—_——

=0 =0
(13.9)
= |Lnal? + |Ye|? [Val2.

A—
:llncl2
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The correlated and uncorrelated parts of I, can also be written in terms of the correlation
factor ¢

a2 = 1|2 = Y Va2 = (1 = [e|®) |12, (13.10a)
[nel? = |Yel? [Val? = [c]? ], (13.10b)
with
I, V* V. |?
CZA:YC | n|2. (13.11)
T2 [ Val? |1n]

The same relations apply for the power spectral densities (PSD) S, and S; of noise sources
Vi and I, respectively

Su=Si— Y *Sy=1—]c]) S, (13.12a)
Sic = |Yel* Sy = Ic]* S, (13.12b)
Si = Siy + Sics (13.12¢)

where Sj, and S;. are the parts of PSD S; that are respectively uncorrelated and fully correlated
to source V. It is convenient to treat the noise sources V;, and I, as if they were thermal noise
sources defined by

Sy = 4kTR,, (13.13a)
S; £ 4kT Gj, (13.13b)
Siw £ 4kT Gy, (13.13c)
Sic £ 4kT Gi.. (13.13d)

The above defined resistance R, and conductances Gj, Gy, and Gj. are then related according
to (13.12)

Giu = Gi — |Y|* Ry = (1 — |c]) Gi, (13.14a)
Gic = |Y|* Ry = [c]* Gi, (13.14b)
Gi = Gy + Gy, (13.14¢)

where the correlation factor c is given by

Ry
Cc = YC a, (1315)
or its square magnitude
2 2 2y Ry
lc|” = (G + BY) G (13.16)

1

with Y, = G, + jB..
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Note that in general Ry, Gi, Giy, and Gj. are frequency dependent since they depend on the
real physical noise sources within the two-port through the Y-parameters.

To be fully characterized, the noise of a two-port requires four noise parameters, for example,
Ry, Gy, G, and B.. As will be shown in the next section, all these noise parameters are required
to evaluate the noise factor.

13.1.3 The Noise Factor

The noise factor is defined as the ratio of the total output noise to the output noise due only to
the noise already present at the two-port input:

total output noise N,
' i =14+ —, (13.17)
output noise due to input source N;

(>

F

where N, is the noise power added by the two-port and Ny is the noise power coming from the
source. To calculate the noise factor of a two-port in terms of the equivalent noise sources V;
and 7, and their correlation admittance, we first have to evaluate the total noise at the two-port
output. Since the current noise contribution coming from the source I,;s and that coming from
Vi and [, are amplified the same way, we can just calculate the total noise current I, ¢ in
short-circuit condition at the input of the two-port. With the help of Figure 13.2, the current
source Iy, (o 1S given by

Inot = Ines + In + Y5 Vi, (13.18)

and the mean-square value is

|In tot|2 = |Inrs + In + Ys Vn|2 = |Inrs|2 + |In + Ys Vn|2» (1319)

which can be rewritten in terms of correlated and uncorrelated noise as

|In tol|2 = |Inrs|2 + |Inu + Iy + ¥ Vn|2
aes > + 1w + (Ye + Y5) Val? (13.20)
= [us? + Una? + [Ye + Vs [Va 2.

The noise factor is then simply given by

émmP_LHmP+m+nH%P

F=—= —
[ Znrs]? | Znrs]?

(13.21)

I’A
> hntot htot
t

)
lnrs \5 ln lnlot
Ys Ys

Figure 13.2 Total equivalent noise at the input of a noisy two-port
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The above definition of the noise factor uses power or mean square values and is therefore
independent of frequency. Another definition uses the above defined PSD instead of the mean-
square values:

Siu+ |Y0+Ys|2 Sv =1 + Giu+ |Y0+Ys|2 RV
4kT Gy B G

G; R
G + G— [(Gs + Go)* + (Bs + Bo)*],

F=1+
(13.22)

=14+

where G and By are defined by Y; £ G+ Jj Bs.

Note that the noise factor defined by (13.22) is in general frequency dependent, since R,
Giy, Y., and Y can all depend on frequency. For this reason, it is sometimes also called the
spot noise factor. The two definitions of the noise factor given by (13.21) and (13.22) are about
equivalent for narrow band systems since

|Val? = S, B = 4kTR, B, (13.23a)
|IL|> = S B =4kTG; B, (13.23b)
[In|* = Siy B =4kT Gy, B, (13.23¢)
|Ine|*> = Sic B=4kTGi. B, (13.23d)

where B is the system noise bandwidth.

13.1.4 Minimum Noise Factor

Once the two-port is characterized by its four noise parameters Ry, Gi,, G¢, and B, the
noise factor given by (13.22) reaches a minimum value called Fy, (or NFpyin = 10 log Fpin)
for a particular value of the source admittance Y = Gopt + jBop. The optimum source
conductance Gp and susceptance By are obtained from the differentiation of (13.22) and
can be expressed in terms of the four noise parameters according to

Gi Gi
Gopt = \/R—V“+G§= \/R—V—Bg (13.24a)
Bop = —Bc. (13.24b)

The minimum noise factor Fy,;, can then be written as

Giu
Fain = 14 2R(Gop + Go) = 1 + 2R, (1 /R— +G+ GC> . (13.25)
v

The actual noise factor can be written in terms of Fiin, Ry, Gopt, Bopr and the source
conductance G and susceptance B as

RV 2 2
F = Fuin + G_ [(Gs - Gopl) +(Bs — Bopt) ] (13.26)

S



THE HIGH-FREQUENCY THERMAL NOISE MODEL 267

Equation (13.26) clearly indicates that for the noise factor to reach its minimum value, Fpin,
requires both conditions Gs = Gop and By = Bop. This situation is called noise matching.
In the same way the noise factor can be minimized, the power gain can also be maximized
by setting the source admittance to some appropriate value. The latter situation is called gain
matching. Unfortunately, most of the time noise matching does not coincide with gain matching.

Usually the parameters that are available from measurements are the four de-embedded
noise parameters Fiin, Ry, Gop, and Bopt.l The latter allow to calculate the noise factor for
any source impedance according to (13.26).

The four measured noise parameters Fyin, Ry, Gop, and Bgy can also be used to evalu-
ate the four parameters characterizing the noise sources V,, and I, of the noisy two-port of
Figure 13.1(c) from (13.24a), (13.25), and (13.24b) respectively:

Gi = [Yol* Ry = (G2, + BS) Ry, (13.27a)
Fmin - 2RVG0 t — 1

G = r 13.27b

2R, ( )

B. = —Bop. (13.27¢)

Note that R, is identical in both sets of parameters. Equations (13.27) allow to go from the
measured noise parameter to the equivalent noisy two-port representation.
The correlated and uncorrelated parts of G; can then be calculated as

Gic = |c|* Gi, (13.28a)
Giu = (1 —|c]*) Gi, (13.28b)

where the correlation coefficient is given by

R, G.+ jB
c=Yo = (Gt il (13.29)
i \/Gan+ By
or
G2+ B?
o] = =< + B (13.30)

Gt By

13.2 THE HIGH-FREQUENCY THERMAL NOISE MODEL

AtREF, the flicker noise is not present and the total noise is dominated by the thermal noise com-
ponent which then sets the fundamental limit to signal resolution. As presented in Section 6.2,
this channel noise is commonly modeled as a shunt current source between drain and source
as shown in Figure 6.5. This simple model is not sufficient to predict the noise behavior at
frequencies that get close or even beyond the channel cutoff frequency. At high frequency, the

! Actually most of the time noise measurement systems give the optimum reflection coefficient Topt from which the
optimum admittance can be calculated using the definition I'opy = (Yo — Yopt)/(Yo + Yop), where 1/Yy = 50 £2 is the
characteristic impedance.
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capacitive coupling existing between the noisy channel and the gate and bulk terminals induce
additional noise currents to flow through those terminals in addition to the drain-to-source noise
current [91,150, 151]. Also, at higher frequency the channel can be looked at as a nonuniform
RC transmission line introducing some phase shift to the signals traveling along the channel.
All this results into a drain noise current that is no longer equal to the source noise current
as it was assumed at lower frequency in Section 6.2. Since the physical source of thermal
noise is still due to the channel resistance, the terminal noise currents are obviously corre-
lated [91, 150, 151]. These additional noise currents and their correlation coefficients strongly
affect all the four noise parameters [151], namely the input referred noise resistance Ry, the
optimum source conductance Gy, the optimum source susceptance Bop, but particularly the
minimum noise figure N F . It is therefore crucial to correctly model all these additional
noise currents as well as their related correlation coefficients.

The downscaling of CMOS technology has resulted in a significant increase of the maximum
transit frequency f;, reaching or even exceeding 100 GHz for sub 0.1 um technologies [152].
For RF applications operating in the gigahertz frequency range, the ratio between the transit
frequency (or the channel cutoff frequency) and the operating frequency can then be increased
in order to avoid any non-quasi-static effects. This is usually done at the expense of power
consumption which has become a very important specification, particularly for portable and
battery-operated devices. To save power, it is therefore important not to waste any bandwidth
and therefore to operate with the lowest possible cutoff frequency. Also, the downscaling of
CMOS technology is combined with a reduction of the supply voltage which results in a
decrease of the overdrive voltage. For these two reasons, the operating points are therefore
pushed away from the traditional strong inversion region toward moderate and even weak
inversion [49, 50, 52]. For RF IC design in deep submicron CMOS processes, it therefore
becomes more and more important to be able to correctly predict the terminal noise currents
and their correlation coefficients in moderate and weak inversion regimes.

13.2.1 Generalized High-Frequency Noise Model

The thermal noise model presented in Section 6.2 is valid only at low frequency, i.e., for fre-
quencies much lower than the channel cutoff frequency. At higher frequency the capacitive
coupling between the channel and the gate and bulk terminals has to be accounted for. From
multiport noise theory, it is known that each port requires its own noise source which can be
either a voltage or current source. The MOS transistor is a four-terminal device and there-
fore requires four noise sources as indicated in Figure 13.3. Current noise sources have been
chosen since all the following derivations are carried out using Y-parameters. As shown in
Figure 13.3(b), the noisy MOS transistor of Figure 13.3(a) can then be replaced by a noise-
less transistor and four additional noise current sources Alyp, Alys, AlLg, and Alg having
PSD Sz, Sars Sar,» and S, s respectively. Since the noise appearing at each terminal
is generated from the same physical thermal noise source in the channel, the noise current
sources Alp, Alys, Alg, and Al are correlated. This correlation is accounted for by the
cross-power spectral densities (CPSD) Say,, a I withk #1 € {D, S, G, B}.

The signs of the terminal currents and the related noise current sources are defined as
indicated in Figure 13.3. Note that, although one can choose any definition for the signs of
these currents, it is important to be consistent in order to account for the correct correlations
existing between them.
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Figure 13.3 (a) HF noisy MOS transistor with terminal currents including noise fluctuations.
(b) Equivalent HF noise circuit with noiseless MOS transistor

The PSD and CPSD are derived in Section 13.2.3 using the approach already described in
Section 6.1 and applied to the high frequency case in the next section.

13.2.2 The Two-Transistor Approach at High Frequency

The procedure to derive the PSD and CPSD is similar to the two-transistor approach used
in Sections 6.1 and 6.2 to derive the PSD of the thermal noise at the drain at low frequency,
except that the equivalent small-signal circuit of Figure 6.3(b) has now to be replaced by the
general non-quasi-static circuit as shown in Figure 13.4.2 For long channel, we have shown
in Section 6.2 that the PSD of the thermal noise voltage source coming from the infinitesimal
portion of the channel resistance comprised between x and x + Ax is simply proportional to
the corresponding infinitesimal resistance AR and is given by

Ax
Wpo(— Qi)
To simplify the further notation it is convenient to normalize the noise voltage and current

source PSDs to Svs%m £ 4kT / G gpec and Slfpec £ 4kT G gpec respectively. The normalized noise
voltage PSD due to the infinitesimal piece of channel AR is then given by

Ssv2 = AR*Ssp2 = 4kT AR = 4kT (13.31)

Ssvp(x) _ _ Ag
Sy2 e ¢i(&)’

spec

$502(6) 2 (13.32)

with A& £ Ax/L.

The effect of noise source 6V, on the different terminal currents is obtained from an anal-
ysis of the non-quasi-static small-signal equivalent circuit of Figure 13.4(b) observing that
admittances Yggi; and Ygpip have no influence since they are both short-circuited. The transfer
functions from the local noise source 0V, in the channel to the terminal currents d1,p, 61,

2 Note that here we will be using the Thévenin equivalent noise voltage source instead of the Norton noise current
source to make the derivation. As explained in Section 6.1 the two approaches are equivalent.
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Figure 13.4 (a) Single transistor split into two separate transistors to evaluate the noise transadmit-
tances between channel noise source 6V, and the terminal noise currents. (b) Corresponding non-
quasi-static small-signal circuit

016, and b1, are then given by

Yoo (. x) 2 SIip Yme2(Yma1 + Yopir + Yapit) (13.332)
D ’ - - N .
" QA Yinat + Yms2 + Yopit + Yepit + Ygsiz + Yasiz

51, Yimd1 (Yims YGsi Yssi
Yos(. x) 2 s a1 (Yms2 + Ygsi2 + Yasiz) ’ (13.33b)
dVh Yimd1 + Yms2 + Yopi1 + Yepi1 + Yasiz + Yasiz

a e YmoYepit — Ymai Yosio + Yopii Yesio — YGsia Vil

Yig(w, x) = , (13.33¢)
" A Ymd1 + Yms2 + Yopi1 + Yepit + Yasi2 + Yasiz
S Yo Yepit — Ymai Yasi Yepi1 Yasio — Yesio Yopi
YnB(CUa x) é nB _ ms2 £ BDil md1 £ BSi2 + BDil £ GSi2 BSi2 £ GDil ) (1333d)
dVa Yinat + Yms2 + Yopit + Yepit + Ygsiz + Yasi

Equations (13.33) can be further simplified remembering the basic relations between the
bulk-to-drain and gate-to-drain admittances, and the bulk-to-source and gate-to-source admit-
tances as stated in Section 5.2 by (5.39) which is repeated here for convenience:

Ygpi1 = (n — 1)Ycpit,
Ygsip = (n — 1)YGsin.

This leads to
Y, Y, Yopi
Yop(@. 1) = — ms2(Yma1 + n¥api1) , (13.342)
Ymat + Yms2 + n(¥opir + Yasiz)
Ymd1 (Y YGsi
Yos(@, x) = — (¥ +1¥o52) (13.34b)
Yind1 + Yms2 +n(Yopir + Yasiz)
Y2 Yopit — Ymdi Yasi
Yoo (@, x) = ms2YGpil — Ymd1 Yasiz ’ (13.340)
Yimd1 + Yms2 + n(Ygpit + Yasiz)
Yi(w, x) = (n — DYyg(w, x). (13.34d)

From (13.34d) it can be seen that the transadmittance from the noise source 4 V;, to the bulk
noise current 8/,p is n — 1 times that to the gate noise current 6 ,g. This results in a PSD of
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the induced bulk noise current 81,5 that is (n — 1)? that of the induced gate noise current 8/,,G:

Ssr2, = (n = 1) Sgp2. . (13.35)

Assuming a constant slope factor n, (13.35) is also valid for the total induced gate and bulk
currents Al,g and Alg:

Sap, = =17 Sap . (13.36)

The noise transadmittances in (13.34) can be normalized by introducing the normalization
conductances of each half transistors M; and M, defined by [78, 153]

W G§ cC
Gspecl £ 2npg—CoxUr = TP, (13.37a)
X
Gepecr 2 2n CoxUr = Gspec (13.37b)
spec2 MOL—X ox T—1_57 .

and the frequency can be normalized using the specific frequency of each half transistors M|
and M, defined as [78, 153]

oUr _ Wspec

Wspecl £ 2 5_2 , (13.38a)
A l’LOUT . Wspec
Wspec2 = (L — )2 = 1— %_)2, (13.38b)
with
U
Dgpec 2 “zzT (13.39)

being the specific frequency of the full-length transistor. Introducing the above normalizations
in (13.34) results in [78, 153]

YnD

yap(£2,€) £
° Gspec

(13.40a)

_ Yms2(2(1 — )P yma1 (262) + nycpil (2€2)]
(1 = &)yma1 (282) + Eym(2(1 — £)2) + n[(1 — £)yapi(2E2) + Eyesin(R2(1 — )]
YnS

Yus(£2,6) & e (13.40b)
spec

_ Ymd1 (2E)[yms2(2(1 — £)?) + nygsn(2(1 — £)*)]
(1 = &)yma1 (282) + Eyme(2(1 — £)) + n[(1 — £)yapi(2E2) + Eyesin(R2(1 — )]’
N YnG
nG(£2,8) = G
_ Yms2(82(1 — £))y6pit (262) — Yma1 (26 yesin(2(1 — £)%)
(1 = &)yma1 (282) + Eyme(2(1 — £)) + n[(1 — £)yapit (2E2) + Eyasin(R2(1 — £

YnB
(2, ) £
Gspec

(13.40¢)

= (n — Dync(£2, ). (13.40d)
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where 2 £ w/ Wspec 18 the normalized frequency. The above noise transadmittances are then
used in the next section to derive the terminal noise current PSD and CPSD.

13.2.3 Generic PSDs Derivation

The PSD and CPSD of each noisy terminal currents due to the channel thermal noise voltage
source OV, are given by

Ssrz, (@, %) = |Yox(@, )| S5y(x), (13.41a)
Ss1s17 (@, X) = Yor(w, )Y (@, x) Ssy2(x), (13.41b)

withk #1 € {D, S, G, B}.
Integrating these relations from source to drain and assuming that all noise sources in the
channel are uncorrelated, the following normalized relation can be derived [78, 153]:

SALZ (9) W / |ynk (£2, 5)| 1(; (13.42a)
S 1
Sanear(2) 2 Sawary @) / (82, £ (52, £) -5 (13.42b)
Sp qi(§)

spec

At this point it is useful to introduce the following additional variables [78, 153]

R 1
Xa=qa+ =, (13.43)

s, 1 a, 1
x(é):ql(S)Jrz, Xs = qs + 5

>
which greatly simplify the evaluation of the integrals in (13.42). Using these intermediate

variables, integrating the same current in the complete transistor and in transistors M; and M,
leads to

ia=x2—x3 i =x2— x> il —8&)=x>—x]. (13.44)

Finally, the different normalized PSD and CPSD of (13.42) become [78, 153]

1 Xs
sa (@ = - [ @08 % ar (13.450)

Xd

1 Xs
Sanar (@) = - / 2. 002, 0 5
d

Xd

X -dx. (13.45b)

where variable & used in the expressions of the normalized transadmittances given by (13.40)
must also be expressed as a function of x using the following relation:

(13.46)



THE HIGH-FREQUENCY THERMAL NOISE MODEL 273

L_iﬁlne l_ialne
G G

Cepit_|  _| Coait Caegiz_|  _| Casiz
My M T 7T T T
Shs L L2 500 Shs  Gnat |pi s Gre 8l
By mm A\ 1 ¢ P NI A\ P
L si=s o1 e o2 s |00 L [eis w NS ey 1
&Va Cepin == oVh == Caspo

.B .B
dhg Shs

@) (b)

Figure 13.5 (a) Single transistor split into two separate transistors to evaluate the noise transadmit-
tances between channel noise source 0V, and the terminal noise currents. (b) Corresponding quasi-
static small-signal circuit

It is unfortunately not possible to get closed-form algebraic expressions for the integrals
(13.45a) and (13.45b). However, a simple first-order approximation will be derived in the next
section.

13.2.4 First-Order Approximation

A first-order approximation can be obtained by replacing each transistor M and M, by their
quasi-static small-signal model as shown in Figure 13.5(b), which clearly illustrates the ca-
pacitive coupling existing between the channel and the gate and bulk terminals inducing noise
currents to flow. The small-signal Y-parameters used in (13.34) then reduce to Yina1 = Gmais
Yims2 = Gms2, Yopil = j @ Capit, and Ygsip = j @ Casin.

Within the limits of this crude approximation, the PSD of the drain noise current Al,p can
then be calculated using (13.45a) as [78, 153]

4x2 = 3xs +4xsxa — 3xa +4x3
6(xs + xa) '

~

Saity, = Saiy =

(13.47)

Note first that in this first-order approximation, the PSD of the drain noise current is equal
to the PSD of the source noise current. Therefore, it can be represented by a single current
noise source connected between the drain and the source of the noiseless transistor as in the
low-frequency case shown in Figure 6.5(b). In addition, after replacing x5 and x4 with their def-
initions (13.43), it appears that the first-order non-quasi-static drain current noise PSD (13.47)
is identical to the low-frequency expression given in (6.19) [49, 52]. For the drain and
source noise currents, this first-order model hence reduces to the simple low-frequency case.

The PSD of the induced gate noise current Al,g can be evaluated from (13.45a) as [78,153]

S a2

SaiZ, = >

6 (n— 1)

~ o 1632 +16); +80x2 xa + 80xsx3 + 168x2x3 — 15x2 — 15x3 — 75x%xa — T5xsx3
B 540n*(xs + xa)’ ’

(13.48)
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Figure 13.6 Admittance seen at the gate of the intrinsic transistor

which is proportional to the square of the frequency. This is simply due to the capacitive
coupling existing between the channel and the gate. The bias dependence is a little bit more
complex than the PSD of the drain current noise. As mentioned above, the PSD of the in-
duced bulk noise current is simply (n — 1)* that of the induced gate noise current given
by (13.48).

For Vi = Vs, the transistor is basically a passive resistor’ capacitively coupled to the gate
and the bulk. Hence, the Nyquist theorem applies and the induced gate noise for Vp = Vg
should therefore be equal to the noise of the conductance Gg; £ 91{Yg;i) seen at the gate. This
is no longer strictly true for Vp # Vg, but a thermal noise parameter at the gate d,g can be
defined as

S A2
A GnG Airg

dnG = , (13.49)
Gei  gai
where G is the thermal noise conductance at the gate defined by
Sar, L 4kT Gog(w) x o?. (13.50)

Similar to the definition of the thermal noise parameter at the drain, d,g measures the
deviation of the actual PSD of the induced gate noise current with respect to that of the
conductance Gg;. With the quasi-static model, Yg; is simply given by

YGi = jw Cgi = j o (Cgsi + Copi + Cagi), (13.51)

which has no real component. Therefore a non-quasi-static approach is needed to evaluate the
real part of Yg;. As shown in Figure 13.6, the gate sees the oxide capacitance in series with
part of the channel, which is responsible for the real part of Yg;. The Yg; admittance is simply
equal to the parallel connection of the intrinsic gate-to-source, gate-to-drain, and gate-to-bulk
admittances:

Y6 = Yasi + Yopi + YoBi- (13.52)

3 Actually a resistor is always passive, but in this case, the term passive is used to emphasise the fact that for Vp = Vs
the transistor can be looked at as a passive RC network and the Nyquist and Bode theorems apply.
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From the first-order non-quasi-static model described in Section 5.2, assuming w 745 < 1,
the latter are given by

~ ja)CGSi ~ - . qu
Ygi 2 ———m—— = Cgsi (1 — —-), 13.53
Gs [+ )02  Casi ( sz) ( a)
~ JwCepi . . . Tgs
Ypi & ———m———F— = Cgpi (1 — —), 13.53b
GD [+ g2  Cgpi ( sz) ( )
n—1
Ygpi = . (j @ Cox — Ygsi — Yopi)s (13.53¢)

where 74 is the channel time constant which is related to the quasi-static frequency wqs defined
by (5.32) according to

Tas _ Opee _ 11 4g7+44q5 + 129,94 + 10g, + 10g4 + 5 (13.54)
Tspec B Wqs B Qqs B 30 (Q§ +qa + 1)3 . .
Notice that 74/ Tspec does not depend on the transistor geometry, but is bias dependent according
to (13.54). §24 corresponds to the limit between the quasi-static and non-quasi-static model.
This means that for normalized frequencies close or even larger than £24, non-quasi-static
effects have to be accounted for.
Introducing (13.53) into (13.52) results in

2 Tgs(Casi + Copi) . (n—1)Cox + Cgsi + Capi
SO T O 4w

YGi Ew >
n n (13.55)
» TgsCox(casi + copi) . n — 1+ cgsi + copi
=w o + jw Cox . ,

where Cox £ WLiCo = Ny Wi Li Cox and cgs; and cgp; are the normalized gate-to-source
and gate-to-drain intrinsic capacitances, which depend on the normalized source and drain
charge densities according to (5.50):

Casi %q gs +2qa +3/2
Cox 3 (gs+ga+1?’
Copi _ 2 qa+29s+3/2
Cox 3" (gtat+ 12

casi 2 (13.56a)

capi = (13.56b)

The expression of the gate noise parameter &, will not be detailed here, but it can be
evaluated from (13.49), (13.48), and (13.55). It is plotted in Figure 13.7(a) versus the inversion
factor for different values of the i,/ i ratio. As illustrated in Figure 13.7(a), 6, remains close
to unity in all bias conditions since it is kept between 1 in weak inversion and 4/3 in strong
inversion and saturation:

1 in weak inversion
Ong = (13.57)

4/3 in strong inversion and saturation.
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Figure 13.7 (a) Noise factor 6, and (b) magnitude of the drain-gate correlation coefficient pgp
versus the inversion factor ir for different i,/ iy ratios (from i, = i to saturation where i, = 0)

In strong inversion and saturation, cgp; = 0 and 74 is given by

o 4 C 2 Cagsi
T = = — X 2 2GS (13.58)
Gn 15 Gn 5 Gy
The real part of the input admittance is then given by
(wCasi)*  (wCqsi)* 5 G ’
G i x~ = = - — s) s 1359
%= SiGm G 4 0 (1359
The gate noise conductance in strong inversion and saturation then simplifies to
. (0Cgs)* 5G 5G
Grg(w) = 6HGTGI:: = buo (@) = 5 0t (13.60)

since in strong inversion and saturation the gate thermal noise parameter 6, = 4/3.

Equation (13.60) is in accordance with earlier results for strong inversion and saturation
found for example in [151]. It can be further simplified by replacing Gus by Ggpecqs With
Gopec = Ispec/ Ut = 2npg Cox W/ LUr, resulting in

8 WI? Cop 16  WIL32Co,
Gup = o _ 10 . (13.61)
135 ngs poUr 135 po(Vg — Vo —n'Vs)

According to (13.61), the induced gate noise in strong inversion and saturation is propor-
tional to the cube of the gate length and inversely proportional to the overdrive voltage. For
a given transistor width and for a given overdrive voltage, the induced gate noise quickly
decreases when reducing the gate length.

It should be noted here that induced gate noise is actually always present for w > 0. Its
effect should be compared to the effect of the other noise sources and particularly to the effect
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Figure 13.8 Two-transistor model for V, = Vs used for evaluation of the correlation between the
induced gate noise current and the drain current noise

of the dominant drain noise. This comparison can be done only after having accounted for the
correlation existing between the induced gate noise and the drain noise, which is evaluated
below.

The CPSD between the gate and the drain noise currents is obtained from (13.45b) [78,153]:

~ J2 (s = X)X +4xsxa + X3

x~ 13.62
18n (xs + xa)* ( )

~
SAing Aity = SAing Aig

As expected 54, Al is not null, meaning that the gate noise is partly correlated with the drain
noise. At frequency low enough for this first-order approximation to be valid, the correlation
factor pgp, as defined by equation (13.71) below, is independent of the frequency £2. As
illustrated in Figure 13.7(b), it is always null for Vp = V. This can be explained with the help
of Figure 13.8. The gate current can be expressed in terms of the channel thermal noise voltage
source as

6InG =Yg 5Vn7 (1363)

where the transadmittance Y, is given by

P Copit __ Casi
Gmd1 Gms2 J w( Gmai GmsZ)

G G +  Capil+Cosip *
mdl + Gms2 1+ Jw Gumd + G

Yog = (13.64)
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Notice the minus sign in the numerator of (13.64). For Vp = Vg, the channel is uniform from
source to drain and hence

G
Gmal = ; (13.65a)
G
G2 = ﬁ (13.65b)
Copit = £Capsi, (13.65¢)
Casiz = (1 — &)Cqpsi, (13.65d)

with G = Gai + Gms2 and Cgpsi = Capii + Casiz- Replacing (13.65) into (13.64) results

in

_ —JjwCgpsi(l —2§)
L+ jogd —§%

Y (13.66)

From (13.66), it is interesting to note that Y;,g(0.5) = 0 and Y,g(1 — &) = —Y,g(§), so
that the sum Y,g(§) + Yag(1 — &) is zero. This is simply the result of the source and drain
full symmetry occurring when the transistor is biased with Vp = V5. When summing all the
contributions along the channel to obtain the total induced gate noise current, the contribution
at £ is fully correlated with the one at 1 — £ and since the one at the middle of the channel
is zero, the part of the total induced current that could be correlated with the drain current is
canceled out, leaving only the noncorrelated part. This explains why the correlation coefficient
oGp 1s zero for Vp = Vs.

Since £2, xs, x4, and n in (13.62) are all real, the first-order approximation of the CPSD
S Aiy A, and the correlation coefficient pgp is purely imaginary, which is simply due to the
capacitive coupling. It is plotted versus the inversion factor in Figure 13.7(b). In saturation
oGp is given by*

+j+/52q2% + 6g5 +3)

OGD = (saturation), (13.67)
P Sdq, +3)(3247 + 11442 1 1324, + 45)
which has the following asymptotes:
+j/V/3~4j0.6 in weak inversion and saturation
pGD = . . . . . . (13.68)
+j/5/32~ 4j0.4 in strong inversion and saturation.

Note that (13.68) is in agreement with the early result found for strong inversion by Van der
Ziel [91] and the more recent result in weak inversion presented in [153].

4 Note that with the sign definition of the noise current source Al,g given in Figure 13.3(b) (i.e., current flowing from
gate to ground), the imaginary part of the correlation coefficient pgp is positive. In reference [151], the current is
taken positive flowing from source to gate, leading to a negative value of the imaginary part of pgp.
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Finally, since the PSD of the drain and source noise currents are identical, the CPSD between
the drain and the source noise currents is equal to the PSD of the drain noise current [78, 153]:

o Ax2 = 3%+ 4xsxa — 3xa +4xd

S Ainp Ai, = Spiz. =
mos b 6(xs + xa)

(13.69)

Although this first-order model is usually sufficient for most circuit design purposes, it is
interesting to investigate the full non-quasi-static model. This is done in the next section.

13.2.5 Higher Order Effects

The behavior at frequencies higher than £24; has been explored by numerically integrating
equations (13.45a) and (13.45b) and using the complete non-quasi-static expressions of the
transadmittances.

To get readable results, only the deviation from the first-order behavior described above is
plotted. A new set of parameters are therefore defined by [78, 153]

Kk = SAi:k/ {Sm:k }(ﬁrst order) (13.70)

with kg = k. The three independent coefficients kp, ks, and kg are plotted in Figure 13.9(a)
versus the normalized frequency @ £ 2/ §24s, in the linear region and saturation, at different
levels of inversion. The magnitude and phase of the correlation coefficients defined by

a Sdig Ay
/S A2 SA2
Aiy, P Aiy,

are plotted versus @ = 2/ £24s in Figures 13.9(b) and 13.9(c) respectively. The lines represent
the results obtained from the numerical integration of (13.45a) and (13.45b), whereas the
symbols correspond to the results obtained from a 16-segment simulation using the approach
described in [114, 134]. Each segment has been simulated using the intrinsic part of the EKV
compact model instead of the MOS Model 11 used in [114, 134].

It can be seen from the bottom part of Figure 13.9(a) that at high frequency, the induced gate
noise s 4 2 becomes smaller than expected from the first-order approximation. It still increases,

Pkl (13.71)

but only proportionally to +/£2 instead of 2% (since kg o £273/?). Note that the actual curves
do not vary with the inversion factor and that even the linear region and saturation behaviors
are very close to each other.

The top part of Figure 13.9(a) shows that the drain and source noise PSDs tend to slowly
increase with frequency, about at a +/£2 rate. Note that although this frequency behavior might
seem surprising at a first glance, a similar behavior has already been observed by L.-J. Pu and
Y. Tsividis in [154]. In the linear region, the curve is again independent of the state of inversion.
In saturation mode, the behavior is more complex. In the strong inversion region (/C > 1),
both «p and ks tend toward the linear region curve, whereas in weak inversion (/C < 1), the
drain noise is kept almost constant while the source noise still increases in a similar fashion as
the linear region curve.
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The magnitude of pgp and pgs are plotted on the top part of Figure 13.9(b). They follow
a complex pattern that is hardly predictable in saturation, even qualitatively. In the linear
regime, both correlation coefficients pgp and pgs are null at low frequency, since as explained
above, the two identical channel portions placed symmetrically relatively to the center point
contribute to the gate noise with the same magnitude but with an opposite correlation sign.
At higher frequency, though, the drain and source currents are no longer forced equal. In the
linear region, both correlation coefficients pgp and pgs remain equal but increase towards
an asymptotic value of about 0.71. At the same time, the total correlation between the drain
and source current, plotted in the bottom part of Figure 13.9(b), vanishes to zero since each
elementary channel section can only contribute to the noise current of the nearby terminal and
is completely damped before reaching the remote one.

The phase of the correlation coefficients is plotted in Figure 13.9(c), which shows that the
low-frequency capacitive correlation of the induced gate noise (i.e., pgp) tends toward a purely
real value at higher frequency. This phenomenon is related to the additional transconductance
phase shifts of the non-quasi-static regime, but is rather hard to explain directly. The source—
drain correlation phase increases quickly when the distributed effects become significant.

Note that the calculation obtained from (13.45a) and (13.45b) match very well to the results
obtained from the simulation.

Finally, Figure 13.10 shows that the mobility reduction due to the vertical field and velocity
saturation have only a small effect on the HF noise, even in strong inversion (/ C = 100).

10 10
7 C EKV 2.6 Mobility parameters: 1
F —— THETA=0 1/V, UCRIT=1 GV/m B —_—
6F --- THETA=1 1/V, UCRIT=1 GV/m R o 08 b
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C -180 EKV 2.6 Mobility parameters:
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Figure 13.10 Effectsinduced by the mobility reduction due to the vertical field and velocity saturation
in strong inversion (/ C = 100) on «p, kg, and pgp using the EKV2.6 model parameters THETA and
UCRIT. The parameter set (THETA = 0 V~!, UCRIT = 1 GV/m), (THETA = 1 V~!, UCRIT =
1 GV/m), (THETA = 0 V~!, UCRIT = 5 MV/m) correspond respectively to: no mobility reduction
and no velocity saturation, mobility reduction without velocity saturation and velocity saturation
without mobility reduction (Reproduced by permission of IEE from [153])
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13.3 HF NOISE PARAMETERS OF A COMMON-SOURCE
AMPLIFIER

13.3.1 Simple Equivalent Circuit Including Induced Gate
Noise and Drain Noise

Figure 13.11 shows a common-source amplifier and its simplified equivalent small-signal
circuit, where capacitance Cgg includes both the intrinsic and extrinsic parts (mainly the
overlap in this case). The latter circuit is made extremely simple in order to allow for hand
calculation. It is assumed that the transistor is biased in strong inversion and saturation. The
equivalent circuit of Figure 13.11 includes the drain current noise source A I,p and the induced
gate noise current source Al,g having PSDs

Sarz, = 4kT Gup, (13.72a)
Sar, = 4kT Gug(w), (13.72b)

respectively, with
GnD = ynDGm» (137321)

(@Cqs)? (wCqs)?
Gn - 6n — Pn s 13.73b
c(w) 350G BnG Go ( )
with
L (13.74)
"7 sn T 15n° :

since according to (13.57), d,¢ = 4/3 in strong inversion and saturation.

We will now calculate the noise parameters Ry, Gj, Y. of the equivalent noisy two-port
network of Figure 13.11. Remember that the two noise sources Al,p and Al are correlated
with a correlation coefficient pgp given by (13.68), which is purely imaginary

pop = +J c. (13.75)

with ¢ = 4/5/32 = 0.4 in strong inversion and saturation. This makes the analysis a bit more
complicated than if both sources were uncorrelated.

Vi
0 U I S "
- o v Aha m VGS Alnp In |common-source
Vi 5 2 V2 Vi CasT|Vas Vo V4 amplifier K
L f—=o0
(a) (b) ()

Figure 13.11 (a) Common source amplifier, (b) simple HF equivalent circuit including the induced
gate noise, and (c) equivalent two-port representation
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We first have to calculate the noise sources V; and I, from their definitions given in (13.4)
which require the Y-parameters Y|, and Y|, which are easily calculated as

Y11 = jwCgs, (13.76a)
Y21 = Gn. (13.76b)

The output current I, when the input and output are short-circuited is given by
bLly,—y,—0 = Alp, (13.77)

from which we obtain V,, as

Ly _ Ao 13.78
Y_Zl 2 Vi=V,=0 - Gm ) ( : )

Vo =—

The output current I, when the input is open and the output is short-circuited is

m

I = Alp — Alyg, 13.79
2|20 D = G G ( )
from which we get I, as
Y1 J o Cgs
I, = —Y—2112 L—vy—o = Al — - AlLyp. (13.80)
The mean-square value of Vj, is then given by
Alp|?
Vo = 2D| : (13.81)
Gm
whereas the mean-square value of I, is given by
Ces\>———» , J@Ccs

ILP =185l + (=) TALoP + (AloALy — AligALp). (13.82)

m m

The mean-square values |Alp|? and | Alg|* can be expressed in terms of the PSDs S , ey
and S, 12, as

|ALpl? = Sy;2 B =4kT BGyp, (13.83a)
|ALGP = Sap;2 B = 4kT BGyo(w), (13.83b)

where (13.72) have been used.
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For narrow-band systems, the definition of the correlation coefficient given by (13.71) can
be extended to the mean-square values as

A SdigAi Al AL
Pkl = R = .
B S
VEAS AL | ALy 2| ALy ?

The mean-square values Al,g Al and Al Alyp can then be expressed in terms of mean-
square values |Alp|? and | Alg|? and the correlation coefficient pgp according to (13.84):

ALGAT = pop\/ [ALGIP[ALip? = +jcgdkT B\/Gy6Gup, (13.85a)
Al AL = pip\/ [ ALGIPALp? = —jcg4kT B\/GuGGup. (13.85b)

The noise parameters R, and G; are then given by

(13.84)

|Vn|2 GnD
R, = — I 13.86
YT urB T G2 (13.86)
|In |2 w CGS 2 2cga) CGS
G = =G ( )G — ZEOTCS /G Gp. 13.86b
i 4kT B nG + Gm nD Gm nGYnD ( )

According to (13.8), for calculating Y., we need I, V¥ which is given by

1 /joC
LV; = = (1==1aloP — Alc ALy ) (13.87)
4kTB rjwC
= (Ja) GSGnD_ng\/GnGGnD)’
Gm Gn
from which we get

InV* . GnG

Y. = = wCgs — ¢cgGm | =— |- (13.88)

R ( s GnD>

From (13.88), we see that G, = 0 and Y. = j B..
Introducing the expressions of G,p and G given by (13.73) finally results in

Ry = G (13.89a)

Gi = (o Cos)* 22 <1 4 P _ 2¢, ’3“0>, (13.89b)
Gn YnD ¥YnD

G. =0, (13.89¢)

B. = 0 Cas (1 —c, ﬂ“G>. (13.89d)
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The uncorrelated and correlated parts of G; are then obtained using (13.14):

ﬁnG

Giu = (@ Cos)’ =—(1 = ¢p), (13.90a)
m
Gic = (0 Cgs)’ g—D <1 +c; ig’ - 2¢, ﬁg) (13.90b)

From the Ry, G, Y, parameters, we can derive the four noise parameters Ry, Gop, Bopt» and
Fin as a function of the circuit parameters using (13.24) and (13.25), resulting in

Gop = © Cgs Pro (1-¢), (13.91a)
nD
Bopt = —w Cgs (1 —Cq ﬁnG)a (13.91b)
YnD
Y | BnG
Foin = 1 + 20 C 1 —¢2
o8 Gm VnD( g)
=1 12 [ P9 (1 ), (13.91¢)
(OF] YnD

where the G,/ Cgs ratio has been approximated by the transit frequency w; = G,/ Cgs. Equa-
tions (13.91) reveal that, due to the induced gate noise, the noise matching condition is slightly
different than the gain matching condition which would require By = —w Cgs. Also, the min-
imum noise factor is strongly depending on the induced gate noise through parameters Bng
and ¢,. If induced gate noise was ignored (by setting By, = 0), the minimum noise factor
would be equal to unity. This surprising result can be explained as follows: if the induced
gate noise is ignored, there is only the drain noise left and the optimum source conductance
is null whereas the optimum source susceptance is — Cgs. This noise matching situation
corresponds to having an inductor with a susceptance value being —w Cgs and no internal
conductance. The input circuit is then an inductance in series with the transistor gate-to-source
capacitance. This source inductance will then resonate with the input transistor capacitance
at the operating frequency providing an infinite voltage gain at the input. The input referred
noise is then nulled, resulting in a unity noise factor.

Equation (13.91c¢) indicates that the minimum noise factor increases with frequency for a
given bias. For a given operating frequency, it can be decreased by increasing the transistor
transit frequency. This can be achieved by increasing the transistor bias or by reducing the
transistor length (or both). Technology scaling therefore leads to an improved noise factor at
a given frequency and bias.

Itis also interesting to note that the correlation between the drain noise and the induced gate
noise reduces the noise factor compared to the situation where they would be fully uncorrelated.

Note that the above derivation has used the HF noise model which did not include short-
channel effects. As shown in Section 9.4, the noise parameter y,p is affected by effects such as
velocity saturation, carrier heating, mobility degradation due to the vertical field, and channel
length modulation. The HF noise model developed in Section 13.2 did not include these
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effects, particularly for the induced gate noise. Now, since the physical noise source for the
drain and gate noise is the channel, both parameters y,p and B, (or d,) should be affected
by these effects in a similar way. Hence, their ratio appearing in (13.91) should not be affected
in first-order. On the other hand, the y;,p term appearing in the minimum noise factor of
(13.91c¢) should be replaced by the one derived in Section 9.4 to include the short-channel
effects.

The noise parameters (13.91) can be further simplified by replacing y,p and By by their
expression valid in strong inversion and saturation leading to

Gopt = 0.45  Cgs, (13.92a)

Bopt = —0.8  Cgs, (13.92b)

Frn 2 1+0.772, (13.92¢)
Wy

where n = 1.3 has been used. Equations (13.92) give a first-order relation for the noise pa-
rameters of a common-source amplifier.

We have seen above that the induced gate noise plays a fundamental role in the noise
parameters of a common-source amplifier. We have also seen that due to the induced gate
noise, the minimum noise factor becomes frequency dependent. The noise parameters and
in particular the minimum noise factor are obtained only in the special condition of noise
matching, which are not always possible to satisfy due to additional design constraints. The
effective noise factor is then higher than the minimum noise factor and can be expressed in
terms of the noise parameters and the actual source conductance and susceptance by (13.26).
For a given operating frequency, it is interesting to know above which value of the source
impedance the contribution of the induced gate noise to the effective noise factor starts to
dominate over the contribution of the drain noise. To derive this condition, we will assume that
the noise matching condition is only fulfilled for the imaginary part of the source admittance
Bs. In this situation, the actual noise factor is obtained by setting Bs = By in (13.26) resulting
in

R
F = Fain+ =-(Gs = Gop)™. (13.93)

In this calculation, we are actually more interested in the ratio of the noise added by the
amplifier to the noise coming from the source N,/ N, which is simply given by F' — 1. Using
the noise parameters given in (13.91) results in

2Gn

—, 13.94
G. ( )

F—1 L 1—e)( 2
~1=yo g Al ~ ()
where the first term is due to the drain noise, whereas the second originates from the induced
gate noise. Equation (13.94) is plotted versus G,/ G in Figure 13.12 for an operating fre-
quency w/w; = 0.224 (leading to G,/ Gope = 10). We can clearly identify the contribution
of the drain noise which decreases with respect to G,/ G and that of the induced gate noise
which increases with respect to G,/ G. Both contributions are equal for G = G for which
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Figure 13.12 Noise added by the common-source amplifier normalized to the source noise versus
the source resistance normalized to the transistor transconductance for an operating frequency w/w; =
0.224

F = Fyin. The drain noise dominates over the induced gate noise for G,/ Gs K G/ Gopt
whereas the induced gate noise dominates over the drain noise for G,/ Gs > G/ Gop. For
Gs =1/50 27" and w/w; = 0.224, the transconductance needs to be larger than 200 mA/V
for the induced gate noise to dominate. This is a rather large transconductance and hence in
most practical cases, the G,/ G, ratio is smaller than G,/ Gop and therefore it is usually the
drain noise that actually dominates.

We can also find the frequency wjg, at which the induced gate noise is equal to the drain
noise for a given source conductance Gy, by simply equating the first and the second term of
(13.94) and solving for w. This results in

: Gs _ 4[5 G G
Dign _ ”‘17D_S;_\ﬁn—szz.z4—s, (13.95)
[OF Bnc(1 — Cé) Gn 3 3 Gn Gn

where n = 1.3 has been used. We see from (13.95) that the frequency wjg, at which the induced
gate noise contributes as much as the drain noise is a fraction of the transit frequency w; which
is inversely proportional to the G,/ G ratio.

The above discussion somehow mitigates the importance of the induced gate noise in the
case of practical designs such as LNAs because the noise matching conditions are seldom
achieved due to other design constraints. Nevertheless, it remains an important contributor to
the minimum noise figure, which represents the ultimate noise figure that can be achieved by
a given device at a given frequency and for a given bias.

The previous analysis was based on a very simple small-signal equivalent circuit of a
common-source amplifier that considered only the drain noise and the induced gate noise.
Additional noise sources will be considered in the next section.
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13.3.2 Equivalent Circuit Including Induced Gate Noise, Drain
Noise, Gate and Substrate Resistances Noise

The above analysis was based on a very simple equivalent circuit that ignored the noise coming
from the gate and the substrate resistances. The equivalent circuit accounting for these two
additional noise sources is shown in Figure 13.13. Note that, in order to keep the analysis
simple, the output conductance, the gate-to-bulk and bulk-to-source capacitances as well as
the source and drain access resistances have been ignored. Also, even though the intrinsic gate-
to-drain and bulk-to-drain capacitances are zero in strong inversion and saturation, the overlap
and junction capacitances would remain. They will also be ignored for the sake of simplicity.
Since the circuit is a common-source amplifier, it has its source tied to the ground. On the other
hand, because of the substrate resistance, the intrinsic bulk is not at the ground. In this situation,
itis better to use the combination of gate and bulk transconductances driven by the small-signal
voltages AVgs and A Vg respectively instead of gate and source transconductances driven by
voltages AVgp and AVsg. The two circuits are equivalent since the small-signal drain current
(ignoring the drain noise current) can be written as

Alp = GnAVge — GsAVsg = GnAVgs + Gp A Vas, (13.96)

where Gp = Gs — G = (n — 1)G, s the bulk transconductance. The noise of the substrate
resistance Rp is modeled by a current noise source generating a Vgg voltage across Rg which
is transmitted to the drain by the bulk transconductance G .

We will not detail the calculation of the noise parameters Ry, Gi, G, and B, of the equivalent
noisy two-port network of Figure 13.13. They can be obtained following the same procedure
used in Section 13.3.1, which leads to

R, = é“—:Dn, (13.97a)
2

Gi = 2 (1) Cas) Ay = anGim (“)) An, (13.97b)
G Wy

G. = Rs(w Ccs)z—“, (13.97¢)

D,
B,

B. = wCgs—, 13.97d

w Cgs D, ( )
AV,
I, Ra 50 A
Ah Gm Vasy Gmb VBS A/nD
V1 CGS— VGS

MAAA

Figure 13.13 More accurate equivalent circuit of the common-source amplifier of Figure 13.11(a)
with the gate and substrate resistances in addition
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where

Dy 2 1+ ap + oG + (Rgw Cas)* A,

2
— 14 ap + a6 + (ap @) (g) A, (13.98a)
t
An2 1 4ag+ P9 e, B0, (13.98b)
YnD YnD
,BnG

By 2 1+ap—c, (13.98¢)

ag and ap are the thermal noise contributions of the gate and substrate resistances respectively,
normalized to the thermal noise of the drain:

G R
ag &2 2m 76 (13.992)
¥nD
G2 R —1)?
oy & Gk _ 1= D7 - o (13.99b)
ynDGm YnD

The noise parameters Gopt, Bopt, and Fiyin can then be calculated from R,, G;, G, and B,
resulting in

A,D, — B2

Gopt = 0 Cas “D“ n (13.100a)
B

Byt = —o CosD—“, (13.100b)

2
w w
Fmin =1+ ZVnD_ \/ AnDn - Br% + 2J/nzD (¢7¢] <_) An
[ (OF
= 1 + 2y 21/ AyDy — B2. (13.100¢)
Wy

In a typical situation, the relative contributions of the gate and substrate resistances are
ag ~5% and ag ~ 20% [48,49,52]. Using values of parameters yup, Bng, and ¢, given above
for strong inversion withn = 1.3 leadsto A, ~ 1.1 and B, = 1. Assuming further that w/w; =
0.1 allows to neglect the frequency-dependent part of Dy:

Dy =1 +ag+ag=1.25. (13.101)

The four noise parameters can then be approximated by

R, = 12570 (13.102a)
Gn

Gopt = 0.5 Cs, (13.102b)

Bopi = —0.8 Cas, (13.102¢)

Fon =14 2. (13.102d)

Wy
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Figure 13.14 Comparison between the measured, simulated, and the analytical results for the four
noise parameters

The noise parameters derived above are compared to those measured on an N-channel device
with Ny = 10, Wy = 12 um, and L¢ = 0.36 um biased in strong inversion and saturation. The
noise parameters have been carefully de-embedded using the methodology presented in [155].
They are plotted in Figure 13.14 and compared to the results obtained from simulation using the
complete subcircuit of Figure 11.9(c) with the additional induced gate noise source added to
the subcircuit (but not accounting for the correlation between induced gate noise and drain
thermal noise). Also, plotted in dashed lines in Figure 13.14 are the results obtained from
(13.102). The dashed-dotted line corresponds to (13.102) without accounting for the gate-to-
drain correlation pgp by setting ¢, to zero. The discrepancies between the analytical and the
measured results mainly come from a wrong frequency behavior due to the extremely simple
equivalent circuit used for the analytical derivation. Nevertheless, the simple approximation
given by (13.102) already gives a reasonable estimation of the minimum noise figure and of
the other noise parameters.
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150

voltage (at equilibrium), 28
Threshold function, 21
Transadmittance

drain, 66-68

source, 66—68

gate, 6668
Transcapacitances

gate, 75

drain, 74

source, 74
Transconductance

bulk, 288

drain, 56-60, 62, 136, 154

gate, 56, 197, 234, 288

source, 56, 60, 154, 183, 201, 234

effective, 216

intrinsic, 216



Transconductance-to-current ratio, 62, 183
Transducer gain, 237
Transfer parameter, 34, 40, 118, 121
Transistor
bipolar, 12, 37, 45, 229
extrinsic part, 9, 131, 213, 214, 227, 231
intrinsic part, 9, 61, 66, 213, 214
schematic cross section, 10
symbols, 12
Transit frequency, 55, 66, 232, 233, 234, 235,
239, 268, 287
peak, 234
Transit time, 239, 240
total, 239
of intrinsic part, 239
of extrinsic part, 239
Trapping, 96, 98, 100
Tunneling, 98

Unilateral power gain, 236, 237
Unity gain transit frequency, 233

Velocity
Saturation, 86, 167, 168, 171, 177, 232, 235
saturation region, 186, 187
drift, 167, 168, 173

INDEX 303

Velocity-field models, 169-171
Voltage
channel length modulation, 60
drain, 10, 33, 35, 36, 38, 42, 56, 60, 170, 171
gain, 61, 64, 167, 197, 198
gate, 10, 17, 18, 23, 25, 27, 32, 35, 40, 50, 143,
150, 153
pinch-off, 3, 25, 32, 35, 36, 43, 135, 180, 211
intrinsic, 216
saturation, 37, 44
source, 10
thermodynamic, 10, 83
channel, 9, 14, 19, 23, 25, 26, 77, 83, 116
flat-band, 17, 49, 50, 52, 114, 221
band gap, 112
extrapolated band gap, 113
avalanche breakdown, 224

Weak inversion, 17, 18, 20, 26, 30, 36, 39
current approximation, 43-45

Well
perimeter, 226
area, 226

Y-parameters, 234, 237, 243, 249, 251, 252, 253,
255, 261, 263, 265, 273



